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Preface

Compact antennas are a subject of growing interest from industry and scientific community
to equip wireless communicating objects. Although a lot of effort has been made in the de‐
sign of mobile terminal antennas, major advances are needed for emerging applications
such as pervasive wireless sensor networks. The need for high performance small antennas
and RF front ends is the challenge for future and next generation mobile devices.

In addition to being compact, major keys for antennas designers are the implementation of
multi-functionality and broadband properties.

This book brings together the rapidly growing body of knowledge on compact antennas into
a single comprehensive volume. The Progress in Compact Antennas book is designed to
meet the needs of electrical engineering and physics students at the senior undergraduate
and beginning graduate levels, and those of practicing engineers.

Information contained in this book is the result of ongoing research investigations on com‐
pact antennas. I would like to acknowledge the work of all authors who have contributed to
the realization of this book.

I am also grateful to the staff of InTech, especially Ms. Iva Lipović, for her interest, support,
cooperation, and production.

Laure Huitema
Xlim Research Institute,
University of Limoges,

France



Preface

Compact antennas are a subject of growing interest from industry and scientific community
to equip wireless communicating objects. Although a lot of effort has been made in the de‐
sign of mobile terminal antennas, major advances are needed for emerging applications
such as pervasive wireless sensor networks. The need for high performance small antennas
and RF front ends is the challenge for future and next generation mobile devices.

In addition to being compact, major keys for antennas designers are the implementation of
multi-functionality and broadband properties.

This book brings together the rapidly growing body of knowledge on compact antennas into
a single comprehensive volume. The Progress in Compact Antennas book is designed to
meet the needs of electrical engineering and physics students at the senior undergraduate
and beginning graduate levels, and those of practicing engineers.

Information contained in this book is the result of ongoing research investigations on com‐
pact antennas. I would like to acknowledge the work of all authors who have contributed to
the realization of this book.

I am also grateful to the staff of InTech, especially Ms. Iva Lipović, for her interest, support,
cooperation, and production.

Laure Huitema
Xlim Research Institute,
University of Limoges,

France



Chapter 1

Compact Antennas — An overview

L. Huitema and T. Monediere

Additional information is available at the end of the chapter

http://dx.doi.org/10.5772/58837

1. Introduction

Antenna size reduction is restricted by fundamental physical limits [1-3], in terms of trade-off
between radiation performances and impedance bandwidth. Miniaturization of devices leads
to the reduction of antennas which becomes one of the most important challenges [4]. Limi‐
tations in terms of bandwidth and efficiency suggest an analysis with respect to fundamental
limits [5]. Although interests are often focused on the impedance bandwidth, many studies
deal with the radiation quality factor Q. Some papers [6] have been concluded that the
impedance bandwidth BW equals 1/Q. The minimum Q value reachable by an infinitesimal
electric dipole, or similarly by the azimuthally symmetric TM10 spherical mode, has been
investigated thoroughly.

Hansen and Best [7] have shown that the lower bound on Q, deriving from Chu’s analysis, is
depending on the expense of efficiency as shown by the equation:

Qlb =η( 1
(ka)3 +

1
ka )

where a is the minimum radius of the sphere enclosing the antenna and k is the wave number
(k=2π/λ).

The Figure 1 shows that it is very difficult to have a wide bandwidth (low Q-factor), while
reaching a good efficiency for miniature antennas (k.a around 0.2). Thus, the miniaturization
of antennas implies them to suffer of both limited efficiency and low bandwidth.

Since many years the scientific literature addresses some approaches concerning miniaturiza‐
tion techniques. The goal is to decrease the electrical size of the radiating element. This chapter
will draw up a survey of compact antennas in practical settings and the most common
miniaturization techniques listed below:

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.
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• Folded configurations [8-10]

• Surface etching techniques [11-14]

• Shorting walls or pins [15-16]

• The use of high dielectric constant materials or magneto-dielectric materials [17-22].

• Loading the radiating element with active components [23-26].

• Creation of hybrid modes with particular boundary conditions in dielectric resonator
antennas. It allows choosing their resonance frequencies (for multiband or wide impedance
bandwidth) [27].

We will start this chapter by detailing wire antennas. Indeed, after explaining the classical
dipole antenna, we will show how to miniaturize this kind of antennas based on shape design
such as bending, folding and meandering. The second part will detail planar antennas. We
will see the impact of materials properties under the patch antenna hat, i.e. dielectric or
magneto-dielectric materials. Then, planar miniature antennas will be shown, e.g. Planar
Inverted F Antenna (PIFA) and monopolar wirepatch antenna. The third part will exhibit
Dielectric Resonator Antennas and how to use this kind of antennas for low frequency band
application while having compact sizes. Finally, the last part will summary all the antennas
presented in this chapter, while showing their main settings.
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Figure 1. Quality factor according to the antenna dimensions and efficiencies
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2. Wire antennas — Miniaturization techniques

2.1. Classical wire antenna: The dipole antenna

The dipole antenna has been developed by Heinrich Rudolph Hertz around 1886 and still
remains the most widely used antenna (Figure 2). It owns two identical (same length) and
symmetrical metal wires, and its feeding device is connected at the center of the dipole, i.e.
connected to the two adjacent wires ends. The dipole working results of a standing wave
phenomenon depending on its length. The antenna fundamental mode occurs when the whole
antenna is a half-wavelength long.
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Figure 2. Dipole antenna shape (a) and its 3D radiation shape (b) 

The radiated field of the dipole antenna working on its fundamental mode has a linear 
polarization. As shown in Figure 2, its radiation pattern is maximum at right angles to the 
dipole and drops off to zero on the dipole's axis. Its maximum directivity equals 2.15dBi. 
The impedance bandwidth of this kind of antenna is quite wide since it is between 10% and 
20% (it depends on the wire’s radius) [28]. 

2.2. The monopole antenna 

By adding a perpendicular ground plane at the center of the dipole antenna, its length can 
be divided by two: that is the monopole antenna. Theoretically, this ground plane is 
considered as an infinite Perfect Electric Conductor (PEC) plane. In this case, the current in 
the reflected image [29-30] has the same direction and phase as the current in the dipole 
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The radiated field of the dipole antenna working on its fundamental mode has a linear
polarization. As shown in Figure 2, its radiation pattern is maximum at right angles to the
dipole and drops off to zero on the dipole's axis. Its maximum directivity equals 2.15dBi. The
impedance bandwidth of this kind of antenna is quite wide since it is between 10% and 20%
(it depends on the wire’s radius) [28].

2.2. The monopole antenna

By adding a perpendicular ground plane at the center of the dipole antenna, its length can be
divided by two: that is the monopole antenna. Theoretically, this ground plane is considered
as an infinite Perfect Electric Conductor (PEC) plane. In this case, the current in the reflected
image [29-30] has the same direction and phase as the current in the dipole antenna. Thus the
quarter-wavelength monopole and its image together form a half-wavelength dipole that
radiates only in the upper half of space (see Figure 3).
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In practice, the finite ground plane disturbs the radiation pattern and the maximum 
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i.e. up to 20%. 
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To reduce the monopole antenna global dimensions, we can bend the wire to be parallel to the
ground: that is the Inverted L Antenna (ILA) [31]. Its design is depicted Figure 5, there is both
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resonance frequency is also the same. The radiation resistance is proportional to (h /λ)2, with
h the length of the vertical part (see Figure 5). Actually, the horizontal part occurs as a capacitive
charge and this makes the antenna difficult to match on 50Ω. Therefore, the antenna bandwidth
is very low and does not exceed 1% [31-33].

Figure 5. Inverted L Antenna (ILA) shape

Adding a ground wire on the horizontal part facilitates the ILA matching. This new antenna
design is called Inverted F Antenna (IFA) (Figure 6). This wire is equivalent to a self-inductance
in parallel with the capacitance of the horizontal wire. That involves a parallel resonance at
low frequencies.

Figure 6. Inverted F Antenna (IFA) shape

Compact Antennas — An overview
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To fit the input impedance around 50Ω, we can adjust wire’s parameters (radius, distance with
the feeding point,…). However, typical impedance bandwidths are around 2% or 3% [34-35].

2.4. The helical antenna

This kind of antenna allows reducing the physical length of an antenna (Figure 7). Basically,
its fundamental mode is due to a quarter wavelength resonance. However, its bending
structure can involve some capacitive and/or inductive resonances. This antenna has been
widely used in mobile phone devices.

Figure 7. Helical antenna

Global dimensions of this kind of antennas are around λ0/10 for its height with a λ0/40 diameter.
Its typical impedance bandwidth is up to 8%. Thus this antenna is covering the entire GSM
band [36-37].

3. Planar antennas – Miniaturization techniques

3.1. Classical planar antenna: the patch antenna

The patch antenna was introduced by John Q. Howell in 1972 [38]. This kind of antenna
presents a metallic top hat mounted on a dielectric substrate. Its lower face is the ground plane
and its feeding can be a coaxial probe (Figure 8), a microstrip line or a coplanar waveguide.

The two metal sheets together form a resonant part of a microstrip transmission line with a
length equals to a half of wavelength. Thus, its higher dimension is equal to λg / 2, with λg  the
the guided wavelength. A simple patch antenna radiates a linearly polarized wave and its
radiation can be regarded as a result of the current flowing on the patch and the ground plane.
Thus its maximum gain is relative to the vertical axis of the patch and can reach 7 or 8 dB. The

Progress in Compact Antennas6

impedance bandwidth is between 1% and 4% and depends on both the dielectric permittivity
and the thickness of the substrate.

3.2. Miniaturization techniques of planar antennas

3.2.1. Use of materials

Using a material allow the reduction of the guided wavelength and thus the physical length
of an antenna. Indeed, the patch antenna length is directly proportional to the refractive index
of the dielectric substrate n = εr .μr . Using a dielectric material is the most common method to
reduce the antenna size [39-40]. In this sub-section, we will show on one hand the antenna size
reduction for a planar antenna printed on a dielectric substrate and on the other hand on a
magneto-dielectric material substrate.

• Using a dielectric material

We consider the patch antenna presented Figure 8 with a 4cm-length and a 3mm-thickness.
To show the impact of a dielectric substrate we consider two different cases:

• Substrate with low dielectric permittivity εr =1.

• Substrate with higher dielectric permittivity εr =9.

The Table 1 summarizes main results for patch antennas with strictly same dimensions.

Resonance frequency Matching frequency Impedance bandwidth

Patch antenna with εr = 1 3.7 GHz 3.8 GHz 4.1 %

Patch antenna with εr = 9 1.3 GHz 1.32 GHz 0.98 %

Table 1. Comparison between two antenna patches with same dimensions printed on different substrates

Figure 8. Patch antenna

Compact Antennas — An overview
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the feeding point,…). However, typical impedance bandwidths are around 2% or 3% [34-35].
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This kind of antenna allows reducing the physical length of an antenna (Figure 7). Basically,
its fundamental mode is due to a quarter wavelength resonance. However, its bending
structure can involve some capacitive and/or inductive resonances. This antenna has been
widely used in mobile phone devices.

Figure 7. Helical antenna

Global dimensions of this kind of antennas are around λ0/10 for its height with a λ0/40 diameter.
Its typical impedance bandwidth is up to 8%. Thus this antenna is covering the entire GSM
band [36-37].

3. Planar antennas – Miniaturization techniques
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presents a metallic top hat mounted on a dielectric substrate. Its lower face is the ground plane
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radiation can be regarded as a result of the current flowing on the patch and the ground plane.
Thus its maximum gain is relative to the vertical axis of the patch and can reach 7 or 8 dB. The
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impedance bandwidth is between 1% and 4% and depends on both the dielectric permittivity
and the thickness of the substrate.
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As we can see in this table, the resonance frequency is divided by three with the increase of
the dielectric permittivity value. Indeed, the miniaturization factor is close to the refractive
index εr .μr = 9=3. However, the antenna miniaturization involves the reduction of its
performances as its impedance bandwidth is divided by four.

Another solution is to use a magneto-dielectric material.

• Using a magneto-dielectric material

Hansen and Burke [41] have expressed the zero-order impedance bandwidth of a patch
antenna printed on a t-thick magneto-dielectric material by the following equation:

( )
0

96 . 2 4 17 .m e m
e l

= +tBW (1)

Thus, compared to high dielectric permittivity, high permeability materials allow to reduce
the size of a patch antenna without decreasing its relative impedance bandwidth. In [42],
Niamien et al. investigates magneto-dielectric materials losses and provides expressions of
antenna impedance bandwidth and efficiency according to both dielectric and magnetic losses
for a patch antenna. They showed that both the radiation efficiency and the impedance
bandwidth increase with the permeability.

Considering the previous patch antenna (with a 4cm-length and 3mm-thick) by changing the
dielectric material by a magneto-dielectric material, we obtain the Table 2 results.

Resonance frequency Matching frequency Impedance bandwidth

Patch antenna with εr = 9 and μr = 1 1.3 GHz 1.32 GHz 0.98 %

Patch antenna with εr = 4 and μr = 2.25 1.35 GHz 1.38 GHz 1.87 %

Patch antenna with εr = 3 and μr = 3 1.37 GHz 1.41 GHz 2.82 %

Patch antenna with εr = 2.25 and μr = 4 1.38 GHz 1.45 GHz 3.29 %

Patch antenna with εr = 1 and μr = 9 1.31 GHz 1.65 GHz 4.66 %

Table 2. Comparison between antenna patches with same dimensions printed on different substrates

This table compares patch antenna results with a same refractive index n = εr .μr =3. It should
be noticed that all the materials are considered without any loss.

Therefore the comparison between the dielectric and magneto-dielectric materials shows that
using the latter in a patch antenna allows increasing its impedance bandwidth. A patch antenna
printed on a magneto-dielectric material presents the same miniaturization factor and allows
the increase of its impedance bandwidth.
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3.2.2. Modification of the antenna shape

• Notches integration

The integration of notches on the antenna top hat is often used. It allows to artificially increase
the electrical length of the radiating element by extending the current “path” on this element
(Figure 9).

antenna printed on a magneto-dielectric material presents the same miniaturization factor 
and allows the increase of its impedance bandwidth. 
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Figure 9. Integration of notches on antenna’s top hat (a) Surface current lines (b) 

The radiating element dimensions can be reduced up to 50% comparing with a classical 
patch antenna. 

 Meander antenna 
As for the helical antenna, the meander antenna allows decreasing the physical length of a 
planar antenna. The advantage is that this antenna is planar and thus easy to integrate 
inside a mobile phone. We can present on the Figure 10 a widely used meander antenna for 
the GSM reception on mobile phones. It is printed on a 0.8mm-thick FR4 substrate and is 
matched on 1%-bandwidth around 900 MHz with λ0/3 x λ0/5 dimensions. 
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3.2.3. Short cut insertion

• Planar Inverted F Antenna

As for the dipole and the monopole, it is possible to integrate a metallic plate inside the patch
antenna in order to divide its main dimension by two. Indeed, on the fundamental mode of
the patch, we can integrate a short cut where the electric filed is null. To manage to match the
antenna the metallic plate dimensions have to be optimised (Figure 11).

Figure 11. Planar Inverted F Antenna (PIFA)

In [43], a Planar Inverted Antenna with λ0/6 x λ0/8 x λ0/35 dimensions at 2.45GHz is matching
over a 6.5% impedance bandwidth.

• Monopolar wire patch antenna

The design of a classical wire patch antenna is presented in Figure 12. It is composed by two
metallizations etched on each face of a dielectric substrate. The lower metallic plate acts as
ground and the upper metallic plate constitutes the antenna top hat. This kind of antenna is
fed by a coaxial probe which is connected to the top hat through the ground plane and the
dielectric substrate. The ground wire acts as a short-circuit to the capacitance of the antenna
constituted by the top hat above the ground plane and allows achieving a new low-frequency
parallel resonance. The resonance frequency is smaller than the classical antenna fundamental
cavity mode [44]. It is primarily set by the size of the top hat, the height of the antenna, the
permittivity of the substrate and the ground wire diameter.

The main antenna parameters to adjust the antenna impedance matching to 50Ω are:

• The ground wire radius. The smaller the radius is, the higher the maximum of the input
impedance real part is.
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• The radius of the feeding probe. The higher the radius is, the lower the input impedance
imaginary part is.

• The ground wire – feeding probe separation. The Q-factor is increasing when the length
between the ground wire and the feeding probe core is increasing.

Figure 12. Monopolar wire patch antenna

As presented in [45-46], the use of a closed slot into the antenna top hat involves a significant
reduction of the resonant frequency (Figure 13). Indeed, the introduction of a slot in the hat of
the antenna changes the equivalent capacitance of the antenna short-circuited hat by increasing
its value.As presented in [45-46], the use of a closed slot into the antenna top hat involves a 
significant reduction of the resonant frequency (Figure 13). Indeed, the introduction of a slot 
in the hat of the antenna changes the equivalent capacitance of the antenna short-circuited 
hat by increasing its value.  

 
(a) (b) 

Figure 13. Monopolar wire patch antenna with a notch (a) and corresponding |S11| parameters 

The longer the electrical length of the slot is, the lower the resonant frequency is. We can 
compare the |S11| parameters of the wire patch antenna presented in Figure 13 with and 
without the notch [47]. As expected, adding a notch inside the wire patch antenna top hat 
allows decreasing the working frequency but also the impedance bandwidth. 

4. Dielectric resonator antennas (DRAs) – Miniaturization techniques 

The design of a DRA in any geometry must satisfy various specifications including: the 
resonant frequency, the impedance bandwidth, the field distribution inside the resonator 
and also the radiated field. The intent of this part is to provide an overview of main findings 
of investigations on simple-shaped DRAs. Then, it will deal with the different 
miniaturization techniques of DRAs. 

4.1. DRAs characteristics 

A non-exhaustive list of main simple-shaped DRAs characteristics is described below: 
 The main dimension of a DRA is proportional to 0 / .r r   where 0 is the free-space 

wavelength at the resonant frequency, r and r are respectively the dielectric and the 
magnetic constant of the material. In a dielectric material case, 1r   and the main 

dimension of a DRA is proportional to 0 / r  . 
 The radiation efficiency of the DRA is highly depending on the material losses. In case 

of a low-loss dielectric material, DRAs allow to achieve better efficiency than other kind 
of antennas because of minimal conductor losses associated with a DRA. 
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• The radius of the feeding probe. The higher the radius is, the lower the input impedance
imaginary part is.
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The longer the electrical length of the slot is, the lower the resonant frequency is. We can
compare the |S11| parameters of the wire patch antenna presented in Figure 13 with and
without the notch [47]. As expected, adding a notch inside the wire patch antenna top hat
allows decreasing the working frequency but also the impedance bandwidth.

4. Dielectric resonator antennas (DRAs) – Miniaturization techniques

The design of a DRA in any geometry must satisfy various specifications including: the reso‐
nant frequency, the impedance bandwidth, the field distribution inside the resonator and al‐
so the radiated field. The intent of this part is to provide an overview of main findings of
investigations on simple-shaped DRAs. Then, it will deal with the different miniaturization
techniques of DRAs.

4.1. DRAs characteristics

A non-exhaustive list of main simple-shaped DRAs characteristics is described below:

• The main dimension of a DRA is proportional to λ0 / εr .μr  where λ0 is the free-space
wavelength at the resonant frequency, εr  and μr  are respectively the dielectric and the
magnetic constant of the material. In a dielectric material case, μr =1 and the main dimension

of a DRA is proportional to λ0 / εr .

• The radiation efficiency of the DRA is highly depending on the material losses. In case of a
low-loss dielectric material, DRAs allow to achieve better efficiency than other kind of
antennas because of minimal conductor losses associated with a DRA.

• For a given dielectric constant, both resonant frequency and radiated Q-factor are defined
according to the resonator dimensions. That allows having a great flexibility and some
degrees of freedom to design such an antenna.

• Another degree of freedom is the large spectrum of available dielectric materials. That
allows doing the best trade-off between dimensions and impedance bandwidth according
to the intended application.

• A number of modes can be excited within the DRA, many of them provide dipolar-like
radiation characteristics.

• The most common targeted frequencies presented by the research literatures are ranging
from 1GHz to 40 GHz.

• For a given DRA geometry, the radiation patterns can be made to change by exciting
different resonant modes.
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A large number of DRA excitations are currently used, e.g. microstrip line, coaxial probe
excitation, coplanar waveguide… The next subsection will deal with the most commonly used
excitations.

4.2. DRAs miniaturization techniques

This subsection examines techniques to design compact DRAs. Targeted applications are
mobile handsets or wireless tablet. There are several techniques to make DRAs more compact.
By adding metal plates, inserting a high permittivity layer (multisegment DRA) or removing
portions of the DRA, a significant size reduction can be achieved.

• Addition of a metallic plate on a DRA face

The rectangular DRA shape has been studied in the first part. The perfect metallic wall implies
that electric fields are normal to this conductor, while magnetic fields are tangential. E and H
fields presented Figure 14 assume that a metallic plate can be inserted in the middle of the
DRA according to the y-component. The principle is detailed and explained by the Figure 14.
It also shows the E and H fields of the TE111 mode.

H field
E field

Groundplane

Metallization
z

yw w/2

h

Figure 14. Integration of a metallic plate

By applying the image theory, it is possible to insert a metal plate in the y=w/2 plane. The Table
3 extracted from [48] shows the influence of the metallic plate insertion on resonant frequency
and impedance bandwidth.

εr w (cm) d (cm) h (cm) Metallization f0(GHz) Bandwidth

12 2.75 2.75 2.95 No 1.98 10%

12 2.75 2.75 2.95 Yes 1.24 5.6%

Table 3. Influence of the metallic plate insertion on both resonant frequency and impedance bandwidth
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Thus, the metal plate insertion allows dividing by two the DRA size, while reducing the
resonant frequency. However, as pointed by the Table 3, the metallic plate insertion involves
also the decrease of the impedance bandwidth.

• Multisegment DRA

Another way to decrease the DRA size is to insert different substrate layers as illustrated Figure
15.

Figure 15. Multisegment DRA

It allows achieving strong coupling when the first insertion has a relatively high dielectric
permittivity. This technique is detailed in [48] and [49]. The Table 4 summarizes a parametrical
study done in [49] for one layer inserted (Figure 15) with w=7.875 mm, d=2 mm, h=3.175 and
εr=10. It is mounted on a 0.762 mm height substrate of permittivity εs=3. The TE111 mode of the
DRA is excited with a 50Ω microstrip line.

t (mm) εi Measured f0(GHz) Bandwidth

0 - 15.2 21%

0.25 20 14.7 18%

0.635 20 14.5 18%

1 20 13.9 16%

0.25 40 14.7 20%

0.635 40 13.7 13%

1 40 12.9 5%

0.25 100 14.7 16%

0.635 100 13.1 7%

1 100 10.8 5%

Table 4. A parametrical study done in [31] for one layer inserted

Thus, a thin layer insertion allows improving the coupling of modes inside the DRA while
decreasing the resonant frequency thanks to the decrease of the effective dielectric permittivity
of the DRA. As the previous technique, the downside is the decrease of the impedance
bandwidth.
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5. Summary of compact antennas performances

In this part, as a first conclusion we can summary the main performances of the previous
presented antennas.

Substrate Dimensions
Impedance

bandwidth
Radiation

Directivity

(dBi)

Total

efficiency

Dipole Air λ0/2 10% à 20% 2.1 99%

Monopole Air λ0/4 10% à 20% 5.1 99%

ILA Air λ0/20 x λ0/4 1% 7 98%

IFA Air λ0/20 x λ0/4 2% 4 98%

Helical Air λ0/10 x λ0/40 7% 6 98%
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It allows achieving strong coupling when the first insertion has a relatively high dielectric
permittivity. This technique is detailed in [48] and [49]. The Table 4 summarizes a parametrical
study done in [49] for one layer inserted (Figure 15) with w=7.875 mm, d=2 mm, h=3.175 and
εr=10. It is mounted on a 0.762 mm height substrate of permittivity εs=3. The TE111 mode of the
DRA is excited with a 50Ω microstrip line.

t (mm) εi Measured f0(GHz) Bandwidth

0 - 15.2 21%

0.25 20 14.7 18%

0.635 20 14.5 18%

1 20 13.9 16%

0.25 40 14.7 20%

0.635 40 13.7 13%

1 40 12.9 5%

0.25 100 14.7 16%

0.635 100 13.1 7%

1 100 10.8 5%

Table 4. A parametrical study done in [31] for one layer inserted

Thus, a thin layer insertion allows improving the coupling of modes inside the DRA while
decreasing the resonant frequency thanks to the decrease of the effective dielectric permittivity
of the DRA. As the previous technique, the downside is the decrease of the impedance
bandwidth.
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5. Summary of compact antennas performances

In this part, as a first conclusion we can summary the main performances of the previous
presented antennas.

Substrate Dimensions
Impedance

bandwidth
Radiation

Directivity

(dBi)

Total

efficiency

Dipole Air λ0/2 10% à 20% 2.1 99%

Monopole Air λ0/4 10% à 20% 5.1 99%

ILA Air λ0/20 x λ0/4 1% 7 98%

IFA Air λ0/20 x λ0/4 2% 4 98%

Helical Air λ0/10 x λ0/40 7% 6 98%
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Substrate Dimensions
Impedance

bandwidth
Radiation

Directivity

(dBi)

Total

efficiency

Patch Air λ0/2 x λ0/2 x λ0/27 4.1% 8.8 98%

Patch
εr=9

(tanδ=5.10-4)
λ0/6 x λ0/6 x λ0/76 0.98% 7 89%

Patch

εr=2.25 - μr=4

(tanδε=5.10-4

tanδμ=5.10-4)

λ0/6 x λ0/6 x λ0/76 3.29% 7.2 92%

Patch

εr=1 μr=9

(tanδε=5.10-4

tanδμ=5.10-4)

λ0/6 x λ0/6 x λ0/76 4.66% 7.5 95%

Patch with

notches
Air λ0/4 x λ0/5 x λ0/68 1.2% 6.4 95%

PIFA Air λ0/6 x λ0/8 x λ0/35 6.5% 6.9 97%

Wirepatch

antenna
Air λ0/8 x λ0/8 x λ0/17 3% 4 97%
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Substrate Dimensions
Impedance

bandwidth
Radiation

Directivity

(dBi)

Total

efficiency

DRA (2

layers)

εlayer1=100

εlayer2=10

(tanδε=5.10-4)

λ0/4 x λ0/14 x λ0/7 5% 6.4 95%

6. Conclusion

To conclude, an overview of classical antennas with their miniaturization techniques has been
presented and detailed in this chapter while mentioning a lot of literature references. Classical
wire antennas as monopoles present good impedance bandwidth, but they remain too large
to be integrated inside last generations of mobile devices. Planar antennas have the advantage
to be generally low profiles and thus easier to be integrate. However, patch antennas or planar
inverted F antennas have maximum gains relative to the vertical axis. Thus, wire patch antenna
presents a good alternative since it radiates as a dipole antenna and is significantly smaller.
Concerning the dielectric resonator antennas, they can be miniature and can resonate and be
matched on different frequency by creating some partial boundary condition [50].
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1. Introduction

Over the past few years, wearable antennas for body centric wireless communication systems
have been increasingly gaining attention. Body area networks (BANs) are wireless communi‐
cation systems that enable communications between wearable and/or implanted electronic
devices.

Such systems are of great interest for various applications such as healthcare, entertainment,
military, identification systems, sport, smart home, and space [1, 2]. Indeed, portable devices,
incorporating antennas close to the human body, have been used for many decades by the
military. Nowadays, in order to increase overall effectiveness of soldiers on the battlefield,
works are undertaken to integrate wireless systems to all equipment, such as weapons, sighting
systems, helmet, and so on. Besides, wearable or implanted sensors increase the ability of
doctors to monitor their patients at long distance and in real time. This monitoring capability
is also used in sport applications and in rescue worker interventions.

Recently, studies carried out at millimeter waves have grown rapidly. This is due to the fact
that many advantages can be found in operating such systems at millimeter waves compared
to microwaves. First, because of the large available spectrum (7 GHz worldwide), very high
data rates can be reached (up to 5 Gb/s) [3]. Second, it provides a high level of security and
low interference with adjacent networks [4]. Finally, compared to on-body devices operating
at microwaves, the size of similar millimeter-wave systems is significantly reduced.

Hence, the use of millimeter wave systems for BANs will have a high impact, in particular in
the defense sector (Fig. 1), where communications emanating from a dismounted soldier leads
to detection, location and vulnerability to enemy attack. The high atmospheric attenuation in

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.
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the 60-GHz band will lead to much higher levels of security against detection, interception and
jamming. Fig. 1 illustrates a scenario of soldier-to-soldier communications for covert battlefield
operation where co-located soldiers are wirelessly networked to allow high-speed communi‐
cations within a cluttered urban warfare environment. Besides, every soldier is equipped with
advanced technology significantly improving situational awareness, lethality and survivabil‐
ity such as GPS, helmet mounted display, RADAR bullet detector, etc.

In addition, millimeter wave BANs will also benefit civilian sectors such as healthcare, personal
entertainment, sports training, and emergency services. In hospital, clinics, entertainment
venues, and public transport, there is a need to relay personalized data to and from individuals,
in confined areas, or in crowds, and the high frequency and highly directive beams from small
millimeter-wave antennas will reduce interference between users and other communication
equipment.

The aim of this book chapter is to provide a review of recent progresses and outstanding
challenges in the field of antennas for body-centric communication at millimeter waves.

Figure 1. Soldier-to-soldier communications for covert battlefield operations. The black arrows represent some possi‐
ble wireless links allowing data transfer from one soldier to another.

2. Electromagnetic properties and modeling of the human body

In this Section, the electromagnetic properties and modeling of the human body are investi‐
gated. First, to study the interaction of millimeter waves and the human body, the skin
dielectric properties are carefully characterized. Then, the influence of the antenna feeding is
investigated. Then, as the dielectric properties of the skin have been assessed, a numerical
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model of the human body is introduced using a Debye model. Finally, a semi-solid phantom
is introduced for antenna measurement in close proximity to the body.

2.1. Interaction of millimeter waves with the human body

The primary biological targets of 60-GHz radiations are the skin and eyes. Exposure of the eyes
leads to the absorption of the EM energy by the cornea characterized by a free water content
of 75% and a thickness of 0.5mm. Ocular lesions have been found after high-intensity exposure
of the eye (3W/cm2, 6min) [5]. However, studies performed at 60 GHz (10mW/cm2, 8h)
demonstrated no detectable physiological modifications [6], indicating that millimeter waves
act on the cornea in a dose-dependent manner.

Hereafter we will essentially consider the interactions with the skin as it covers 95% of the
human body surface. From the EM viewpoint, human skin can be considered as an anisotropic
multilayer dispersive structure made of three different layers, namely, epidermis, dermis, and
subcutaneous fat layer (Fig. 2). The skin also contains capillaries and nerve endings. It is mainly
composed of 65.3% of free water, 24.6% of proteins, and 9.4% of lipids [7].

Figure 2. Schematic representation of the skin structure.

Knowledge of the dielectric properties of the skin is essential for the determination of the
reflection from, transmission through, and absorption in the body, as well as for EM modeling.
In contrast to frequencies below 20 GHz, existing data on the permittivity of tissues in the
millimeter-wave band are very limited [8]-[11] due to some technical difficulties. In the 10–100
GHz range, the dispersive dielectric properties of the skin and biological solutions are
primarily related to the rotational dispersion of free water molecules. In particular, high losses
are related to the free water relaxation with the peak at 23 GHz at 33°C.

In contrast to frequencies below 20 GHz, the already-existing data on the relative permittivity
of human tissues at millimeter waves are very limited. In addition, the results reported so far
in the literature strongly depend on the measurement technique, the sample type (in vivo or
in vitro study) and other experimental conditions such as skin temperature, location on the
body and thickness of different skin layers.
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Table 1 provides a summary of the data previously reported at 60 GHz. These results show
that the literature data vary significantly from one study to another depending on the sample
type. Besides, since the skin consists of approximately 65% of free water [7], its complex
permittivity is strongly dispersive and temperature-dependent; this should be also taken into
account for definition of an accurate skin permittivity model.

To validate our measurement technique and obtain reference data for the skin-equivalent
phantom, we performed a measurement campaign on a group of volunteers using two
different techniques: open-ended coaxial slim probe [12] and a new method based on heating
kinetics [13]. A very good agreement is demonstrated between our measurements and Gabriel
[10] and Alekseev [11] data as shown in Fig. 3.

Reference Complex permittivity ε* T, °C Method Sample type

Gandhi et al. [8] 8.89 – j13.15 37±0.5 E In vitro

Alabaster et al. [9] 9.9 – j9.0 23 M In vitro

Gabriel et al. [10]

“wet skin”
10.22 – j11.84 37 E In vitro

Gabriel et al.[10]

“dry skin”
7.98 – j10.90 32.5±0.5 E In vivo

Alekseev et al. [11] 8.12 – j11.14 32.5±0.3 M In vivo

Chahat et al. [12] 8.02 – j10.5 32.5±0.5 M In vivo

Chahat et al. [13] 8.4 – j10.96 32.5±0.5 M In vivo

E=Extrapolation. M=Measurement. T=theoretical value.

Table 1. Overview of the skin dielectric properties at 60 GHz.

 
Fig. 3. Comparison of our experimental result for the wrist skin 

permittivity (──) with Gabriel et al. (dry skin) (■) and Alekseev et al. 

(○) models. Error bars represent ±5% deviations around Gabriel’s 

reference values. 

 

2.2.  Numerical skin-equivalent phantom 

Taking into account the very shallow penetration of millimeter waves into the skin (typically 0.5 mm at 60 GHz), using 

homogeneous skin-equivalent phantoms provides accurate results for the antenna / human body interaction evaluation as well as for 

the propagation channel characterization [28]. For the broadband analysis, dispersive models can be used. Debye model with a single 

relaxation time τ equal to that of free water at the same temperature was demonstrated to provide a good accuracy for modeling the 

experimental permittivity data in the considered frequency range [12]: 

0

1

*

ωε

σ

ωτ

ε

εε

jj

+

+

∆

+=
∞

 
(1) 

In this equation, ω=2πf, f [Hz] is the frequency, ∆ε=ε
s
-ε

∞
 is the magnitude of the dispersion of the free water fraction of skin, ε

s
 is the 

permittivity at ωτ<<1, ε
∞
 is the optical permittivity, ε

0
=8.85·10

-12

 F/m, and σ [S/m] is the ionic conductivity. The optimized 

parameters that fit to the measured permittivity in the 55-65 GHz range are the following: ε
∞
=4.1, ε

s
=34.8, τ=6.9 × 10

-12

 s, and σ=0.7 

S/m [12]. This model allows an accurate representation of typical broadband dielectric properties of dry skin in the numerical 

modeling. 

 

2.3.  Experimental skin-equivalent phantom 

 

2.3.1. Composition  

The main components employed for the fabrication of a homogeneous semi-solid skin-equivalent phantom are the following: 

• Deionized water. Water is the main constituent of the phantom because it is also the main skin component. It primarily 

determines the dispersive behavior of the phantom. 

• Agar. It is employed for the retention of self-shaping, and its contribution to the phantom dielectric properties is negligible 

for small concentrations (typically below 4%). 

• Polyethylene powder. It is used to tune the real and imaginary parts of the phantom permittivity.  

• TX-151. Since the agar and polyethylene powder cannot be mixed directly, the viscosity is increased using TX-151. 

• Sodium azide (NaN3). It serves as a preservative. 

 

2.3.2. Fabrication procedure 

The fabrication steps are the following. Deionized water, sodium azide, and agar are mixed in a kettle and heated on a stove, while 

the mixture is continuously stirred. When this liquid starts boiling, heating is stopped. TX-151 is sprinkled into the liquid and quickly 

mixed. Then the polyethylene powder is added into the stirred liquid. Finally, the obtained mixture is poured into a mold and cooled 

in the same container for a few hours to room temperature for solidification. Using alginate gel powder, molds with realistic body-

specific shapes can be manufactured for the phantom fabrication as illustrated in Fig.4. 

Particular attention should be paid to the following critical points. First, to avoid variations of dielectric properties from one phantom 

to another, the room temperature should remain identical (in our case 20±1°C) during the fabrication and further measurements. 

Second, the type of polyethylene powder is important; we recommend using particles with an average diameter of 20µm and low 

density ~ 900–1100 kg/m
3

. Finally, to preserve the dielectric properties of the phantom over time, it is important to avoid water 

evaporation since this would result in a decrease of the permittivity. This can be for instance achieved by wrapping the phantom in a 

plastic film. More details regarding the phantom preparation procedure can be found in [12].  

 

55 60 65

5

10

15

C
o
m
p
l
e
x
 
p
e
r
m
i
t
t
i
v
i
t
y

Frequency (GHz)

ε'

ε''

Figure 3. Comparison of our experimental result for the wrist skin permittivity (──) with Gabriel et al. (dry skin) (■)
and Alekseev et al. (○) models. Error bars represent ±5% deviations around Gabriel’s reference values.
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2.2. Numerical skin-equivalent phantom

Taking into account the very shallow penetration of millimeter waves into the skin (typically
0.5 mm at 60 GHz), using homogeneous skin-equivalent phantoms provides accurate results
for the antenna / human body interaction evaluation as well as for the propagation channel
characterization [28]. For the broadband analysis, dispersive models can be used. Debye model
with a single relaxation time τ equal to that of free water at the same temperature was
demonstrated to provide a good accuracy for modeling the experimental permittivity data in
the considered frequency range [12]:
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In this equation, ω=2πf, f [Hz] is the frequency, Δε=εs-ε∞ is the magnitude of the dispersion of
the free water fraction of skin, εs is the permittivity at ωτ<<1, ε∞ is the optical permittivity,
ε0=8.85 10-12 F/m, and σ [S/m] is the ionic conductivity. The optimized parameters that fit to the
measured permittivity in the 55-65 GHz range are the following: ε∞=4.1, εs=34.8, τ=6.9 × 10-12 s,
and σ=0.7 S/m [12]. This model allows an accurate representation of typical broadband
dielectric properties of dry skin in the numerical modeling.

2.3. Experimental skin-equivalent phantom

2.3.1. Composition

The main components employed for the fabrication of a homogeneous semi-solid skin-
equivalent phantom are the following:

• Deionized water. Water is the main constituent of the phantom because it is also the main
skin component. It primarily determines the dispersive behavior of the phantom.

• Agar. It is employed for the retention of self-shaping, and its contribution to the phantom
dielectric properties is negligible for small concentrations (typically below 4%).

• Polyethylene powder. It is used to tune the real and imaginary parts of the phantom
permittivity.

• TX-151. Since the agar and polyethylene powder cannot be mixed directly, the viscosity is
increased using TX-151.

• Sodium azide (NaN3). It serves as a preservative.

2.3.2. Fabrication procedure

The fabrication steps are the following. Deionized water, sodium azide, and agar are mixed in
a kettle and heated on a stove, while the mixture is continuously stirred. When this liquid starts
boiling, heating is stopped. TX-151 is sprinkled into the liquid and quickly mixed. Then the
polyethylene powder is added into the stirred liquid. Finally, the obtained mixture is poured

Antennas for Body Centric Wireless Communications at Millimeter Wave Frequencies
http://dx.doi.org/10.5772/58816

27
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Figure 3. Comparison of our experimental result for the wrist skin permittivity (──) with Gabriel et al. (dry skin) (■)
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2.2. Numerical skin-equivalent phantom

Taking into account the very shallow penetration of millimeter waves into the skin (typically
0.5 mm at 60 GHz), using homogeneous skin-equivalent phantoms provides accurate results
for the antenna / human body interaction evaluation as well as for the propagation channel
characterization [28]. For the broadband analysis, dispersive models can be used. Debye model
with a single relaxation time τ equal to that of free water at the same temperature was
demonstrated to provide a good accuracy for modeling the experimental permittivity data in
the considered frequency range [12]:
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the free water fraction of skin, εs is the permittivity at ωτ<<1, ε∞ is the optical permittivity,
ε0=8.85 10-12 F/m, and σ [S/m] is the ionic conductivity. The optimized parameters that fit to the
measured permittivity in the 55-65 GHz range are the following: ε∞=4.1, εs=34.8, τ=6.9 × 10-12 s,
and σ=0.7 S/m [12]. This model allows an accurate representation of typical broadband
dielectric properties of dry skin in the numerical modeling.

2.3. Experimental skin-equivalent phantom

2.3.1. Composition

The main components employed for the fabrication of a homogeneous semi-solid skin-
equivalent phantom are the following:

• Deionized water. Water is the main constituent of the phantom because it is also the main
skin component. It primarily determines the dispersive behavior of the phantom.

• Agar. It is employed for the retention of self-shaping, and its contribution to the phantom
dielectric properties is negligible for small concentrations (typically below 4%).

• Polyethylene powder. It is used to tune the real and imaginary parts of the phantom
permittivity.

• TX-151. Since the agar and polyethylene powder cannot be mixed directly, the viscosity is
increased using TX-151.

• Sodium azide (NaN3). It serves as a preservative.

2.3.2. Fabrication procedure

The fabrication steps are the following. Deionized water, sodium azide, and agar are mixed in
a kettle and heated on a stove, while the mixture is continuously stirred. When this liquid starts
boiling, heating is stopped. TX-151 is sprinkled into the liquid and quickly mixed. Then the
polyethylene powder is added into the stirred liquid. Finally, the obtained mixture is poured
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into a mold and cooled in the same container for a few hours to room temperature for
solidification. Using alginate gel powder, molds with realistic body-specific shapes can be
manufactured for the phantom fabrication as illustrated in Fig. 4.

Particular attention should be paid to the following critical points. First, to avoid variations of
dielectric properties from one phantom to another, the room temperature should remain
identical (in our case 20±1°C) during the fabrication and further measurements. Second, the
type of polyethylene powder is important; we recommend using particles with an average
diameter of 20µm and low density ~ 900–1100 kg/m3. Finally, to preserve the dielectric
properties of the phantom over time, it is important to avoid water evaporation since this
would result in a decrease of the permittivity. This can be for instance achieved by wrapping
the phantom in a plastic film. More details regarding the phantom preparation procedure can
be found in [12].
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Figure 4. Skin-equivalent phantom representing an arm and a hand: (a) fabrication of an alginate mold; (b) alginate mold of a human 
arm; (c) fabrication of the phantom liquid; (d) the phantom is extracted after being cooled inside the mold; (e) final result of a realistic 
human arm phantom. 
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properties of the proposed phantom are within ±10% of the measured skin permittivity. Table 2 compares the dielectric 
properties of the phantom measured using the coaxial probe and the heating kinetics technique [13] to those of the 
reference values provided by Gabriel et al. [10]. The measured data are in excellent agreement with the reference data 
and demonstrate that this phantom can be used for antenna measurement, on-body propagation, and dosimetric studies. 
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2.3.3. Dielectric properties

The measured dielectric properties of the skin-equivalent phantom and skin are compared in
Fig. 5. The dielectric properties of the proposed phantom are within ±10% of the measured
skin permittivity. Table 2 compares the dielectric properties of the phantom measured using
the coaxial probe and the heating kinetics technique [13] to those of the reference values
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provided by Gabriel et al. [10]. The measured data are in excellent agreement with the reference
data and demonstrate that this phantom can be used for antenna measurement, on-body
propagation, and dosimetric studies.

Figure 5. Dielectric properties of the skin-equivalent phantom compared to those of skin [12]. Error bars represent
±10% of the measured skin permittivity.

ε* Δε* R δ (mm)

Reference value (Gabriel et al.)

[10]
7.98 – j10.9 _ 0.38 0.48

Phantom (coaxial probe) 7.4 – j11.4 7.3% - j 4.6% 0.39 0.45

Phantom (heating kinetics) 8.3 – j10.8 4% - j 0.9% 0.38 0.49

Table 2. The dielectric properties of the proposed phantom (using two different techniques) compared to those of
the reference data provided by Gabriel et al. [10]. Δε* is the error relative to Gabriel et al. data.

2.3.4. Validation

To further confirm the reliability of this phantom, we performed SAR measurement using a
high-performance thermal imaging camera (FLIR SC500, FLIR Systems, Wilsonville, OR, USA)
and the measurement set-up shown in Fig. 6a. The SAR assessment methodology is described
in Fig. 6b. The temperature dynamic, recorded using the IR camera, is fitted to the one-
dimensional bio-heat transfer equation [12]. The fitting procedure is performed by minimizing
the standard deviation value varying the incident power density (IPD). Once the IPD value
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provided by Gabriel et al. [10]. The measured data are in excellent agreement with the reference
data and demonstrate that this phantom can be used for antenna measurement, on-body
propagation, and dosimetric studies.
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Table 2. The dielectric properties of the proposed phantom (using two different techniques) compared to those of
the reference data provided by Gabriel et al. [10]. Δε* is the error relative to Gabriel et al. data.

2.3.4. Validation

To further confirm the reliability of this phantom, we performed SAR measurement using a
high-performance thermal imaging camera (FLIR SC500, FLIR Systems, Wilsonville, OR, USA)
and the measurement set-up shown in Fig. 6a. The SAR assessment methodology is described
in Fig. 6b. The temperature dynamic, recorded using the IR camera, is fitted to the one-
dimensional bio-heat transfer equation [12]. The fitting procedure is performed by minimizing
the standard deviation value varying the incident power density (IPD). Once the IPD value
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has been determined, the SAR can be found (Fig. 6b). The simulated and measured SAR results
are in excellent agreement (Fig. 6) which confirms the accuracy of this phantom.

 

 

(a) (b) 

(c) 
Figure 6. (a) SAR measurement set-up. (b) SAR assessment methodology from the temperature rise. (c) Simulated and measured SAR 
results. 

3. Antennas for off-body communications at millimeter-waves 

At microwaves, it is widely accepted that antennas placed in close proximity to a lossy medium experience strong power 
absorption, radiation pattern distortion, shift in resonance frequency, and changes in the input impedance, e.g. [1],[19]-
[21]. Therefore, when placed close to the human body, wearable antennas need to be designed to operate in a robust way 
so that the influence of the body on the antenna performance is minimized. Patch antennas have been identified as one of 
the best solutions for off-body communications [1]. These are simple and low-cost structures, and their radiation at 
broadside allows maximizing radiations at the opposite side of the human body while reducing radiation towards the 
body. 

At millimeter waves, the electromagnetic coupling between antennas and the human body as well as possible 
perturbations of antenna characteristics due to the body remain almost unexplored. In addition, in this frequency range, 
a particular attention must be paid to the power absorbed in the body since this absorption is very localized. 

In this Section, the interactions between the human body and millimeter wave antennas, optimized for off-body 
communications, are studied numerically and experimentally. First, requirements for wearable antennas for off-body 
communications are briefly outlined. Then, the influence of the antenna feeding is investigated. Then, a four-patch 
antenna array is designed and characterized numerically and experimentally both in free space and on the skin-
equivalent phantom described in the previous section. SAR and incident power density distributions on the phantom are 
determined using the methodology presented in [12]. Finally, in order to study the capabilities of the integration into 
textiles, a similar four-patch antenna array is designed and fabricated on a fabric. 

Figure 6. (a) SAR measurement set-up. (b) SAR assessment methodology from the temperature rise. (c) Simulated and
measured SAR results.

3. Antennas for off-body communications at millimeter-waves

At microwaves, it is widely accepted that antennas placed in close proximity to a lossy medium
experience strong power absorption, radiation pattern distortion, shift in resonance frequency,
and changes in the input impedance, e.g. [1],[19]-[21]. Therefore, when placed close to the
human body, wearable antennas need to be designed to operate in a robust way so that the
influence of the body on the antenna performance is minimized. Patch antennas have been
identified as one of the best solutions for off-body communications [1]. These are simple and
low-cost structures, and their radiation at broadside allows maximizing radiations at the
opposite side of the human body while reducing radiation towards the body.

At millimeter waves, the electromagnetic coupling between antennas and the human body as
well as possible perturbations of antenna characteristics due to the body remain almost
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unexplored. In addition, in this frequency range, a particular attention must be paid to the
power absorbed in the body since this absorption is very localized.

In this Section, the interactions between the human body and millimeter wave antennas,
optimized for off-body communications, are studied numerically and experimentally. First,
requirements for wearable antennas for off-body communications are briefly outlined. Then,
the influence of the antenna feeding is investigated. Then, a four-patch antenna array is
designed and characterized numerically and experimentally both in free space and on the skin-
equivalent phantom described in the previous section. SAR and incident power density
distributions on the phantom are determined using the methodology presented in [12]. Finally,
in order to study the capabilities of the integration into textiles, a similar four-patch antenna
array is designed and fabricated on a fabric.

3.1. Antenna requirements for off-body communications

Wearable antennas have to be as compact as possible to be integrated with the transceiver.
They have to be efficient with minimal power absorption inside the human body that behaves
as a highly lossy dispersive dielectric material at millimeter waves. The antennas also have to
be light weight and, in some particular cases, conformable to the human body shape. Because
of the high atmospheric attenuation at 60 GHz and limitations on the radiated power, medium-
gain antennas (~12dBi) are often required [14]. Indeed, in controlled environments, line-of-
sight (LOS) channels can be efficiently exploited using medium-gain passive antennas,
whereas directive beam steering antennas are desirable for non-line-of-sight (NLOS) channels
so as to comply with the power link budgets [14]-[18]. In our studies, we only consider LOS
scenarios and thus restrict our consideration to passive medium-gain antennas.

3.2. Influence of the antenna feeding

The influence of the antenna feeding is investigated when the antenna is placed on the human
body. At lower frequencies, patch antennas have been presented as the best solution for off-
body communications. However, at millimeter waves, the influence of spurious waves due to
the feeding lines on radiating patterns cannot be neglected. That is why, multilayer antenna
designs are generally considered in order to overcome this issue.

The interaction with the human body and two types of patch antennas is studied: (1) a linearly-
polarized antenna and (2) a linearly-polarized aperture coupled patch antenna. These antennas
are printed on a 0.127mm-thick RT Duroid 5880 substrate (h=127 µm, εr=2.2, tanδ=0.003).

3.2.1. Microstrip patch antenna

A simple patch antenna is optimized to achieve a maximum gain at 60 GHz. The dimensions
are given in Fig. 7. The reflection coefficient and radiation patterns are studied numerically in
free space and on the human body when the antenna is placed at 1mm above the phantom.
For the numerical modeling, a parallelepipedic 10 × 100 × 100 mm3 phantom is used and a
Debye model has been used to express the complex permittivity ε* of the skin-equivalent
phantom (see Section 2).
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has been determined, the SAR can be found (Fig. 6b). The simulated and measured SAR results
are in excellent agreement (Fig. 6) which confirms the accuracy of this phantom.
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3. Antennas for off-body communications at millimeter-waves

At microwaves, it is widely accepted that antennas placed in close proximity to a lossy medium
experience strong power absorption, radiation pattern distortion, shift in resonance frequency,
and changes in the input impedance, e.g. [1],[19]-[21]. Therefore, when placed close to the
human body, wearable antennas need to be designed to operate in a robust way so that the
influence of the body on the antenna performance is minimized. Patch antennas have been
identified as one of the best solutions for off-body communications [1]. These are simple and
low-cost structures, and their radiation at broadside allows maximizing radiations at the
opposite side of the human body while reducing radiation towards the body.

At millimeter waves, the electromagnetic coupling between antennas and the human body as
well as possible perturbations of antenna characteristics due to the body remain almost
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unexplored. In addition, in this frequency range, a particular attention must be paid to the
power absorbed in the body since this absorption is very localized.

In this Section, the interactions between the human body and millimeter wave antennas,
optimized for off-body communications, are studied numerically and experimentally. First,
requirements for wearable antennas for off-body communications are briefly outlined. Then,
the influence of the antenna feeding is investigated. Then, a four-patch antenna array is
designed and characterized numerically and experimentally both in free space and on the skin-
equivalent phantom described in the previous section. SAR and incident power density
distributions on the phantom are determined using the methodology presented in [12]. Finally,
in order to study the capabilities of the integration into textiles, a similar four-patch antenna
array is designed and fabricated on a fabric.

3.1. Antenna requirements for off-body communications

Wearable antennas have to be as compact as possible to be integrated with the transceiver.
They have to be efficient with minimal power absorption inside the human body that behaves
as a highly lossy dispersive dielectric material at millimeter waves. The antennas also have to
be light weight and, in some particular cases, conformable to the human body shape. Because
of the high atmospheric attenuation at 60 GHz and limitations on the radiated power, medium-
gain antennas (~12dBi) are often required [14]. Indeed, in controlled environments, line-of-
sight (LOS) channels can be efficiently exploited using medium-gain passive antennas,
whereas directive beam steering antennas are desirable for non-line-of-sight (NLOS) channels
so as to comply with the power link budgets [14]-[18]. In our studies, we only consider LOS
scenarios and thus restrict our consideration to passive medium-gain antennas.

3.2. Influence of the antenna feeding

The influence of the antenna feeding is investigated when the antenna is placed on the human
body. At lower frequencies, patch antennas have been presented as the best solution for off-
body communications. However, at millimeter waves, the influence of spurious waves due to
the feeding lines on radiating patterns cannot be neglected. That is why, multilayer antenna
designs are generally considered in order to overcome this issue.

The interaction with the human body and two types of patch antennas is studied: (1) a linearly-
polarized antenna and (2) a linearly-polarized aperture coupled patch antenna. These antennas
are printed on a 0.127mm-thick RT Duroid 5880 substrate (h=127 µm, εr=2.2, tanδ=0.003).

3.2.1. Microstrip patch antenna

A simple patch antenna is optimized to achieve a maximum gain at 60 GHz. The dimensions
are given in Fig. 7. The reflection coefficient and radiation patterns are studied numerically in
free space and on the human body when the antenna is placed at 1mm above the phantom.
For the numerical modeling, a parallelepipedic 10 × 100 × 100 mm3 phantom is used and a
Debye model has been used to express the complex permittivity ε* of the skin-equivalent
phantom (see Section 2).
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The reflection coefficient is very slightly affected by the human body (Fig. 8) and the radiation
pattern remains stable at the opposite side of the human body, whereas the backward
radiations are highly reduced in H-plane (Fig. 9). These results demonstrate that microstrip
patch antennas are only slightly sensitive to the human body proximity at 60 GHz.

Figure 7. Microstrip patch antenna at 60 GHz.

Figure 8. Simulated reflection coefficient of the microstrip patch antenna. ── In free space. ─ ─ On the skin-equiva‐
lent phantom.
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Fig.9.  Simulated radiation pattern of the microstrip patch antenna. ── In free space. ─ ─ On the skin-equivalent phantom. 
 
 
3.2.2. Aperture coupled patch antenna 
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The reflection coefficient S11 (Fig.11) and radiation patterns (Fig.12) are investigated in free space and on the skin-equivalent 
phantom (antenna/body spacing h=1mm). It is worthwhile to note that the S11 is even less affected by the human body proximity for 
the ACPA. However, as far as the radiation pattern is concerned, the backward radiations are highly reduced (i.e. by at least 10 dB). 
This demonstrates that absorptions inside the body are higher for the ACPA and the SAR should be carefully studied. The gain is 
very slightly increased on the human body (Table 3). 
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Figure 12. Simulated radiation pattern of the aperture coupled patch antenna. ── In free space. ─ ─ On the skin-equivalent phantom. 

3.2.3. Specific Absorption Rate (SAR) comparison 

The SAR are compared for the microstrip patch antenna and ACPA for an antenna/body spacing h=1mm and for an 
incident power of 1W. The peak SAR obtained for the ACPA is 41 times higher compared to that obtained with the 
microstrip patch antenna. Therefore, it is not recommended to use ACPA because the input power would be highly 
limited compared to that of the microstrip patch antenna to comply with the exposure limits [22], resulting in a lower 
link budget (gain and efficiency remain almost equivalent for both antennas). 

 Microstrip patch antenna ACPA 
 Free space On the phantom Free space On the phantom 

Peak SAR (W/kg)1 - 279 - 11485 

Figure 10. Aperture coupled patch antenna. (a) 3D and (b) 2D schematic representation of the antenna model and
dimensions.
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The reflection coefficient is very slightly affected by the human body (Fig. 8) and the radiation
pattern remains stable at the opposite side of the human body, whereas the backward
radiations are highly reduced in H-plane (Fig. 9). These results demonstrate that microstrip
patch antennas are only slightly sensitive to the human body proximity at 60 GHz.
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Figure 11. Simulated reflection coefficient of the aperture coupled patch antenna. ── In free space. ─ ─ On the
skin-equivalent phantom.
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equivalent phantom. 
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Fig.12.  Simulated radiation pattern of the aperture coupled patch antenna. ── In free space. ─ ─ On the skin-equivalent 
phantom. 
 
3.2.3. Specific Absorption Rate (SAR) comparison 
The SAR are compared for the microstrip patch antenna and ACPA for an antenna/body spacing h=1mm and for an incident power 
of 1W. The peak SAR obtained for the ACPA is 41 times higher compared to that obtained with the microstrip patch antenna. 
Therefore, it is not recommended to use ACPA because the input power would be highly limited compared to that of the microstrip 
patch antenna to comply with the exposure limits [22], resulting in a lower link budget (gain and efficiency remain almost equivalent 
for both antennas). 
 

 Microstrip patch antenna ACPA 
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ACPA is 41 times higher compared to that obtained with the microstrip antenna. Therefore, it is highly recommended to avoid 
aperture coupled feeds. If it is necessary, the feeding line could be sandwiched between two substrates with top and bottom grounds 
[23]. 

Figure 12. Simulated radiation pattern of the aperture coupled patch antenna. ── In free space. ─ ─ On the skin-
equivalent phantom.

3.2.3. Specific Absorption Rate (SAR) comparison

The SAR are compared for the microstrip patch antenna and ACPA for an antenna/body
spacing h=1mm and for an incident power of 1W. The peak SAR obtained for the ACPA is 41
times higher compared to that obtained with the microstrip patch antenna. Therefore, it is not
recommended to use ACPA because the input power would be highly limited compared to
that of the microstrip patch antenna to comply with the exposure limits [22], resulting in a
lower link budget (gain and efficiency remain almost equivalent for both antennas).
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Efficiency (%) 79.31 74.44 84.58 77.67

Table 3. Peak SAR, gain, and efficiency for the microstrip patch antenna and ACPA. 1For an incident power of 1W

3.2.4. Conclusion

Two patch antennas have been compared numerically in free space and on a skin-equivalent
phantom. For the microstrip antenna and ACPA, the influence of the human body is very weak,
and their performances remain stable. However, the SAR resulting from the ACPA is 41 times
higher compared to that obtained with the microstrip antenna. Therefore, it is highly recom‐
mended to avoid aperture coupled feeds. If it is necessary, the feeding line could be sand‐
wiched between two substrates with top and bottom grounds [23].

3.3. Patch antenna array

3.3.1. Antenna model

To satisfy the criteria summarized in Section 3.1 and following the conclusions drawn in
Section 3.2, a microstrip-fed four-patch single-layer antenna array has been chosen [24]. It is
printed on a thin RT Duroid 5880 substrate (h=127 µm, εr=2.2, tanδ=0.003). The layout is
represented in Fig. 13a. A single rectangular patch antenna typically provides a 7 dBi gain; a
2×2 antenna array is chosen here to reach a gain of 12 dBi with about the same beamwidth in
E-and H-planes. The inter-element spacing is selected to achieve a good trade-off between high
gain and low side lobes. Similar 2×2 antenna arrays have already been reported in a multilayer
configuration [25] or fed by a coaxial probe [26],[27], which would make them difficult to
fabricate on flexible or textile substrates. Hence, here all patches are fed using a single-layer
corporate feed network. The antenna is linearly-polarized along y-direction, and, for meas‐
urement purposes, it is mounted on a 3 mm-thick ground plane (Fig. 13b) to avoid significant
substrate bending and to achieve an accurate and stable placement of a V-connector. In the
future BAN applications, this kind of antennas is expected to be directly integrated into the
clothing or wearable devices.

The inter-element spacing is selected to achieve a good trade-off between high gain and low side lobes. Similar 2×2 
antenna arrays have already been reported in a multilayer configuration [25] or fed by a coaxial probe [26],[27], which 
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mounted on a 3 mm-thick ground plane (Fig. 13b) to avoid significant substrate bending and to achieve an accurate and 
stable placement of a V-connector. In the future BAN applications, this kind of antennas is expected to be directly 
integrated into the clothing or wearable devices. 
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Figure 13. 2×2-patch single-layer antenna array at 60 GHz [24]. (a) Schematic representation of the antenna model and dimensions. (b) 
Manufactured antenna with a V-connector. 

3.3.2. Antenna performance 

The antenna reflection coefficient S11 was measured in free space and on the skin-equivalent phantom (Fig. 14). It 
remains below -10 dB from 59 GHz to 65 GHz. It is clear that the skin-equivalent phantom does not affect the antenna 
reflection coefficient. This is not the case at microwaves where a resonance shift is usually observed. 

In addition, the radiation patterns in E- and H-planes are plotted in Fig. 15 at 60 GHz. The gain was measured by the 
comparison method with a 20-dBi standard horn, and the directivity is found from a 3D radiation pattern measurement. 
It can be seen in Fig. 15 that front radiations remain very slightly affected. 

The backward radiation was measured separately in both configurations. Whereas the measured level on the phantom is 
mainly reduced in the E-plane (Fig. 15c) due to the absorption and reflection, it remains very slightly affected in the H-
plane (Fig. 15d). This could be expected since the absorption is higher when the E-field is parallel to the phantom surface 
[28]. These observations are in agreement with the calculated and measured SAR and incident power density (IPD) as 
shown in Fig. 16. More details regarding the measurement methodology can be found in [12]. 

At this frequency, the measured gains in free space and on the phantom equal 11.8 dBi (±0.3dB) and 11.9 dBi (±0.3dB), 
respectively. This demonstrates the small effect of the phantom presence. At 60 GHz, the measured directivity was 
assessed to be equal to 13.9 dBi (±0.3dB) and 14.1 dBi (±0.3dB), respectively. Comparison of the measured directivities 
with the measured gains leads to antenna efficiencies of 62% and 60%, respectively. This efficiency value is typical in V-
band for this kind of antennas and could be further improved, for instance using a fused quartz substrate [25] instead of 
RT Duroid 5880. Whereas the antenna efficiency at microwaves can be strongly affected by the body presence even for 
patch antennas [1], it is found here that it remains stable in V-band. 
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Figure 13. Patch single-layer antenna array at 60 GHz [24]. (a) Schematic representation of the antenna model and
dimensions. (b) Manufactured antenna with a V-connector.
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Figure 11. Simulated reflection coefficient of the aperture coupled patch antenna. ── In free space. ─ ─ On the
skin-equivalent phantom.
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Fig.12.  Simulated radiation pattern of the aperture coupled patch antenna. ── In free space. ─ ─ On the skin-equivalent 
phantom. 
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The SAR are compared for the microstrip patch antenna and ACPA for an antenna/body spacing h=1mm and for an incident power 
of 1W. The peak SAR obtained for the ACPA is 41 times higher compared to that obtained with the microstrip patch antenna. 
Therefore, it is not recommended to use ACPA because the input power would be highly limited compared to that of the microstrip 
patch antenna to comply with the exposure limits [22], resulting in a lower link budget (gain and efficiency remain almost equivalent 
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ACPA is 41 times higher compared to that obtained with the microstrip antenna. Therefore, it is highly recommended to avoid 
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3.2.3. Specific Absorption Rate (SAR) comparison

The SAR are compared for the microstrip patch antenna and ACPA for an antenna/body
spacing h=1mm and for an incident power of 1W. The peak SAR obtained for the ACPA is 41
times higher compared to that obtained with the microstrip patch antenna. Therefore, it is not
recommended to use ACPA because the input power would be highly limited compared to
that of the microstrip patch antenna to comply with the exposure limits [22], resulting in a
lower link budget (gain and efficiency remain almost equivalent for both antennas).
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phantom. For the microstrip antenna and ACPA, the influence of the human body is very weak,
and their performances remain stable. However, the SAR resulting from the ACPA is 41 times
higher compared to that obtained with the microstrip antenna. Therefore, it is highly recom‐
mended to avoid aperture coupled feeds. If it is necessary, the feeding line could be sand‐
wiched between two substrates with top and bottom grounds [23].
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To satisfy the criteria summarized in Section 3.1 and following the conclusions drawn in
Section 3.2, a microstrip-fed four-patch single-layer antenna array has been chosen [24]. It is
printed on a thin RT Duroid 5880 substrate (h=127 µm, εr=2.2, tanδ=0.003). The layout is
represented in Fig. 13a. A single rectangular patch antenna typically provides a 7 dBi gain; a
2×2 antenna array is chosen here to reach a gain of 12 dBi with about the same beamwidth in
E-and H-planes. The inter-element spacing is selected to achieve a good trade-off between high
gain and low side lobes. Similar 2×2 antenna arrays have already been reported in a multilayer
configuration [25] or fed by a coaxial probe [26],[27], which would make them difficult to
fabricate on flexible or textile substrates. Hence, here all patches are fed using a single-layer
corporate feed network. The antenna is linearly-polarized along y-direction, and, for meas‐
urement purposes, it is mounted on a 3 mm-thick ground plane (Fig. 13b) to avoid significant
substrate bending and to achieve an accurate and stable placement of a V-connector. In the
future BAN applications, this kind of antennas is expected to be directly integrated into the
clothing or wearable devices.

The inter-element spacing is selected to achieve a good trade-off between high gain and low side lobes. Similar 2×2 
antenna arrays have already been reported in a multilayer configuration [25] or fed by a coaxial probe [26],[27], which 
would make them difficult to fabricate on flexible or textile substrates. Hence, here all patches are fed using a single-
layer corporate feed network. The antenna is linearly-polarized along y-direction, and, for measurement purposes, it is 
mounted on a 3 mm-thick ground plane (Fig. 13b) to avoid significant substrate bending and to achieve an accurate and 
stable placement of a V-connector. In the future BAN applications, this kind of antennas is expected to be directly 
integrated into the clothing or wearable devices. 
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Manufactured antenna with a V-connector. 

3.3.2. Antenna performance 

The antenna reflection coefficient S11 was measured in free space and on the skin-equivalent phantom (Fig. 14). It 
remains below -10 dB from 59 GHz to 65 GHz. It is clear that the skin-equivalent phantom does not affect the antenna 
reflection coefficient. This is not the case at microwaves where a resonance shift is usually observed. 

In addition, the radiation patterns in E- and H-planes are plotted in Fig. 15 at 60 GHz. The gain was measured by the 
comparison method with a 20-dBi standard horn, and the directivity is found from a 3D radiation pattern measurement. 
It can be seen in Fig. 15 that front radiations remain very slightly affected. 

The backward radiation was measured separately in both configurations. Whereas the measured level on the phantom is 
mainly reduced in the E-plane (Fig. 15c) due to the absorption and reflection, it remains very slightly affected in the H-
plane (Fig. 15d). This could be expected since the absorption is higher when the E-field is parallel to the phantom surface 
[28]. These observations are in agreement with the calculated and measured SAR and incident power density (IPD) as 
shown in Fig. 16. More details regarding the measurement methodology can be found in [12]. 

At this frequency, the measured gains in free space and on the phantom equal 11.8 dBi (±0.3dB) and 11.9 dBi (±0.3dB), 
respectively. This demonstrates the small effect of the phantom presence. At 60 GHz, the measured directivity was 
assessed to be equal to 13.9 dBi (±0.3dB) and 14.1 dBi (±0.3dB), respectively. Comparison of the measured directivities 
with the measured gains leads to antenna efficiencies of 62% and 60%, respectively. This efficiency value is typical in V-
band for this kind of antennas and could be further improved, for instance using a fused quartz substrate [25] instead of 
RT Duroid 5880. Whereas the antenna efficiency at microwaves can be strongly affected by the body presence even for 
patch antennas [1], it is found here that it remains stable in V-band. 
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Figure 13. Patch single-layer antenna array at 60 GHz [24]. (a) Schematic representation of the antenna model and
dimensions. (b) Manufactured antenna with a V-connector.
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3.3.2. Antenna performance

The antenna reflection coefficient S11 was measured in free space and on the skin-equivalent
phantom (Fig. 14). It remains below-10 dB from 59 GHz to 65 GHz. It is clear that the skin-
equivalent phantom does not affect the antenna reflection coefficient. This is not the case at
microwaves where a resonance shift is usually observed.

In addition, the radiation patterns in E-and H-planes are plotted in Fig. 15 at 60 GHz. The gain
was measured by the comparison method with a 20-dBi standard horn, and the directivity is
found from a 3D radiation pattern measurement. It can be seen in Fig. 15 that front radiations
remain very slightly affected.

The backward radiation was measured separately in both configurations. Whereas the
measured level on the phantom is mainly reduced in the E-plane (Fig. 15c) due to the absorp‐
tion and reflection, it remains very slightly affected in the H-plane (Fig. 15d). This could be
expected since the absorption is higher when the E-field is parallel to the phantom surface [28].
These observations are in agreement with the calculated and measured SAR and incident
power density (IPD) as shown in Fig. 16. More details regarding the measurement methodol‐
ogy can be found in [12].

At this frequency, the measured gains in free space and on the phantom equal 11.8 dBi (±0.3dB)
and 11.9 dBi (±0.3dB), respectively. This demonstrates the small effect of the phantom presence.
At 60 GHz, the measured directivity was assessed to be equal to 13.9 dBi (±0.3dB) and 14.1 dBi
(±0.3dB), respectively. Comparison of the measured directivities with the measured gains leads
to antenna efficiencies of 62% and 60%, respectively. This efficiency value is typical in V-band
for this kind of antennas and could be further improved, for instance using a fused quartz
substrate [25] instead of RT Duroid 5880. Whereas the antenna efficiency at microwaves can
be strongly affected by the body presence even for patch antennas [1], it is found here that it
remains stable in V-band.
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Figure 14. Measured reflection coefficient of the antenna. ——– In free space. ××× On the skin-equivalent phantom.
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(a) E-plane (front radiation) (b) H-plane (front radiation) 

(c) E-plane (back radiation: co-pol only) (d) H-plane (back radiation: co-pol only) 
Fig.15.  Measured normalized radiation patterns at 60 GHz in E- and H-planes. ── Measurement in free space. - - - Measurement on 
the phantom. 

 
 Fig.16.  SAR and IPD distributions at 60 GHz. (Left) Numerical results for the antenna on the skin. (Right) Measurements on the 
skin-equivalent phantom. Pin = 322 mW. 
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Figure 15. Measured normalized radiation patterns at 60 GHz in E-and H-planes. ── Measurement in free space. ---
Measurement on the phantom.

Figure 16. SAR and IPD distributions at 60 GHz. (Left) Numerical results for the antenna on the skin. (Right) Measure‐
ments on the skin-equivalent phantom. Pin=322 mW.
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3.3.2. Antenna performance

The antenna reflection coefficient S11 was measured in free space and on the skin-equivalent
phantom (Fig. 14). It remains below-10 dB from 59 GHz to 65 GHz. It is clear that the skin-
equivalent phantom does not affect the antenna reflection coefficient. This is not the case at
microwaves where a resonance shift is usually observed.

In addition, the radiation patterns in E-and H-planes are plotted in Fig. 15 at 60 GHz. The gain
was measured by the comparison method with a 20-dBi standard horn, and the directivity is
found from a 3D radiation pattern measurement. It can be seen in Fig. 15 that front radiations
remain very slightly affected.

The backward radiation was measured separately in both configurations. Whereas the
measured level on the phantom is mainly reduced in the E-plane (Fig. 15c) due to the absorp‐
tion and reflection, it remains very slightly affected in the H-plane (Fig. 15d). This could be
expected since the absorption is higher when the E-field is parallel to the phantom surface [28].
These observations are in agreement with the calculated and measured SAR and incident
power density (IPD) as shown in Fig. 16. More details regarding the measurement methodol‐
ogy can be found in [12].

At this frequency, the measured gains in free space and on the phantom equal 11.8 dBi (±0.3dB)
and 11.9 dBi (±0.3dB), respectively. This demonstrates the small effect of the phantom presence.
At 60 GHz, the measured directivity was assessed to be equal to 13.9 dBi (±0.3dB) and 14.1 dBi
(±0.3dB), respectively. Comparison of the measured directivities with the measured gains leads
to antenna efficiencies of 62% and 60%, respectively. This efficiency value is typical in V-band
for this kind of antennas and could be further improved, for instance using a fused quartz
substrate [25] instead of RT Duroid 5880. Whereas the antenna efficiency at microwaves can
be strongly affected by the body presence even for patch antennas [1], it is found here that it
remains stable in V-band.

55 57 59 61 63 65
-25

-20

-15

-10

-5

0

Frequency (GHz)

S 11
 (d

B)

Figure 14. Measured reflection coefficient of the antenna. ——– In free space. ××× On the skin-equivalent phantom.
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(a) E-plane (front radiation) (b) H-plane (front radiation) 

(c) E-plane (back radiation: co-pol only) (d) H-plane (back radiation: co-pol only) 
Fig.15.  Measured normalized radiation patterns at 60 GHz in E- and H-planes. ── Measurement in free space. - - - Measurement on 
the phantom. 

 
 Fig.16.  SAR and IPD distributions at 60 GHz. (Left) Numerical results for the antenna on the skin. (Right) Measurements on the 
skin-equivalent phantom. Pin = 322 mW. 
 
 

-90 -45 0 45 90

-40

-30

-20

-10

0

N
or

m
al

iz
ed

 g
ai

n 
(d

B
)

Angle (Degree)

cross-pol

co-pol

-90 -45 0 45 90

-40

-30

-20

-10

0

N
or

m
al

iz
e 

ga
in

 (d
B

)

Angle (Degree)

co-pol

cross-pol

270 225 180 135 90

-40

-30

-20

-10

0

N
or

m
al

iz
ed

 g
ai

n 
(d

B
)

Angle (Degree)
270 225 180 135 90

-40

-30

-20

-10

0

N
or

m
al

iz
ed

 g
ai

n 
(d

B
)

Angle (Degree)

Figure 15. Measured normalized radiation patterns at 60 GHz in E-and H-planes. ── Measurement in free space. ---
Measurement on the phantom.

Figure 16. SAR and IPD distributions at 60 GHz. (Left) Numerical results for the antenna on the skin. (Right) Measure‐
ments on the skin-equivalent phantom. Pin=322 mW.
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3.4. Textile antennas

Textile antennas at millimeter waves could be of great interest for many applications. However,
on-textile fabrication process is very challenging at these frequencies, especially due to the
roughness of the textile surface and the size of textile fibers and electrotextiles with respect to
the geometrical dimensions of the metallic patterns.

It was demonstrated in [29] that commercial textiles can be used as antenna substrates at
millimeter waves. Some results are presented here showing a 60-GHz textile-based antenna
for off-body wireless communications with the ability to be bent and deformed into an
arbitrary shape. A simple, but representative patch antenna array is fabricated using an ad-
hoc manufacturing process. Compared to the antenna presented in Section 3.3, this results in
a highly flexible antenna.

3.4.1. Technological fabrication process

The fabrication process of millimeter-wave textile antennas has been presented in [29] and [31]
(Fig. 17). The first step (Fig. 17a) consists in placing an electrotextile layer (e.g. ShieldIt Super)
on the lower side of the textile (ground plane), and flexible copper foil on the top side. The
second step (Fig. 17b) consists in micromachining the copper foil using a laser machine with
optimized laser parameters to avoid any damage of the textile substrate such as ragged or
burnt edges.

Hence, using a laser machine (ProtoLaser S, LPKF, OR, USA) operating at 1064nm with a pulse
duration of 7.5ns and a spot size equals 25 µm, the laser parameters were optimized. A laser
fluence of 24.4 mJ/cm2 with three cycles on the surface of the substrate has been used for the
copper foil ablation (repetition rate=75 kHz, power=16.0 W) without affecting the textile
substrate. These fabrication conditions lead to a geometrical accuracy of about 10 µm. It is
worthwhile to underline that the accuracy reported so far with two conductive fabrics, namely
knitted P130 and woven Nora fabric, is only about ±0.5mm and ±0.15mm, respectively [32].
Finally, the last step (Fig. 17c) consists in manually removing the unwanted parts of the copper
foil from the surface of the textile.

 
(a) Substrate preparation (b) Laser ablation (c) Removing of undesired parts 

Figure 17. Main technological steps for the manufacturing of printed circuits and antennas on textiles in V-band. 

 
 (a) (b) (c) 

 
(d) (e) (f) 

Figure 18. Examples of fabricated textile antennas and microstrip lines. 

3.4.2. Textile characterization 

The choice of a substrate thickness, dielectric constant εr and loss tangent tanδ is essential when it comes to millimeter 
waves in order to avoid losses and also to enhance the efficiency. The methodology employed to retrieve the dielectric 
properties of any textile layer is explained here. As an example, this methodology is applied to a 0.2 mm-thick cotton 
woven fabric extracted from a shirt. Its permittivity and loss tangent are determined in V-band as explained below. The 
devices under test have been manufactured using the fabrication process described in Section 3.4.1. 

The characterization technique is simple and straightforward and consists in two parts: 

 First, the relative permittivity is retrieved using the open-stub technique. To this end, we have designed a 
transmission line loaded by an open-ended parallel stub (Fig. 18b) whose length ls is chosen to provide a resonance 
close to 60 GHz. The resonant frequency is measured in transmission with a V-band Anritsu universal test fixture 
3680 V (Fig. 18b) connected to an Agilent 8510XF vector network analyzer (VNA). The measurement set-up has been 
calibrated using a full 2-port calibration procedure. The measured transmission coefficient S21 is represented in Fig. 
19a (solid line) from 10 to 65 GHz. In simulations, the relative permittivity of the textile is tuned numerically until 
the theoretical S21 curve coincides with the measured one. 

 Second, the loss tangent is estimated through a differential measurement in transmission of two matched 50-Ω 
microstrip lines of different lengths (Fig. 18c). This enables determination of the total insertion loss (Fig. 19b), and 
tanδ is found by fitting the measured and simulated data. Our experimental data show that the insertion loss of 
transmission lines fabricated on cotton woven fabric reaches about 1.6 dB/cm at 60 GHz, which is larger than values 
obtained with conventional substrates [29]. 

Figure 17. Main technological steps for the manufacturing of printed circuits and antennas on textiles in V-band.

Whereas in most fabrication processes reported so far, the metallic part is cut separately and
then adhered to the dielectric layer, cutting out the desired pattern directly on the dielectric
layer avoids additional discrepancies. Example of manufactured microstrip antennas and lines
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are shown in Fig. 18. The devices are very flexible and the pattern quality (dimensions,
sharpness of the edges) is very satisfactory (Fig. 18). 

(a) Substrate preparation (b) Laser ablation (c) Removing of undesired parts 
Figure 17. Main technological steps for the manufacturing of printed circuits and antennas on textiles in V-band. 

 
 (a) (b) (c) 

 
(d) (e) (f) 

Figure 18. Examples of fabricated textile antennas and microstrip lines. 
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devices under test have been manufactured using the fabrication process described in Section 3.4.1. 
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 First, the relative permittivity is retrieved using the open-stub technique. To this end, we have designed a 
transmission line loaded by an open-ended parallel stub (Fig. 18b) whose length ls is chosen to provide a resonance 
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tanδ is found by fitting the measured and simulated data. Our experimental data show that the insertion loss of 
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obtained with conventional substrates [29]. 

Figure 18. Examples of fabricated textile antennas and microstrip lines.

3.4.2. Textile characterization

The choice of a substrate thickness, dielectric constant εr and loss tangent tanδ is essential when
it comes to millimeter waves in order to avoid losses and also to enhance the efficiency. The
methodology employed to retrieve the dielectric properties of any textile layer is explained
here. As an example, this methodology is applied to a 0.2 mm-thick cotton woven fabric
extracted from a shirt. Its permittivity and loss tangent are determined in V-band as explained
below. The devices under test have been manufactured using the fabrication process described
in Section 3.4.1.

The characterization technique is simple and straightforward and consists in two parts:

• First, the relative permittivity is retrieved using the open-stub technique. To this end, we
have designed a transmission line loaded by an open-ended parallel stub (Fig. 18b) whose
length ls is chosen to provide a resonance close to 60 GHz. The resonant frequency is
measured in transmission with a V-band Anritsu universal test fixture 3680 V (Fig. 18b)
connected to an Agilent 8510XF vector network analyzer (VNA). The measurement set-up
has been calibrated using a full 2-port calibration procedure. The measured transmission
coefficient S21 is represented in Fig. 19a (solid line) from 10 to 65 GHz. In simulations, the
relative permittivity of the textile is tuned numerically until the theoretical S21 curve
coincides with the measured one.

• Second, the loss tangent is estimated through a differential measurement in transmission of
two matched 50-Ω microstrip lines of different lengths (Fig. 18c). This enables determination
of the total insertion loss (Fig. 19b), and tanδ is found by fitting the measured and simulated
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3.4. Textile antennas

Textile antennas at millimeter waves could be of great interest for many applications. However,
on-textile fabrication process is very challenging at these frequencies, especially due to the
roughness of the textile surface and the size of textile fibers and electrotextiles with respect to
the geometrical dimensions of the metallic patterns.

It was demonstrated in [29] that commercial textiles can be used as antenna substrates at
millimeter waves. Some results are presented here showing a 60-GHz textile-based antenna
for off-body wireless communications with the ability to be bent and deformed into an
arbitrary shape. A simple, but representative patch antenna array is fabricated using an ad-
hoc manufacturing process. Compared to the antenna presented in Section 3.3, this results in
a highly flexible antenna.

3.4.1. Technological fabrication process

The fabrication process of millimeter-wave textile antennas has been presented in [29] and [31]
(Fig. 17). The first step (Fig. 17a) consists in placing an electrotextile layer (e.g. ShieldIt Super)
on the lower side of the textile (ground plane), and flexible copper foil on the top side. The
second step (Fig. 17b) consists in micromachining the copper foil using a laser machine with
optimized laser parameters to avoid any damage of the textile substrate such as ragged or
burnt edges.

Hence, using a laser machine (ProtoLaser S, LPKF, OR, USA) operating at 1064nm with a pulse
duration of 7.5ns and a spot size equals 25 µm, the laser parameters were optimized. A laser
fluence of 24.4 mJ/cm2 with three cycles on the surface of the substrate has been used for the
copper foil ablation (repetition rate=75 kHz, power=16.0 W) without affecting the textile
substrate. These fabrication conditions lead to a geometrical accuracy of about 10 µm. It is
worthwhile to underline that the accuracy reported so far with two conductive fabrics, namely
knitted P130 and woven Nora fabric, is only about ±0.5mm and ±0.15mm, respectively [32].
Finally, the last step (Fig. 17c) consists in manually removing the unwanted parts of the copper
foil from the surface of the textile.
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Figure 17. Main technological steps for the manufacturing of printed circuits and antennas on textiles in V-band. 
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Figure 18. Examples of fabricated textile antennas and microstrip lines. 
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transmission lines fabricated on cotton woven fabric reaches about 1.6 dB/cm at 60 GHz, which is larger than values 
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Whereas in most fabrication processes reported so far, the metallic part is cut separately and
then adhered to the dielectric layer, cutting out the desired pattern directly on the dielectric
layer avoids additional discrepancies. Example of manufactured microstrip antennas and lines
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are shown in Fig. 18. The devices are very flexible and the pattern quality (dimensions,
sharpness of the edges) is very satisfactory (Fig. 18). 
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3.4.2. Textile characterization

The choice of a substrate thickness, dielectric constant εr and loss tangent tanδ is essential when
it comes to millimeter waves in order to avoid losses and also to enhance the efficiency. The
methodology employed to retrieve the dielectric properties of any textile layer is explained
here. As an example, this methodology is applied to a 0.2 mm-thick cotton woven fabric
extracted from a shirt. Its permittivity and loss tangent are determined in V-band as explained
below. The devices under test have been manufactured using the fabrication process described
in Section 3.4.1.

The characterization technique is simple and straightforward and consists in two parts:

• First, the relative permittivity is retrieved using the open-stub technique. To this end, we
have designed a transmission line loaded by an open-ended parallel stub (Fig. 18b) whose
length ls is chosen to provide a resonance close to 60 GHz. The resonant frequency is
measured in transmission with a V-band Anritsu universal test fixture 3680 V (Fig. 18b)
connected to an Agilent 8510XF vector network analyzer (VNA). The measurement set-up
has been calibrated using a full 2-port calibration procedure. The measured transmission
coefficient S21 is represented in Fig. 19a (solid line) from 10 to 65 GHz. In simulations, the
relative permittivity of the textile is tuned numerically until the theoretical S21 curve
coincides with the measured one.

• Second, the loss tangent is estimated through a differential measurement in transmission of
two matched 50-Ω microstrip lines of different lengths (Fig. 18c). This enables determination
of the total insertion loss (Fig. 19b), and tanδ is found by fitting the measured and simulated
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data. Our experimental data show that the insertion loss of transmission lines fabricated on
cotton woven fabric reaches about 1.6 dB/cm at 60 GHz, which is larger than values obtained
with conventional substrates [29].

The best agreement between simulations and experiments is obtained with εr=2.0 and
tanδ=0.02. These values will be used for the antenna design. Since commercial textiles are lossy,
a slight deviation in the determination of their loss-tangent would have a minor impact.
Therefore, deviations due to the use of electromagnetic software are considered as acceptable.

The insertion loss of a 50-Ω microstrip line printed on a 0.2mm-thick textile is about 1.6
dB/cm, which is quite important compared to conventional substrates such as RT Duroid 5880,
fused quartz and alumina [29]. However, these substrates are not as flexible as textiles. For a
fair comparison, we should consider a flexible substrate such as PDMS where the insertion
losses are much more important (~3 dB/cm for a 0.2mm-thick PDMS) [30].

 
(a)  (b) 

Figure 19. (a) Transmission coefficient S21 of the stub loaded microstrip line (ls=4.58 mm, L=50 mm. (b) Insertion loss of a 50 Ω line. The 
numerical data assume εr=2.0 and tanδ=0.02. Measured (——) and computed (– –) data. 

3.4.3. Microstrip patch antenna 

The fabricated textile patch antenna operating at 60 GHz is shown in Fig. 20a. For measurement purpose, it is integrated 
with a V-connector. The flexibility of the antenna is demonstrated in Fig. 20b. The antenna was optimized to operate at 
60 GHz using CST Microwave Studio. The reflection coefficient and radiation pattern of the textile antenna have been 
characterized in free space and on a parallepipedic skin-equivalent phantom (10×100×100 mm3). The complex 
permittivity of the phantom equals that of human skin within the maximum error of 10% in the 57-64 GHz range [12]. 

First, the simulated and measured reflection coefficient is represented in Fig. 21. A frequency shift of only 2.5% is 
observed between computed and simulated results. It could be due to a change in the substrate permittivity and under- 
or over-etching of the microstrip line. Whereas at microwave frequencies patch antennas experience shift in resonance 
frequency [1], it can be seen that the reflection coefficient of the proposed antenna is immune from the human body 
proximity. 

Measured radiation patterns in free space and on the homogeneous phantom were measured at 60 GHz. It was observed 
that the radiation pattern is very slightly affected by the phantom. The simulated and measured gains equal 4.3 dBi and 
4.2 dBi, respectively. On the phantom, the maximum gain is decreased by 0.2 dB and 0.7dB in simulation and in 
measurement, respectively. Hence, whereas at microwaves patch antennas could be highly affected in terms of gain and 
efficiency [1], at millimeter waves the antenna performances remains unchanged. 
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Figure 20. Photography of the fabricated patch antenna with a V-connector. 
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Figure 19. a) Transmission coefficient S21 of the stub loaded microstrip line (ls=4.58 mm, L=50 mm. (b) Insertion loss of
a 50 Ω line. The numerical data assume εr=2.0 and tanδ=0.02. Measured (——) and computed (– –) data.

3.4.3. Microstrip patch antenna

The fabricated textile patch antenna operating at 60 GHz is shown in Fig. 20a. For measurement
purpose, it is integrated with a V-connector. The flexibility of the antenna is demonstrated in
Fig. 20b. The antenna was optimized to operate at 60 GHz using CST Microwave Studio. The
reflection coefficient and radiation pattern of the textile antenna have been characterized in
free space and on a parallepipedic skin-equivalent phantom (10×100×100 mm3). The complex
permittivity of the phantom equals that of human skin within the maximum error of 10% in
the 57-64 GHz range [12].

First, the simulated and measured reflection coefficient is represented in Fig. 21. A frequency
shift of only 2.5% is observed between computed and simulated results. It could be due to a
change in the substrate permittivity and under-or over-etching of the microstrip line. Whereas
at microwave frequencies patch antennas experience shift in resonance frequency [1], it can be
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seen that the reflection coefficient of the proposed antenna is immune from the human body
proximity.

Measured radiation patterns in free space and on the homogeneous phantom were measured
at 60 GHz. It was observed that the radiation pattern is very slightly affected by the phantom.
The simulated and measured gains equal 4.3 dBi and 4.2 dBi, respectively. On the phantom,
the maximum gain is decreased by 0.2 dB and 0.7dB in simulation and in measurement,
respectively. Hence, whereas at microwaves patch antennas could be highly affected in terms
of gain and efficiency [1], at millimeter waves the antenna performances remains unchanged.

The fabricated textile patch antenna operating at 60 GHz is shown in Fig. 20a. For measurement purpose, it is integrated 
with a V-connector. The flexibility of the antenna is demonstrated in Fig. 20b. The antenna was optimized to operate at 
60 GHz using CST Microwave Studio. The reflection coefficient and radiation pattern of the textile antenna have been 
characterized in free space and on a parallepipedic skin-equivalent phantom (10×100×100 mm3). The complex 
permittivity of the phantom equals that of human skin within the maximum error of 10% in the 57-64 GHz range [12]. 

First, the simulated and measured reflection coefficient is represented in Fig. 21. A frequency shift of only 2.5% is 
observed between computed and simulated results. It could be due to a change in the substrate permittivity and under- 
or over-etching of the microstrip line. Whereas at microwave frequencies patch antennas experience shift in resonance 
frequency [1], it can be seen that the reflection coefficient of the proposed antenna is immune from the human body 
proximity. 

Measured radiation patterns in free space and on the homogeneous phantom were measured at 60 GHz. It was observed 
that the radiation pattern is very slightly affected by the phantom. The simulated and measured gains equal 4.3 dBi and 
4.2 dBi, respectively. On the phantom, the maximum gain is decreased by 0.2 dB and 0.7dB in simulation and in 
measurement, respectively. Hence, whereas at microwaves patch antennas could be highly affected in terms of gain and 
efficiency [1], at millimeter waves the antenna performances remains unchanged. 
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Figure 20. Photography of the fabricated patch antenna with a V-connector. 

 

Figure 21. Reflection coefficient of the wearable patch antenna. —–  Computed result in free space. —– Measured result in free space. 
—■—Measured result on the skin-equivalent phantom. 

3.4.4. Microstrip patch antenna array 

A microstrip-fed four-patch single-layer antenna array printed on the 0.2mm-thick textile has been designed (Fig. 22a) 
[29]. The array is fed by a 15.2mm-long microstrip line to avoid too strong reflections from the V-connector (Fig. 22). In 
practice, as textiles are more lossy than classical substrates, it is recommended to reduce the access line length as much as 
possible. Whereas the antenna could be fed using a central probe, (as shown in Fig. 22b), the microstrip feed line is the 
easiest solution to perform measurements on textile. We will discuss the impact of this microstrip line in terms of loss 
and distortion of the radiation pattern. The fabricated antenna integrated with a V-connector is shown in Fig. 23. 
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3.4.4. Microstrip patch antenna array

A microstrip-fed four-patch single-layer antenna array printed on the 0.2mm-thick textile has
been designed (Fig. 22a) [29]. The array is fed by a 15.2mm-long microstrip line to avoid too
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data. Our experimental data show that the insertion loss of transmission lines fabricated on
cotton woven fabric reaches about 1.6 dB/cm at 60 GHz, which is larger than values obtained
with conventional substrates [29].

The best agreement between simulations and experiments is obtained with εr=2.0 and
tanδ=0.02. These values will be used for the antenna design. Since commercial textiles are lossy,
a slight deviation in the determination of their loss-tangent would have a minor impact.
Therefore, deviations due to the use of electromagnetic software are considered as acceptable.

The insertion loss of a 50-Ω microstrip line printed on a 0.2mm-thick textile is about 1.6
dB/cm, which is quite important compared to conventional substrates such as RT Duroid 5880,
fused quartz and alumina [29]. However, these substrates are not as flexible as textiles. For a
fair comparison, we should consider a flexible substrate such as PDMS where the insertion
losses are much more important (~3 dB/cm for a 0.2mm-thick PDMS) [30].
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Figure 19. (a) Transmission coefficient S21 of the stub loaded microstrip line (ls=4.58 mm, L=50 mm. (b) Insertion loss of a 50 Ω line. The 
numerical data assume εr=2.0 and tanδ=0.02. Measured (——) and computed (– –) data. 

3.4.3. Microstrip patch antenna 

The fabricated textile patch antenna operating at 60 GHz is shown in Fig. 20a. For measurement purpose, it is integrated 
with a V-connector. The flexibility of the antenna is demonstrated in Fig. 20b. The antenna was optimized to operate at 
60 GHz using CST Microwave Studio. The reflection coefficient and radiation pattern of the textile antenna have been 
characterized in free space and on a parallepipedic skin-equivalent phantom (10×100×100 mm3). The complex 
permittivity of the phantom equals that of human skin within the maximum error of 10% in the 57-64 GHz range [12]. 

First, the simulated and measured reflection coefficient is represented in Fig. 21. A frequency shift of only 2.5% is 
observed between computed and simulated results. It could be due to a change in the substrate permittivity and under- 
or over-etching of the microstrip line. Whereas at microwave frequencies patch antennas experience shift in resonance 
frequency [1], it can be seen that the reflection coefficient of the proposed antenna is immune from the human body 
proximity. 

Measured radiation patterns in free space and on the homogeneous phantom were measured at 60 GHz. It was observed 
that the radiation pattern is very slightly affected by the phantom. The simulated and measured gains equal 4.3 dBi and 
4.2 dBi, respectively. On the phantom, the maximum gain is decreased by 0.2 dB and 0.7dB in simulation and in 
measurement, respectively. Hence, whereas at microwaves patch antennas could be highly affected in terms of gain and 
efficiency [1], at millimeter waves the antenna performances remains unchanged. 
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Figure 20. Photography of the fabricated patch antenna with a V-connector. 
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Figure 19. a) Transmission coefficient S21 of the stub loaded microstrip line (ls=4.58 mm, L=50 mm. (b) Insertion loss of
a 50 Ω line. The numerical data assume εr=2.0 and tanδ=0.02. Measured (——) and computed (– –) data.

3.4.3. Microstrip patch antenna

The fabricated textile patch antenna operating at 60 GHz is shown in Fig. 20a. For measurement
purpose, it is integrated with a V-connector. The flexibility of the antenna is demonstrated in
Fig. 20b. The antenna was optimized to operate at 60 GHz using CST Microwave Studio. The
reflection coefficient and radiation pattern of the textile antenna have been characterized in
free space and on a parallepipedic skin-equivalent phantom (10×100×100 mm3). The complex
permittivity of the phantom equals that of human skin within the maximum error of 10% in
the 57-64 GHz range [12].

First, the simulated and measured reflection coefficient is represented in Fig. 21. A frequency
shift of only 2.5% is observed between computed and simulated results. It could be due to a
change in the substrate permittivity and under-or over-etching of the microstrip line. Whereas
at microwave frequencies patch antennas experience shift in resonance frequency [1], it can be
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seen that the reflection coefficient of the proposed antenna is immune from the human body
proximity.

Measured radiation patterns in free space and on the homogeneous phantom were measured
at 60 GHz. It was observed that the radiation pattern is very slightly affected by the phantom.
The simulated and measured gains equal 4.3 dBi and 4.2 dBi, respectively. On the phantom,
the maximum gain is decreased by 0.2 dB and 0.7dB in simulation and in measurement,
respectively. Hence, whereas at microwaves patch antennas could be highly affected in terms
of gain and efficiency [1], at millimeter waves the antenna performances remains unchanged.

The fabricated textile patch antenna operating at 60 GHz is shown in Fig. 20a. For measurement purpose, it is integrated 
with a V-connector. The flexibility of the antenna is demonstrated in Fig. 20b. The antenna was optimized to operate at 
60 GHz using CST Microwave Studio. The reflection coefficient and radiation pattern of the textile antenna have been 
characterized in free space and on a parallepipedic skin-equivalent phantom (10×100×100 mm3). The complex 
permittivity of the phantom equals that of human skin within the maximum error of 10% in the 57-64 GHz range [12]. 

First, the simulated and measured reflection coefficient is represented in Fig. 21. A frequency shift of only 2.5% is 
observed between computed and simulated results. It could be due to a change in the substrate permittivity and under- 
or over-etching of the microstrip line. Whereas at microwave frequencies patch antennas experience shift in resonance 
frequency [1], it can be seen that the reflection coefficient of the proposed antenna is immune from the human body 
proximity. 

Measured radiation patterns in free space and on the homogeneous phantom were measured at 60 GHz. It was observed 
that the radiation pattern is very slightly affected by the phantom. The simulated and measured gains equal 4.3 dBi and 
4.2 dBi, respectively. On the phantom, the maximum gain is decreased by 0.2 dB and 0.7dB in simulation and in 
measurement, respectively. Hence, whereas at microwaves patch antennas could be highly affected in terms of gain and 
efficiency [1], at millimeter waves the antenna performances remains unchanged. 
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Figure 20. Photography of the fabricated patch antenna with a V-connector. 

 

Figure 21. Reflection coefficient of the wearable patch antenna. —–  Computed result in free space. —– Measured result in free space. 
—■—Measured result on the skin-equivalent phantom. 

3.4.4. Microstrip patch antenna array 

A microstrip-fed four-patch single-layer antenna array printed on the 0.2mm-thick textile has been designed (Fig. 22a) 
[29]. The array is fed by a 15.2mm-long microstrip line to avoid too strong reflections from the V-connector (Fig. 22). In 
practice, as textiles are more lossy than classical substrates, it is recommended to reduce the access line length as much as 
possible. Whereas the antenna could be fed using a central probe, (as shown in Fig. 22b), the microstrip feed line is the 
easiest solution to perform measurements on textile. We will discuss the impact of this microstrip line in terms of loss 
and distortion of the radiation pattern. The fabricated antenna integrated with a V-connector is shown in Fig. 23. 

Figure 20. Photography of the fabricated patch antenna with a V-connector.

Figure 21. Reflection coefficient of the wearable patch antenna. ── Computed result in free space.── Measured
result in free space. —■—Measured result on the skin-equivalent phantom.

3.4.4. Microstrip patch antenna array

A microstrip-fed four-patch single-layer antenna array printed on the 0.2mm-thick textile has
been designed (Fig. 22a) [29]. The array is fed by a 15.2mm-long microstrip line to avoid too
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strong reflections from the V-connector (Fig. 22). In practice, as textiles are more lossy than
classical substrates, it is recommended to reduce the access line length as much as possible.
Whereas the antenna could be fed using a central probe, (as shown in Fig. 22b), the microstrip
feed line is the easiest solution to perform measurements on textile. We will discuss the impact
of this microstrip line in terms of loss and distortion of the radiation pattern. The fabricated
antenna integrated with a V-connector is shown in Fig. 23.

Its reflection coefficient S11 is measured using a 110-GHz Agilent 8510XF VNA and is shown in
Fig. 24. Excellent agreement is obtained between simulated and measured results. The reprodu‐
cibility of these results has been demonstrated and more information can be found in [29].

  
(a) (b) 

Figure 22. Layout of the microstrip antenna array printed on textile. (a) Antenna fed using a long microstrip line. (b) Antenna fed using 
a central coaxial probe. 

 

Figure 23. Measurement set-up on the skin-equivalent phantom for a distance between the ground plane and the phantom equal to d=0 
mm. 

 

Figure 24. Reflection coefficient of the microstrip antenna array printed on textile. —□— Measured. - - - Simulated. 

The radiation patterns in E- and H-planes were measured in IETR’s millimeter-wave anechoic chamber. The gain was 
measured by the comparison method with a 20-dBi standard horn, and the directivity is found from a 3D radiation 
pattern measurement. The co-polarization components measured in E- and H-planes at 60 GHz are in a good agreement 
with the computed ones (Fig. 25). In E-plane, the non-symmetry of the co-polarization component is attributed to the 
spurious radiation of feeding lines whose width is larger compared to standard substrates at millimeter waves like RT 
Duroid 5880 (see Section 3.3), or other commonly used substrate such as fused quartz or Alumina. The main 
characteristics of these three different substrates are compared in [29] with those of the textile used here. These data 
show that textile exhibits higher loss and that feeding lines are larger. 
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Figure 22. Layout of the microstrip antenna array printed on textile. (a) Antenna fed using a long microstrip line. (b)
Antenna fed using a central coaxial probe.

Figure 23. Measurement set-up on the skin-equivalent phantom for a distance between the ground plane and the
phantom equal to d=0 mm.

The radiation patterns in E-and H-planes were measured in IETR’s millimeter-wave anechoic
chamber. The gain was measured by the comparison method with a 20-dBi standard horn, and
the directivity is found from a 3D radiation pattern measurement. The co-polarization
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components measured in E-and H-planes at 60 GHz are in a good agreement with the
computed ones (Fig. 25). In E-plane, the non-symmetry of the co-polarization component is
attributed to the spurious radiation of feeding lines whose width is larger compared to
standard substrates at millimeter waves like RT Duroid 5880 (see Section 3.3), or other
commonly used substrate such as fused quartz or Alumina. The main characteristics of these
three different substrates are compared in [29] with those of the textile used here. These data
show that textile exhibits higher loss and that feeding lines are larger.

The simulated cross-polarization level remains lower than –20 dB at broadside in E-and H-
planes. As expected and as already noticed in many previous papers (e.g. [24]), the measured
values are much higher due to reflections and scattering on the V-connector and metallic
support (Fig. 25b).

Besides, simulations have shown that the V-connector also affects the gain and directivity;
therefore, for comparison purpose, these results are given for both configurations (i.e. with
and without connector). The cross-polarization level could be further improved using a
multilayer antenna design, e.g. [25]. However, as explained in Section 3.2, the latter is not
recommended for on-body applications due to the relatively high SAR levels.

The effect of the central microstrip line exciting the antenna array has been investigated
numerically comparing the radiation patterns of the proposed array (Fig. 22a) and those of a
coaxial-fed array (Fig. 22b) [29]. These results (not shown here) demonstrate that the increase
of the cross-polarization levels and side lobe levels in E-plane is due to the main feed line.

In addition, the gain, directivity and efficiency of these two antennas have been characterized
(Table 4). High losses are experienced in the feed line (about 3.3 dB). In order to increase the
antenna gain and efficiency, the feed line could be shortened or even suppressed (Fig. 22b).

Finally, the antenna performance (i.e. reflection coefficient and radiation) was tested after a
number of hand washing cycles. The antenna was measured before and after washing when
fully dried; its performance remained unchanged. However, to extend the life duration of the
antenna, the authors would recommend waterproofing the whole antenna.

 

Fig.23.  Measurement set-up on the skin-equivalent phantom for a distance between the ground plane and the phantom equal to d=0 

mm. 

 

 

Fig.24.  Reflection coefficient of the microstrip antenna array printed on textile. —□— Measured. - - - Simulated. 

 

The radiation patterns in E- and H-planes were measured in IETR’s millimeter-wave anechoic chamber. The gain was measured by 

the comparison method with a 20-dBi standard horn, and the directivity is found from a 3D radiation pattern measurement. The co-

polarization components measured in E- and H-planes at 60 GHz are in a good agreement with the computed ones (Fig.25). In E-

plane, the non-symmetry of the co-polarization component is attributed to the spurious radiation of feeding lines whose width is 

larger compared to standard substrates at millimeter waves like RT Duroid 5880 (see Section 3.3), or other commonly used substrate 

such as fused quartz or Alumina. The main characteristics of these three different substrates are compared in [29] with those of the 

textile used here. These data show that textile exhibits higher loss and that feeding lines are larger.  

The simulated cross-polarization level remains lower than –20 dB at broadside in E- and H-planes. As expected and as already 

noticed in many previous papers (e.g. [24]), the measured values are much higher due to reflections and scattering on the V-

connector and metallic support (Fig.25b).  

Besides, simulations have shown that the V-connector also affects the gain and directivity; therefore, for comparison purpose, these 

results are given for both configurations (i.e. with and without connector). The cross-polarization level could be further improved 

using a multilayer antenna design, e.g. [25]. However, as explained in Section 3.2, the latter is not recommended for on-body 

applications due to the relatively high SAR levels.  

The effect of the central microstrip line exciting the antenna array has been investigated numerically comparing the radiation patterns 

of the proposed array (Fig.22a) and those of a coaxial-fed array (Fig.22b) [29]. These results (not shown here) demonstrate that the 

increase of the cross-polarization levels and side lobe levels in E-plane is due to the main feed line.  

In addition, the gain, directivity and efficiency of these two antennas have been characterized (Table 4).  High losses are experienced 

in the feed line (about 3.3 dB). In order to increase the antenna gain and efficiency, the feed line could be shortened or even 

suppressed (Fig.22b).  

Finally, the antenna performance (i.e. reflection coefficient and radiation) was tested after a number of hand washing cycles. The 

antenna was measured before and after washing when fully dried; its performance remained unchanged. However, to extend the life 

duration of the antenna, the authors would recommend waterproofing the whole antenna. 

 

 Gain (dBi) Directivity (dBi) Efficiency (%) 

 Sim. Meas. Sim. Meas. Sim. Meas. 

Microstrip-fed array (Fig.22a) 8.6 8.0 12.1 11.9 45 41 

Coxial-fed array (Fig.22b) 11.9 - 13.1 - 75 - 

Table 4. Comparison of antenna performances in terms of gain, directivity and efficiency. 
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Figure 24. Reflection coefficient of the microstrip antenna array printed on textile. —□— Measured.---Simulated.
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strong reflections from the V-connector (Fig. 22). In practice, as textiles are more lossy than
classical substrates, it is recommended to reduce the access line length as much as possible.
Whereas the antenna could be fed using a central probe, (as shown in Fig. 22b), the microstrip
feed line is the easiest solution to perform measurements on textile. We will discuss the impact
of this microstrip line in terms of loss and distortion of the radiation pattern. The fabricated
antenna integrated with a V-connector is shown in Fig. 23.

Its reflection coefficient S11 is measured using a 110-GHz Agilent 8510XF VNA and is shown in
Fig. 24. Excellent agreement is obtained between simulated and measured results. The reprodu‐
cibility of these results has been demonstrated and more information can be found in [29].

  
(a) (b) 

Figure 22. Layout of the microstrip antenna array printed on textile. (a) Antenna fed using a long microstrip line. (b) Antenna fed using 
a central coaxial probe. 

 

Figure 23. Measurement set-up on the skin-equivalent phantom for a distance between the ground plane and the phantom equal to d=0 
mm. 

 

Figure 24. Reflection coefficient of the microstrip antenna array printed on textile. —□— Measured. - - - Simulated. 

The radiation patterns in E- and H-planes were measured in IETR’s millimeter-wave anechoic chamber. The gain was 
measured by the comparison method with a 20-dBi standard horn, and the directivity is found from a 3D radiation 
pattern measurement. The co-polarization components measured in E- and H-planes at 60 GHz are in a good agreement 
with the computed ones (Fig. 25). In E-plane, the non-symmetry of the co-polarization component is attributed to the 
spurious radiation of feeding lines whose width is larger compared to standard substrates at millimeter waves like RT 
Duroid 5880 (see Section 3.3), or other commonly used substrate such as fused quartz or Alumina. The main 
characteristics of these three different substrates are compared in [29] with those of the textile used here. These data 
show that textile exhibits higher loss and that feeding lines are larger. 
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Figure 22. Layout of the microstrip antenna array printed on textile. (a) Antenna fed using a long microstrip line. (b)
Antenna fed using a central coaxial probe.

Figure 23. Measurement set-up on the skin-equivalent phantom for a distance between the ground plane and the
phantom equal to d=0 mm.

The radiation patterns in E-and H-planes were measured in IETR’s millimeter-wave anechoic
chamber. The gain was measured by the comparison method with a 20-dBi standard horn, and
the directivity is found from a 3D radiation pattern measurement. The co-polarization
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components measured in E-and H-planes at 60 GHz are in a good agreement with the
computed ones (Fig. 25). In E-plane, the non-symmetry of the co-polarization component is
attributed to the spurious radiation of feeding lines whose width is larger compared to
standard substrates at millimeter waves like RT Duroid 5880 (see Section 3.3), or other
commonly used substrate such as fused quartz or Alumina. The main characteristics of these
three different substrates are compared in [29] with those of the textile used here. These data
show that textile exhibits higher loss and that feeding lines are larger.

The simulated cross-polarization level remains lower than –20 dB at broadside in E-and H-
planes. As expected and as already noticed in many previous papers (e.g. [24]), the measured
values are much higher due to reflections and scattering on the V-connector and metallic
support (Fig. 25b).

Besides, simulations have shown that the V-connector also affects the gain and directivity;
therefore, for comparison purpose, these results are given for both configurations (i.e. with
and without connector). The cross-polarization level could be further improved using a
multilayer antenna design, e.g. [25]. However, as explained in Section 3.2, the latter is not
recommended for on-body applications due to the relatively high SAR levels.

The effect of the central microstrip line exciting the antenna array has been investigated
numerically comparing the radiation patterns of the proposed array (Fig. 22a) and those of a
coaxial-fed array (Fig. 22b) [29]. These results (not shown here) demonstrate that the increase
of the cross-polarization levels and side lobe levels in E-plane is due to the main feed line.

In addition, the gain, directivity and efficiency of these two antennas have been characterized
(Table 4). High losses are experienced in the feed line (about 3.3 dB). In order to increase the
antenna gain and efficiency, the feed line could be shortened or even suppressed (Fig. 22b).

Finally, the antenna performance (i.e. reflection coefficient and radiation) was tested after a
number of hand washing cycles. The antenna was measured before and after washing when
fully dried; its performance remained unchanged. However, to extend the life duration of the
antenna, the authors would recommend waterproofing the whole antenna.

 

Fig.23.  Measurement set-up on the skin-equivalent phantom for a distance between the ground plane and the phantom equal to d=0 

mm. 

 

 

Fig.24.  Reflection coefficient of the microstrip antenna array printed on textile. —□— Measured. - - - Simulated. 
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textile used here. These data show that textile exhibits higher loss and that feeding lines are larger.  
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noticed in many previous papers (e.g. [24]), the measured values are much higher due to reflections and scattering on the V-

connector and metallic support (Fig.25b).  

Besides, simulations have shown that the V-connector also affects the gain and directivity; therefore, for comparison purpose, these 

results are given for both configurations (i.e. with and without connector). The cross-polarization level could be further improved 

using a multilayer antenna design, e.g. [25]. However, as explained in Section 3.2, the latter is not recommended for on-body 

applications due to the relatively high SAR levels.  

The effect of the central microstrip line exciting the antenna array has been investigated numerically comparing the radiation patterns 

of the proposed array (Fig.22a) and those of a coaxial-fed array (Fig.22b) [29]. These results (not shown here) demonstrate that the 

increase of the cross-polarization levels and side lobe levels in E-plane is due to the main feed line.  

In addition, the gain, directivity and efficiency of these two antennas have been characterized (Table 4).  High losses are experienced 

in the feed line (about 3.3 dB). In order to increase the antenna gain and efficiency, the feed line could be shortened or even 

suppressed (Fig.22b).  

Finally, the antenna performance (i.e. reflection coefficient and radiation) was tested after a number of hand washing cycles. The 

antenna was measured before and after washing when fully dried; its performance remained unchanged. However, to extend the life 

duration of the antenna, the authors would recommend waterproofing the whole antenna. 

 

 Gain (dBi) Directivity (dBi) Efficiency (%) 

 Sim. Meas. Sim. Meas. Sim. Meas. 

Microstrip-fed array (Fig.22a) 8.6 8.0 12.1 11.9 45 41 

Coxial-fed array (Fig.22b) 11.9 - 13.1 - 75 - 

Table 4. Comparison of antenna performances in terms of gain, directivity and efficiency. 
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Gain (dBi) Directivity (dBi) Efficiency (%)

Sim. Meas. Sim. Meas. Sim. Meas.

Microstrip-fed array (Fig.

22a)
8.6 8.0 12.1 11.9 45 41

Coxial-fed array (Fig. 22b) 11.9 - 13.1 - 75 -

Table 4. Comparison of antenna performances in terms of gain, directivity and efficiency.

(a) E-plane (b) H-plane 
Fig.25.  Normalized radiation patterns in co- and cross-polarization at 60 GHz. —— Simulation in free space. —■— Measurement 
in free space. – – Measurement on a skin-equivalent phantom. 
 
3.5. Conclusion 
Based on computed and measured results, antennas operating at millimeter-waves are very slightly sensitive to the human body. 
Besides, guidelines regarding the type of antennas, minimizing the interactions with the body, are provided. The feeding of the 
antenna is a critical point and aperture-coupled microstrip line-fed patch antennas should be avoided since it results in significantly 
higher body absorptions. A good alternative would be to use an aperture-coupled stripline-fed patch antenna instead. 
Finally, textile antennas at millimeter-wave have been demonstrated with encouraging results. The textile can be accurately 
characterize and employed as antenna substrate. The textile antenna prototypes, fabricated using a simple and commercially 
compatible fabrication process, demonstrate excellent flexibility capabilities which would simplify the integration in clothes.  
 

4. Antennas for On-body Communications at Millimeter waves 
Whereas off-body communications appear to be a good solution at millimeter waves, on-body communications might be more 
challenging. In particular, significant shadowing effect from the human body is expected to make non-line-of-sight communications 
very difficult if not impossible. In [34], an on-body scenario has been numerically investigated in terms of propagation and 
demonstrates that short-range communications are achievable. The propagation issues are out of the scope of this Chapter; the 
readers can refer to the following papers for more details [33]-[35]. A few antennas optimized for on-body communications have 
been presented in the literature so far [31],[36],[37]. This Section will emphasize on the antenna performances in close proximity to 
the body.  
 
4.1. Antenna requirements for on-body communications 
On-body antennas should be as compact as possible to be integrated with a transceiver. As for off-body antennas, they have to be 
light weight and possibly conformable to the human body shape. Because of the high attenuation related to the propagation on a lossy 
dielectric (i.e. human body), medium-gain antennas (~12dBi) are required. The radiation pattern should be maximized toward the 
direction of propagation to minimize losses and make end-fire antennas excellent solutions. As the power is directed toward the body 
surface, absorptions inside the human is of uppermost concern. 
 
4.2. End-fire antenna 
A compact planar and flexible Yagi-Uda antenna covering the 57-64 GHz range designed for on-body communications is presented. 
The antenna is characterized in free space in terms of reflection coefficient, radiation pattern, and efficiency. The effect of the human 
body on the antenna characteristics is studied numerically and experimentally using a skin-equivalent phantom. The antenna 
performances are also studied under bending conditions. An on-body scenario is numerically investigated in terms of propagation.  
4.2.1. Antenna model 
High gain antenna is required for a line-of-sight path of human body dimensions. Furthermore, the maximum of the radiation pattern 
should be tangential to the body surface in order to reduce radiation off the body and thus minimizing interference among different 
BANs. Hence, a low-profile high-gain antenna with an end-fire radiation pattern printed on a 0.254mm-thick RT Duroid 5880 
substrate (εr = 2.2, tanδ = 0.003) is proposed. The layout is represented in Fig.26. For measurement purpose the antenna prototype is 
mounted with a V-connector (Fig.27). 
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Figure 25. Normalized radiation patterns in co-and cross-polarization at 60 GHz. ── Simulation in free space. —■—
Measurement in free space. --- Measurement on a skin-equivalent phantom.

3.5. Conclusion

Based on computed and measured results, antennas operating at millimeter-waves are very
slightly sensitive to the human body. Besides, guidelines regarding the type of antennas,
minimizing the interactions with the body, are provided. The feeding of the antenna is a critical
point and aperture-coupled microstrip line-fed patch antennas should be avoided since it
results in significantly higher body absorptions. A good alternative would be to use an
aperture-coupled stripline-fed patch antenna instead.

Finally, textile antennas at millimeter-wave have been demonstrated with encouraging results.
The textile can be accurately characterize and employed as antenna substrate. The textile
antenna prototypes, fabricated using a simple and commercially compatible fabrication
process, demonstrate excellent flexibility capabilities which would simplify the integration in
clothes.

4. Antennas for on-body communications at millimeter waves

Whereas off-body communications appear to be a good solution at millimeter waves, on-body
communications might be more challenging. In particular, significant shadowing effect from
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the human body is expected to make non-line-of-sight communications very difficult if not
impossible. In [34], an on-body scenario has been numerically investigated in terms of
propagation and demonstrates that short-range communications are achievable. The propa‐
gation issues are out of the scope of this Chapter; the readers can refer to the following papers
for more details [33]-[35]. A few antennas optimized for on-body communications have been
presented in the literature so far [31],[36],[37]. This Section will emphasize on the antenna
performances in close proximity to the body.

4.1. Antenna requirements for on-body communications

On-body antennas should be as compact as possible to be integrated with a transceiver. As for
off-body antennas, they have to be light weight and possibly conformable to the human body
shape. Because of the high attenuation related to the propagation on a lossy dielectric (i.e.
human body), medium-gain antennas (~12dBi) are required. The radiation pattern should be
maximized toward the direction of propagation to minimize losses and make end-fire antennas
excellent solutions. As the power is directed toward the body surface, absorptions inside the
human is of uppermost concern.

4.2. End-fire antenna

A compact planar and flexible Yagi-Uda antenna covering the 57-64 GHz range designed for
on-body communications is presented. The antenna is characterized in free space in terms of
reflection coefficient, radiation pattern, and efficiency. The effect of the human body on the
antenna characteristics is studied numerically and experimentally using a skin-equivalent
phantom. The antenna performances are also studied under bending conditions. An on-body
scenario is numerically investigated in terms of propagation.

4.2.1. Antenna model

High gain antenna is required for a line-of-sight path of human body dimensions. Furthermore,
the maximum of the radiation pattern should be tangential to the body surface in order to
reduce radiation off the body and thus minimizing interference among different BANs. Hence,
a low-profile high-gain antenna with an end-fire radiation pattern printed on a 0.254mm-thick
RT Duroid 5880 substrate (εr=2.2, tanδ=0.003) is proposed. The layout is represented in Fig.
26. For measurement purpose the antenna prototype is mounted with a V-connector (Fig. 27).

4.2.2. Antenna performance in free space

The reflection coefficient S11 of the antenna array is measured with a 110 GHz vector network
analyzer (Agilent 8510XF) using a V-connector (Fig. 27). The measured and simulated S11 (Fig.
28) are below-10 dB in the whole 57-64 GHz range. The numerical model does not include the
V-connector.

The radiation patterns in E-and H-planes are plotted in Fig. 29. The simulated and measured
radiation patterns at 60 GHz are in good agreement. The cross-polarization remains lower
than-14 dB in the E-and H-planes at broadside. The gain was measured by the comparison
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Gain (dBi) Directivity (dBi) Efficiency (%)

Sim. Meas. Sim. Meas. Sim. Meas.

Microstrip-fed array (Fig.

22a)
8.6 8.0 12.1 11.9 45 41

Coxial-fed array (Fig. 22b) 11.9 - 13.1 - 75 -

Table 4. Comparison of antenna performances in terms of gain, directivity and efficiency.

(a) E-plane (b) H-plane 
Fig.25.  Normalized radiation patterns in co- and cross-polarization at 60 GHz. —— Simulation in free space. —■— Measurement 
in free space. – – Measurement on a skin-equivalent phantom. 
 
3.5. Conclusion 
Based on computed and measured results, antennas operating at millimeter-waves are very slightly sensitive to the human body. 
Besides, guidelines regarding the type of antennas, minimizing the interactions with the body, are provided. The feeding of the 
antenna is a critical point and aperture-coupled microstrip line-fed patch antennas should be avoided since it results in significantly 
higher body absorptions. A good alternative would be to use an aperture-coupled stripline-fed patch antenna instead. 
Finally, textile antennas at millimeter-wave have been demonstrated with encouraging results. The textile can be accurately 
characterize and employed as antenna substrate. The textile antenna prototypes, fabricated using a simple and commercially 
compatible fabrication process, demonstrate excellent flexibility capabilities which would simplify the integration in clothes.  
 

4. Antennas for On-body Communications at Millimeter waves 
Whereas off-body communications appear to be a good solution at millimeter waves, on-body communications might be more 
challenging. In particular, significant shadowing effect from the human body is expected to make non-line-of-sight communications 
very difficult if not impossible. In [34], an on-body scenario has been numerically investigated in terms of propagation and 
demonstrates that short-range communications are achievable. The propagation issues are out of the scope of this Chapter; the 
readers can refer to the following papers for more details [33]-[35]. A few antennas optimized for on-body communications have 
been presented in the literature so far [31],[36],[37]. This Section will emphasize on the antenna performances in close proximity to 
the body.  
 
4.1. Antenna requirements for on-body communications 
On-body antennas should be as compact as possible to be integrated with a transceiver. As for off-body antennas, they have to be 
light weight and possibly conformable to the human body shape. Because of the high attenuation related to the propagation on a lossy 
dielectric (i.e. human body), medium-gain antennas (~12dBi) are required. The radiation pattern should be maximized toward the 
direction of propagation to minimize losses and make end-fire antennas excellent solutions. As the power is directed toward the body 
surface, absorptions inside the human is of uppermost concern. 
 
4.2. End-fire antenna 
A compact planar and flexible Yagi-Uda antenna covering the 57-64 GHz range designed for on-body communications is presented. 
The antenna is characterized in free space in terms of reflection coefficient, radiation pattern, and efficiency. The effect of the human 
body on the antenna characteristics is studied numerically and experimentally using a skin-equivalent phantom. The antenna 
performances are also studied under bending conditions. An on-body scenario is numerically investigated in terms of propagation.  
4.2.1. Antenna model 
High gain antenna is required for a line-of-sight path of human body dimensions. Furthermore, the maximum of the radiation pattern 
should be tangential to the body surface in order to reduce radiation off the body and thus minimizing interference among different 
BANs. Hence, a low-profile high-gain antenna with an end-fire radiation pattern printed on a 0.254mm-thick RT Duroid 5880 
substrate (εr = 2.2, tanδ = 0.003) is proposed. The layout is represented in Fig.26. For measurement purpose the antenna prototype is 
mounted with a V-connector (Fig.27). 
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Figure 25. Normalized radiation patterns in co-and cross-polarization at 60 GHz. ── Simulation in free space. —■—
Measurement in free space. --- Measurement on a skin-equivalent phantom.

3.5. Conclusion

Based on computed and measured results, antennas operating at millimeter-waves are very
slightly sensitive to the human body. Besides, guidelines regarding the type of antennas,
minimizing the interactions with the body, are provided. The feeding of the antenna is a critical
point and aperture-coupled microstrip line-fed patch antennas should be avoided since it
results in significantly higher body absorptions. A good alternative would be to use an
aperture-coupled stripline-fed patch antenna instead.

Finally, textile antennas at millimeter-wave have been demonstrated with encouraging results.
The textile can be accurately characterize and employed as antenna substrate. The textile
antenna prototypes, fabricated using a simple and commercially compatible fabrication
process, demonstrate excellent flexibility capabilities which would simplify the integration in
clothes.

4. Antennas for on-body communications at millimeter waves

Whereas off-body communications appear to be a good solution at millimeter waves, on-body
communications might be more challenging. In particular, significant shadowing effect from
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the human body is expected to make non-line-of-sight communications very difficult if not
impossible. In [34], an on-body scenario has been numerically investigated in terms of
propagation and demonstrates that short-range communications are achievable. The propa‐
gation issues are out of the scope of this Chapter; the readers can refer to the following papers
for more details [33]-[35]. A few antennas optimized for on-body communications have been
presented in the literature so far [31],[36],[37]. This Section will emphasize on the antenna
performances in close proximity to the body.

4.1. Antenna requirements for on-body communications

On-body antennas should be as compact as possible to be integrated with a transceiver. As for
off-body antennas, they have to be light weight and possibly conformable to the human body
shape. Because of the high attenuation related to the propagation on a lossy dielectric (i.e.
human body), medium-gain antennas (~12dBi) are required. The radiation pattern should be
maximized toward the direction of propagation to minimize losses and make end-fire antennas
excellent solutions. As the power is directed toward the body surface, absorptions inside the
human is of uppermost concern.

4.2. End-fire antenna

A compact planar and flexible Yagi-Uda antenna covering the 57-64 GHz range designed for
on-body communications is presented. The antenna is characterized in free space in terms of
reflection coefficient, radiation pattern, and efficiency. The effect of the human body on the
antenna characteristics is studied numerically and experimentally using a skin-equivalent
phantom. The antenna performances are also studied under bending conditions. An on-body
scenario is numerically investigated in terms of propagation.

4.2.1. Antenna model

High gain antenna is required for a line-of-sight path of human body dimensions. Furthermore,
the maximum of the radiation pattern should be tangential to the body surface in order to
reduce radiation off the body and thus minimizing interference among different BANs. Hence,
a low-profile high-gain antenna with an end-fire radiation pattern printed on a 0.254mm-thick
RT Duroid 5880 substrate (εr=2.2, tanδ=0.003) is proposed. The layout is represented in Fig.
26. For measurement purpose the antenna prototype is mounted with a V-connector (Fig. 27).

4.2.2. Antenna performance in free space

The reflection coefficient S11 of the antenna array is measured with a 110 GHz vector network
analyzer (Agilent 8510XF) using a V-connector (Fig. 27). The measured and simulated S11 (Fig.
28) are below-10 dB in the whole 57-64 GHz range. The numerical model does not include the
V-connector.

The radiation patterns in E-and H-planes are plotted in Fig. 29. The simulated and measured
radiation patterns at 60 GHz are in good agreement. The cross-polarization remains lower
than-14 dB in the E-and H-planes at broadside. The gain was measured by the comparison
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method with a 20-dBi standard horn. At this frequency, the measured and computed gains
equal 11.8 dBi and 12.1 dBi respectively. The losses of the V-connector (~0.8 dB) at 60 GHz were
measured separately and taken out.

The antenna efficiency defined as the measured gain over the computed directivity equals to
86% at 60 GHz. It is in agreement with the simulated efficiency which equals 92%.

4.2. End-fire antenna 

A compact planar and flexible Yagi-Uda antenna covering the 57-64 GHz range designed for on-body communications is 
presented. The antenna is characterized in free space in terms of reflection coefficient, radiation pattern, and efficiency. 
The effect of the human body on the antenna characteristics is studied numerically and experimentally using a skin-
equivalent phantom. The antenna performances are also studied under bending conditions. An on-body scenario is 
numerically investigated in terms of propagation. 

4.2.1. Antenna model 

High gain antenna is required for a line-of-sight path of human body dimensions. Furthermore, the maximum of the 
radiation pattern should be tangential to the body surface in order to reduce radiation off the body and thus minimizing 
interference among different BANs. Hence, a low-profile high-gain antenna with an end-fire radiation pattern printed on 
a 0.254mm-thick RT Duroid 5880 substrate (εr = 2.2, tanδ = 0.003) is proposed. The layout is represented in Fig. 26. For 
measurement purpose the antenna prototype is mounted with a V-connector (Fig. 27). 

(a) 

(b) 

Figure 26. Layout of the printed Yagi-Uda antenna. Dimensions are in mm. (a) Three dimensions view. (b) Top layer. 

 

Figure 27. Manufactured antenna with a V-connector. 

4.2.2. Antenna performance in free space 

The reflection coefficient S11 of the antenna array is measured with a 110 GHz vector network analyzer (Agilent 8510XF) 
using a V-connector (Fig. 27). The measured and simulated S11 (Fig. 28) are below -10 dB in the whole 57-64 GHz range. 
The numerical model does not include the V-connector. 

Figure 26. Layout of the printed Yagi-Uda antenna. Dimensions are in mm. (a) Three dimensions view. (b) Top layer.

Figure 27. Manufactured antenna with a V-connector.
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(b) 

Fig.26.  Layout of the printed Yagi-Uda antenna. Dimensions are in mm. (a) Three dimensions view. (b) Top layer. 

 

 

Fig.27.  Manufactured antenna with a V-connector. 

 

4.2.2. Antenna performance in free space 

The reflection coefficient S
11
 of the antenna array is measured with a 110 GHz vector network analyzer (Agilent 8510XF) using a V-

connector (Fig.27). The measured and simulated S
11
 (Fig.28) are below -10 dB in the whole 57-64 GHz range. The numerical model 

does not include the V-connector.  

The radiation patterns in E- and H-planes are plotted in Fig.29. The simulated and measured radiation patterns at 60 GHz are in 

good agreement. The cross-polarization remains lower than -14 dB in the E- and H-planes at broadside. The gain was measured by 

the comparison method with a 20-dBi standard horn. At this frequency, the measured and computed gains equal 11.8 dBi and 12.1 

dBi respectively. The losses of the V-connector (~0.8 dB) at 60 GHz were measured separately and taken out.  

The antenna efficiency defined as the measured gain over the computed directivity equals to 86% at 60 GHz. It is in agreement with 

the simulated efficiency which equals 92%.  

 

 

Fig.28.  Measured and simulated reflection coefficient of the antenna in free space. — Measurement. ––– Simulation. 
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Figure 28. Measured and simulated reflection coefficient of the antenna in free space. --- Measurement. ── Simula‐
tion.  

Figure 28. Measured and simulated reflection coefficient of the antenna in free space. — Measurement. – – – Simulation. 

 
(a) (b) 

Figure 29. Measured and simulated radiation patterns in free space at 60 GHz in (a) E- and (b) H-planes. —■— Measured co-pol. – – – 
Computed co-pol. —— Measured cross-pol. 

4.2.3. Antenna under bending conditions 

As it is difficult to keep the antenna flat in wearable applications, antenna performances under bending conditions is an 
important factor to be examined. The reflection coefficient and the H-plane radiation pattern are investigated when the 
antenna is placed on semi-cylindrical Rohacell HF51 foam with a radius R of 15mm (Fig. 30). 

The chosen radius represents extremely severe test. The S11 is measured when the antenna is bent in the H-plane. The S11 
remains below -10 dB in the whole 57-64 GHz range (Fig. 31). 

Measured and simulated radiation pattern for H-plane bending are represented in Fig. 32. The maximum radiation 
follows the direction of the directors (-46°). Besides, the measured gain equals 11.1 dBi. This is in good agreement with 
the simulated gain (11.0 dBi). Compared to the gain in free space, a drop of 0.7 dB is observed in measurement. 

 

Figure 30. Bending antenna in the H-plane placed on a semi-cylindrical foam with R=15mm. 
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Figure 29. Measured and simulated radiation patterns in free space at 60 GHz in (a) E-and (b) H-planes. —■— Meas‐
ured co-pol. ── Computed co-pol. ── Measured cross-pol.

4.2.3. Antenna under bending conditions

As it is difficult to keep the antenna flat in wearable applications, antenna performances under
bending conditions is an important factor to be examined. The reflection coefficient and the
H-plane radiation pattern are investigated when the antenna is placed on semi-cylindrical
Rohacell HF51 foam with a radius R of 15mm (Fig. 30).

The chosen radius represents extremely severe test. The S11 is measured when the antenna is
bent in the H-plane. The S11 remains below-10 dB in the whole 57-64 GHz range (Fig. 31).

Measured and simulated radiation pattern for H-plane bending are represented in Fig. 32. The
maximum radiation follows the direction of the directors (-46°). Besides, the measured gain
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method with a 20-dBi standard horn. At this frequency, the measured and computed gains
equal 11.8 dBi and 12.1 dBi respectively. The losses of the V-connector (~0.8 dB) at 60 GHz were
measured separately and taken out.

The antenna efficiency defined as the measured gain over the computed directivity equals to
86% at 60 GHz. It is in agreement with the simulated efficiency which equals 92%.

4.2. End-fire antenna 

A compact planar and flexible Yagi-Uda antenna covering the 57-64 GHz range designed for on-body communications is 
presented. The antenna is characterized in free space in terms of reflection coefficient, radiation pattern, and efficiency. 
The effect of the human body on the antenna characteristics is studied numerically and experimentally using a skin-
equivalent phantom. The antenna performances are also studied under bending conditions. An on-body scenario is 
numerically investigated in terms of propagation. 

4.2.1. Antenna model 

High gain antenna is required for a line-of-sight path of human body dimensions. Furthermore, the maximum of the 
radiation pattern should be tangential to the body surface in order to reduce radiation off the body and thus minimizing 
interference among different BANs. Hence, a low-profile high-gain antenna with an end-fire radiation pattern printed on 
a 0.254mm-thick RT Duroid 5880 substrate (εr = 2.2, tanδ = 0.003) is proposed. The layout is represented in Fig. 26. For 
measurement purpose the antenna prototype is mounted with a V-connector (Fig. 27). 

(a) 

(b) 

Figure 26. Layout of the printed Yagi-Uda antenna. Dimensions are in mm. (a) Three dimensions view. (b) Top layer. 

 

Figure 27. Manufactured antenna with a V-connector. 

4.2.2. Antenna performance in free space 

The reflection coefficient S11 of the antenna array is measured with a 110 GHz vector network analyzer (Agilent 8510XF) 
using a V-connector (Fig. 27). The measured and simulated S11 (Fig. 28) are below -10 dB in the whole 57-64 GHz range. 
The numerical model does not include the V-connector. 

Figure 26. Layout of the printed Yagi-Uda antenna. Dimensions are in mm. (a) Three dimensions view. (b) Top layer.

Figure 27. Manufactured antenna with a V-connector.
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(a) 

 

(b) 

Fig.26.  Layout of the printed Yagi-Uda antenna. Dimensions are in mm. (a) Three dimensions view. (b) Top layer. 

 

 

Fig.27.  Manufactured antenna with a V-connector. 

 

4.2.2. Antenna performance in free space 

The reflection coefficient S
11
 of the antenna array is measured with a 110 GHz vector network analyzer (Agilent 8510XF) using a V-

connector (Fig.27). The measured and simulated S
11
 (Fig.28) are below -10 dB in the whole 57-64 GHz range. The numerical model 

does not include the V-connector.  

The radiation patterns in E- and H-planes are plotted in Fig.29. The simulated and measured radiation patterns at 60 GHz are in 

good agreement. The cross-polarization remains lower than -14 dB in the E- and H-planes at broadside. The gain was measured by 

the comparison method with a 20-dBi standard horn. At this frequency, the measured and computed gains equal 11.8 dBi and 12.1 

dBi respectively. The losses of the V-connector (~0.8 dB) at 60 GHz were measured separately and taken out.  

The antenna efficiency defined as the measured gain over the computed directivity equals to 86% at 60 GHz. It is in agreement with 

the simulated efficiency which equals 92%.  

 

 

Fig.28.  Measured and simulated reflection coefficient of the antenna in free space. — Measurement. ––– Simulation. 
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Figure 28. Measured and simulated reflection coefficient of the antenna in free space. --- Measurement. ── Simula‐
tion.  

Figure 28. Measured and simulated reflection coefficient of the antenna in free space. — Measurement. – – – Simulation. 

 
(a) (b) 

Figure 29. Measured and simulated radiation patterns in free space at 60 GHz in (a) E- and (b) H-planes. —■— Measured co-pol. – – – 
Computed co-pol. —— Measured cross-pol. 

4.2.3. Antenna under bending conditions 

As it is difficult to keep the antenna flat in wearable applications, antenna performances under bending conditions is an 
important factor to be examined. The reflection coefficient and the H-plane radiation pattern are investigated when the 
antenna is placed on semi-cylindrical Rohacell HF51 foam with a radius R of 15mm (Fig. 30). 

The chosen radius represents extremely severe test. The S11 is measured when the antenna is bent in the H-plane. The S11 
remains below -10 dB in the whole 57-64 GHz range (Fig. 31). 

Measured and simulated radiation pattern for H-plane bending are represented in Fig. 32. The maximum radiation 
follows the direction of the directors (-46°). Besides, the measured gain equals 11.1 dBi. This is in good agreement with 
the simulated gain (11.0 dBi). Compared to the gain in free space, a drop of 0.7 dB is observed in measurement. 

 

Figure 30. Bending antenna in the H-plane placed on a semi-cylindrical foam with R=15mm. 
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Figure 29. Measured and simulated radiation patterns in free space at 60 GHz in (a) E-and (b) H-planes. —■— Meas‐
ured co-pol. ── Computed co-pol. ── Measured cross-pol.

4.2.3. Antenna under bending conditions

As it is difficult to keep the antenna flat in wearable applications, antenna performances under
bending conditions is an important factor to be examined. The reflection coefficient and the
H-plane radiation pattern are investigated when the antenna is placed on semi-cylindrical
Rohacell HF51 foam with a radius R of 15mm (Fig. 30).

The chosen radius represents extremely severe test. The S11 is measured when the antenna is
bent in the H-plane. The S11 remains below-10 dB in the whole 57-64 GHz range (Fig. 31).

Measured and simulated radiation pattern for H-plane bending are represented in Fig. 32. The
maximum radiation follows the direction of the directors (-46°). Besides, the measured gain
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equals 11.1 dBi. This is in good agreement with the simulated gain (11.0 dBi). Compared to the
gain in free space, a drop of 0.7 dB is observed in measurement.

Figure 30. Bending antenna in the H-plane placed on a semi-cylindrical foam with R=15mm.

 

  
(a) (b) 

Fig.29.  Measured and simulated radiation patterns in free space at 60 GHz in (a) E- and (b) H-planes. —■— Measured 

co-pol. ––– Computed co-pol. —— Measured cross-pol. 

 

4.2.3. Antenna under bending conditions 

 

As it is difficult to keep the antenna flat in wearable applications, antenna performances under bending conditions is an important 

factor to be examined. The reflection coefficient and the H-plane radiation pattern are investigated when the antenna is placed on 

semi-cylindrical Rohacell HF51 foam with a radius R of 15mm (Fig.30). 

The chosen radius represents extremely severe test. The S
11
 is measured when the antenna is bent in the H-plane. The S

11
 remains 

below -10 dB in the whole 57-64 GHz range (Fig.31).  

Measured and simulated radiation pattern for H-plane bending are represented in Fig.32. The maximum radiation follows the 

direction of the directors (-46°). Besides, the measured gain equals 11.1 dBi. This is in good agreement with the simulated gain (11.0 

dBi). Compared to the gain in free space, a drop of 0.7 dB is observed in measurement. 

 

 

Fig.30.  Bending antenna in the H-plane placed on a semi-cylindrical foam with R=15mm. 

 

 

Fig.31.  Measured reflection coefficient of the bent antenna mounted on semi-cylindrical foam. — Flat. –––R=15mm. 
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Figure 31. Measured reflection coefficient of the bent antenna mounted on semi-cylindrical foam. --- Flat. ──
R=15mm.

4.2.4. Antenna performances on the human body

The antenna characteristics are assessed when placed on a skin-equivalent phantom (Fig. 33)
in terms of reflection coefficient, radiation pattern, gain, and efficiency. The measured
reflection coefficients of the antenna mounted on the phantom at different antenna/body
spacing h are compared to that obtained in free space in Fig. 34. For h=5mm, the reflection
coefficient is very slightly affected. For h=2mm, even though the S11 is much more affected and
a frequency shift is observed, it remains below-10dB within the whole 57-64 GHz.
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Figure 33. Antenna on the skin-equivalent phantom.

The measured radiation patterns in both E-and H-planes at 60 GHz of the antenna placed on
the skin-equivalent phantom are represented in Fig. 35 for h=5.6mm and h=2mm. Both E-and
H-planes are strongly affected by the human body because of reflection on and absorption in
the body.

Here, the radiation pattern is titled because of reflections occurring at the air/phantom
interface. A tilt of 10° and 21° is observed for an antenna/body spacing of 5.6mm and 2mm,
respectively. The simulated and measured gains and the simulated efficiency are summarized
in Table 5 for different antenna/body spacing. The efficiency decreases with h. However, the
maximum gain of the antenna increases on the phantom (up to 3dB increase for h=5.6mm).
Compared to the free space configuration, radiations toward the human body are significantly
reduced because of reflections from and absorptions in the human body. Hence, when the
antenna is mounted on the phantom, its performance remains satisfactory in terms of reflection
coefficient, radiation pattern, and efficiency.
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Figure 32. H-plane radiation pattern of the bent antenna (R=15mm) mounted on a semi-cylindrical foam. —■—
Measured co-pol. ---- Computed co-pol.

Antennas for Body Centric Wireless Communications at Millimeter Wave Frequencies
http://dx.doi.org/10.5772/58816

49



equals 11.1 dBi. This is in good agreement with the simulated gain (11.0 dBi). Compared to the
gain in free space, a drop of 0.7 dB is observed in measurement.

Figure 30. Bending antenna in the H-plane placed on a semi-cylindrical foam with R=15mm.
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Fig.29.  Measured and simulated radiation patterns in free space at 60 GHz in (a) E- and (b) H-planes. —■— Measured 

co-pol. ––– Computed co-pol. —— Measured cross-pol. 

 

4.2.3. Antenna under bending conditions 

 

As it is difficult to keep the antenna flat in wearable applications, antenna performances under bending conditions is an important 

factor to be examined. The reflection coefficient and the H-plane radiation pattern are investigated when the antenna is placed on 

semi-cylindrical Rohacell HF51 foam with a radius R of 15mm (Fig.30). 

The chosen radius represents extremely severe test. The S
11
 is measured when the antenna is bent in the H-plane. The S

11
 remains 

below -10 dB in the whole 57-64 GHz range (Fig.31).  

Measured and simulated radiation pattern for H-plane bending are represented in Fig.32. The maximum radiation follows the 

direction of the directors (-46°). Besides, the measured gain equals 11.1 dBi. This is in good agreement with the simulated gain (11.0 

dBi). Compared to the gain in free space, a drop of 0.7 dB is observed in measurement. 

 

 

Fig.30.  Bending antenna in the H-plane placed on a semi-cylindrical foam with R=15mm. 

 

 

Fig.31.  Measured reflection coefficient of the bent antenna mounted on semi-cylindrical foam. — Flat. –––R=15mm. 
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Figure 31. Measured reflection coefficient of the bent antenna mounted on semi-cylindrical foam. --- Flat. ──
R=15mm.

4.2.4. Antenna performances on the human body

The antenna characteristics are assessed when placed on a skin-equivalent phantom (Fig. 33)
in terms of reflection coefficient, radiation pattern, gain, and efficiency. The measured
reflection coefficients of the antenna mounted on the phantom at different antenna/body
spacing h are compared to that obtained in free space in Fig. 34. For h=5mm, the reflection
coefficient is very slightly affected. For h=2mm, even though the S11 is much more affected and
a frequency shift is observed, it remains below-10dB within the whole 57-64 GHz.
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Figure 33. Antenna on the skin-equivalent phantom.

The measured radiation patterns in both E-and H-planes at 60 GHz of the antenna placed on
the skin-equivalent phantom are represented in Fig. 35 for h=5.6mm and h=2mm. Both E-and
H-planes are strongly affected by the human body because of reflection on and absorption in
the body.

Here, the radiation pattern is titled because of reflections occurring at the air/phantom
interface. A tilt of 10° and 21° is observed for an antenna/body spacing of 5.6mm and 2mm,
respectively. The simulated and measured gains and the simulated efficiency are summarized
in Table 5 for different antenna/body spacing. The efficiency decreases with h. However, the
maximum gain of the antenna increases on the phantom (up to 3dB increase for h=5.6mm).
Compared to the free space configuration, radiations toward the human body are significantly
reduced because of reflections from and absorptions in the human body. Hence, when the
antenna is mounted on the phantom, its performance remains satisfactory in terms of reflection
coefficient, radiation pattern, and efficiency.
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Figure 32. H-plane radiation pattern of the bent antenna (R=15mm) mounted on a semi-cylindrical foam. —■—
Measured co-pol. ---- Computed co-pol.
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Figure 34. Measured reflection coefficient of the antenna array on the homogeneous phantom. — Free space. ▪▪▪▪▪
On phantom with h=5.6mm.---On phantom with h=2mm. — On phantom with h=0mm.

 

Fig.34.  Measured reflection coefficient of the antenna array on the homogeneous phantom.— Free space. 

▪▪▪▪▪On phantom with h=5.6mm. - - - On phantom with h=2mm. —  On phantom with h=0mm. 

 

 

(a) E-plane, h = 5.6mm (b) H-plane, h = 5.6mm 

 
 

(d) E-plane, h = 2mm (e) H-plane, h = 2mm 

Fig.35.  Measured and simulated radiation patterns on the skin-equivalent phantom at 60 GHz. —■— Measured co-pol. ––– 

Computed co-pol. —— Measured cross-pol. 
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5.6  15.1 15.2 74.9 

2 13.6 13.6 68.2 

Table 5. Antenna gain and efficiency for different antenna/body spacing. 
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Figure 35. Measured and simulated radiation patterns on the skin-equivalent phantom at 60 GHz. —■— Measured
co-pol. ── Computed co-pol. ── Measured cross-pol.
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Antenna/phantom separation h

(mm)

Gain (dBi)
Simulated efficiency (%)

Simulated Measured

∞ 12.1 11.8 92.2

5.6 15.1 15.2 74.9

2 13.6 13.6 68.2

Table 5. Antenna gain and efficiency for different antenna/body spacing.

4.3. Conclusions

A compact planar Yagi-Uda antenna covering the 57-64 GHz range has been designed for on-
body communications. The effect of the human body on the antenna characteristics has been
studied numerically and experimentally using a skin-equivalent phantom. It was shown that
the distance between the antenna and the human body has a strong impact on the antenna
performances. The antenna was also studied under bending conditions demonstrating
satisfactory performances. The same antenna has been successfully optimized and fabricated
on textile [31].

5. Conclusion

Challenges and progress in antennas and their interaction with the human body in body-
centric scenarios at millimeter-wave frequencies have been presented in this Chapter. Recent
progress in manufacturing and modeling experimental phantoms has been discussed. These
phantoms play a key role in characterizing the antenna performance in close proximity to the
human body.

As far as off-body communications are concerned, it was shown that the feeding type is an
important factor since it can strongly influence absorption in the human body. In addition,
performances of patch antenna arrays in close proximity to the human body have been
evaluated showing very slight impact on the antenna performance. Besides, a textile patch
antenna array, operating at millimeter waves, was successfully demonstrated using a com‐
mercially-available textile. An accurate and low-cost fabrication process has been introduced.
Research work should now be focused on the interconnections between textile antennas and
Radio Frequency Integrated Circuits (RFIC) since this issue has not been tackled yet.

Finally, as end-fire antennas appear to be the best solution for on-body communications, a
Yagi-Uda antenna has been investigated. It appears that the antenna radiation pattern is
strongly affected by the separation between the antenna and the human body. This antenna is
robust against bending which is an important asset if this antenna would be implemented on
textile as shown in [31]. Other antenna designs for on-body communications were introduced
in [38].

While these results are promising, millimeter-wave wireless systems still have considerable
challenges to overcome to enable mass commercialization. First, mm-wave wireless must
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Figure 34. Measured reflection coefficient of the antenna array on the homogeneous phantom. — Free space. ▪▪▪▪▪
On phantom with h=5.6mm.---On phantom with h=2mm. — On phantom with h=0mm.

 

Fig.34.  Measured reflection coefficient of the antenna array on the homogeneous phantom.— Free space. 

▪▪▪▪▪On phantom with h=5.6mm. - - - On phantom with h=2mm. —  On phantom with h=0mm. 

 

 

(a) E-plane, h = 5.6mm (b) H-plane, h = 5.6mm 

 
 

(d) E-plane, h = 2mm (e) H-plane, h = 2mm 

Fig.35.  Measured and simulated radiation patterns on the skin-equivalent phantom at 60 GHz. —■— Measured co-pol. ––– 

Computed co-pol. —— Measured cross-pol. 
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Table 5. Antenna gain and efficiency for different antenna/body spacing. 
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Figure 35. Measured and simulated radiation patterns on the skin-equivalent phantom at 60 GHz. —■— Measured
co-pol. ── Computed co-pol. ── Measured cross-pol.
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Antenna/phantom separation h
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Gain (dBi)
Simulated efficiency (%)

Simulated Measured

∞ 12.1 11.8 92.2

5.6 15.1 15.2 74.9

2 13.6 13.6 68.2

Table 5. Antenna gain and efficiency for different antenna/body spacing.

4.3. Conclusions

A compact planar Yagi-Uda antenna covering the 57-64 GHz range has been designed for on-
body communications. The effect of the human body on the antenna characteristics has been
studied numerically and experimentally using a skin-equivalent phantom. It was shown that
the distance between the antenna and the human body has a strong impact on the antenna
performances. The antenna was also studied under bending conditions demonstrating
satisfactory performances. The same antenna has been successfully optimized and fabricated
on textile [31].

5. Conclusion

Challenges and progress in antennas and their interaction with the human body in body-
centric scenarios at millimeter-wave frequencies have been presented in this Chapter. Recent
progress in manufacturing and modeling experimental phantoms has been discussed. These
phantoms play a key role in characterizing the antenna performance in close proximity to the
human body.

As far as off-body communications are concerned, it was shown that the feeding type is an
important factor since it can strongly influence absorption in the human body. In addition,
performances of patch antenna arrays in close proximity to the human body have been
evaluated showing very slight impact on the antenna performance. Besides, a textile patch
antenna array, operating at millimeter waves, was successfully demonstrated using a com‐
mercially-available textile. An accurate and low-cost fabrication process has been introduced.
Research work should now be focused on the interconnections between textile antennas and
Radio Frequency Integrated Circuits (RFIC) since this issue has not been tackled yet.

Finally, as end-fire antennas appear to be the best solution for on-body communications, a
Yagi-Uda antenna has been investigated. It appears that the antenna radiation pattern is
strongly affected by the separation between the antenna and the human body. This antenna is
robust against bending which is an important asset if this antenna would be implemented on
textile as shown in [31]. Other antenna designs for on-body communications were introduced
in [38].

While these results are promising, millimeter-wave wireless systems still have considerable
challenges to overcome to enable mass commercialization. First, mm-wave wireless must
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address challenging RF impairments such as fast fading and delay spread conditions making
demodulation and equalization particularly difficult with reasonable architectures and
complexities. Second, millimeter-wave transceivers require giga-samples per second (GS/s)
scale data-converters with considerable resolutions leading to high power consumption (even
in advanced technology nodes). Finally, mm-wave schemes must prove themselves competi‐
tive with advanced and adaptive modulation and channel coding schemes (256 QAM and
beyond) like 802.11ac 5th generation WiFi that can also reach high data rates (6.77 Gbit/s
nominal) while being built upon existing wireless hardware and infrastructure in the 5.83 GHz
ISM band.
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Low Cost Compact Multiband Printed Monopole
Antennas and Arrays for Wireless Communications
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1. Introduction

Compact size printed multiband monopoles are of interest for a variety of applications such
as WLAN, RFID and mobile terminals. If the antennas can be fabricated with a planar structure
using PCB techniques, the cost can be kept low and the fabrication process is greatly simplified.

It is well-known that the size reduction will decrease the radiation efficiency of the antenna
especially when its size is very small compared to the free space wavelength at its lowest
resonant frequency. Conventional high permittivity substrates can be employed to reduce
the size of the microstrip antenna (e.g.  printed microstrip patch) but raises other design
issues. When using this approach the bandwidth of the antenna is decreased and the surface
wave propagations are excited, which can lead to the scan blindness if  a beam-steerable
phased array is built based on this antenna element. Therefore, it is important to investi‐
gate techniques for the design of compact and low cost microstrip antennas with promis‐
ing radiation characteristics.

This chapter discusses various techniques of designing low cost, small-size printed monopole
antennas and it is organized as follows. In section 2, antenna miniaturization techniques, based
on fractal geometries and the use of lumped elements into the radiating element are discussed.
In section 3, a low cost multiband printed planar monopole for mobile terminals is presented.
This printed monopole exhibits five resonant frequencies and covers the desired frequency
bands for mobile, WiMax and WLAN operations. Then in section 4, the design of a small size
printed monopole array is addressed and two examples are given, one of which can be
employed to increase the gain of the antenna and the other is suitable for MIMO applications
of portable devices. Finally, recent developments in the field of low cost compact printed
monopoles and arrays are discussed in section 5.

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.
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distribution, and reproduction in any medium, provided the original work is properly cited.



2. Compact and electrically small printed multiband monopoles

The currently available and future commercial wireless systems require antennas having wide
bandwidth to support higher data rate and be able to operate at multiple frequency bands
defined by various protocols. Compact size printed monopole antennas are important for the
wireless applications due to its advantages of easy fabrication, omnidirectional radiation and
wide operation bandwidth.

It is known that to reach the resonant condition, the dimension of the antenna must be a fraction
of the wavelength at its resonant frequency. This means that the lower resonant frequency is,
the larger the size of the antenna will be. From the limitations of the electrically small antennas
defined by Chu [1], it is clear that antennas of smaller size always exhibit a higher quality factor
whereas the bandwidth of an antenna is inversely proportional to the quality factor. As such
the size reduction of an antenna will lead to the deterioration of its radiation performance.
Therefore, compact multiband antenna design with promising radiation performance has
attracted much research interests.

To be a low cost solution, it is desirable to fabricate the monopoles in PCB technology using
only a single layer of substrate and a planar structure. Being a planar structure, the radiating
element must have a geometry that can excite higher modes within a limited volume, to have
a multiband operation. One approach that can be employed is to use fractal geometries to
design compact multiband printed monopole antennas. Fractal geometry is a family of
geometries that have the characteristics of inherent self-similar or self-affinity, which were
used to describe and model complex shapes found in nature such as mountain ranges, waves
and trees [2]. Recently, fractal techniques have been brought to the field of electromagnetic
theory, a research field which has been called fractal electrodynamics; it has also been
implemented in antenna design and named “fractal antenna engineering”. This topic has been
attracting much research interest. There are several advantages of using fractal geometries.
First of all, it can reduce the size of the antenna, which makes it a good candidate for antenna
miniaturization. Fractal geometries are self-filling structures that can be scaled without
increasing the overall size. This characteristic provides opportunities for antenna designers to
explore new geometries suitable for small antenna design. Secondly, fractal is a geometry that
is self-repeated at different scales, which means that the fractal technique can be explored for
designing antenna with multiple band operation and similar radiation patterns.

It is important to point out that although fractal geometries are self-filling structures that can
be scaled without increasing the overall size, not all the geometries can contribute to the
compact antenna design. Previous research found that some fractal geometries such as Hilbert
and Peano curves, which exhibit a high degree of space filling, cannot effectively reduce the
resonant frequency of the antenna due to the cancelling of the current between closely spaced
lines [3].
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2.1. Dual band fractal monopole

Studies show that Minkowski Island geometry is a good candidate for the design of multiband
printed monopole antennas. Compared to other fractal geometries such as Hilbert curves,
Minkowski Island geometry can work more efficiently with respect to the frequency reduction,
due to its meandered-like configuration [3]. As demonstrated in Figure 1, when a Hilbert curve
is employed to design a printed monopole antenna, the closely spaced lines can cause a large
amount of current cancellation compared to the Minkowski Island geometry, which means
that the effective electrical length of the Hilbert Curve antenna cannot benefit much from using
such space filling geometry.

 
It is important to point out that although fractal geometries are self-filling structures that can be scaled without 
increasing the overall size, not all the geometries can contribute to the compact antenna design. Previous research 
found that some fractal geometries such as Hilbert and Peano curves, which exhibit a high degree of space filling, 
cannot effectively reduce the resonant frequency of the antenna due to the cancelling of the current between closely 
spaced lines [3]. 
 

1.2.1 Dual band fractal monopole	
 
Studies show that Minkowski Island geometry is a good candidate for the design of multiband printed monopole 
antennas. Compared to other fractal geometries such as Hilbert curves, Minkowski Island geometry can work more 
efficiently with respect to the frequency reduction, due to its meandered-like configuration [3]. As demonstrated in 
 Figure 1, when a Hilbert curve is employed to design a printed monopole antenna, the closely spaced lines can cause 
a large amount of current cancellation compared to the Minkowski Island geometry, which means that the effective 
electrical length of the Hilbert Curve antenna cannot benefit much from using such space filling geometry. 
 

 

 

 Figure 1:  (a) The 2nd iteration of Minkowski Island geometry ; (b) current cancellation of a Hilbert Curve (b) [3]. 

In [4], two compact dual-band printed fractal monopoles for WLAN applications were presented. These two 
monopoles are designed using the 1st and 2nd iteration of the Minkowski Island, as presented in  Figure 2.   Figure 
2(a) shows the printed monopole based on the 1st iteration Minkowski Island. Its size is 28 mm ×18 mm with a 
partial ground plane having a width of 35 mm and length of 10 mm on the back side of the substrate. The width of the 
microstrip line is 0.5 mm.  Figure 2(b) shows another proposed fractal monopole using the 2nd iteration Minkowski 
Island. Its size is 21.5 mm ×18 mm and the size of the ground plane is 30 mm ×10 mm. The depth t, shown in Figure 
1, is 1/4 of the side length (s/4) at each iteration for both antennas. The line widths of both antennas were set based on 
two factors: the antenna input impedance and the fact that the microstrip line needs to be narrow enough to avoid the 
intersection between adjacent lines. This issue is more significant for fractal of higher iterations.  As a result of using 
a higher iteration fractal, narrower microstrip line needs to be used and the width of the microstrip line is reduced to 
0.25 mm. Both of the proposed antennas are printed on the top side of the substrate, 0.813 mm thick Roger 4003 with 
relative permittivity εr=3.38, while the ground plane is printed at the bottom side. Behind the antenna elements, there 
is no ground plane. 

 

 

 

(a) (b) 

Current 
Cancellation 

Input 

Figure 1. (a) The 2nd iteration of Minkowski Island geometry; (b) current cancellation of a Hilbert Curve (b) [3].

In [4], two compact dual-band printed fractal monopoles for WLAN applications were
presented. These two monopoles are designed using the 1st and 2nd iteration of the Minkowski
Island, as presented in Figure 2. Figure 2(a) shows the printed monopole based on the 1st
iteration Minkowski Island. Its size is 28 mm ×18 mm with a partial ground plane having a
width of 35 mm and length of 10 mm on the back side of the substrate. The width of the
microstrip line is 0.5 mm. Figure 2(b) shows another proposed fractal monopole using the 2nd
iteration Minkowski Island. Its size is 21.5 mm ×18 mm and the size of the ground plane is 30
mm ×10 mm. The depth t, shown in Figure 1, is 1/4 of the side length (s/4) at each iteration for
both antennas. The line widths of both antennas were set based on two factors: the antenna
input impedance and the fact that the microstrip line needs to be narrow enough to avoid the
intersection between adjacent lines. This issue is more significant for fractal of higher iterations.
As a result of using a higher iteration fractal, narrower microstrip line needs to be used and
the width of the microstrip line is reduced to 0.25 mm. Both of the proposed antennas are
printed on the top side of the substrate, 0.813 mm thick Roger 4003 with relative permittivity
εr=3.38, while the ground plane is printed at the bottom side. Behind the antenna elements,
there is no ground plane.

Both of the proposed monopole antennas have a compact size compared to conventional
printed monopole antennas, which need to have a length of approximately a quarter of
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Figure 1. (a) The 2nd iteration of Minkowski Island geometry; (b) current cancellation of a Hilbert Curve (b) [3].

In [4], two compact dual-band printed fractal monopoles for WLAN applications were
presented. These two monopoles are designed using the 1st and 2nd iteration of the Minkowski
Island, as presented in Figure 2. Figure 2(a) shows the printed monopole based on the 1st
iteration Minkowski Island. Its size is 28 mm ×18 mm with a partial ground plane having a
width of 35 mm and length of 10 mm on the back side of the substrate. The width of the
microstrip line is 0.5 mm. Figure 2(b) shows another proposed fractal monopole using the 2nd
iteration Minkowski Island. Its size is 21.5 mm ×18 mm and the size of the ground plane is 30
mm ×10 mm. The depth t, shown in Figure 1, is 1/4 of the side length (s/4) at each iteration for
both antennas. The line widths of both antennas were set based on two factors: the antenna
input impedance and the fact that the microstrip line needs to be narrow enough to avoid the
intersection between adjacent lines. This issue is more significant for fractal of higher iterations.
As a result of using a higher iteration fractal, narrower microstrip line needs to be used and
the width of the microstrip line is reduced to 0.25 mm. Both of the proposed antennas are
printed on the top side of the substrate, 0.813 mm thick Roger 4003 with relative permittivity
εr=3.38, while the ground plane is printed at the bottom side. Behind the antenna elements,
there is no ground plane.

Both of the proposed monopole antennas have a compact size compared to conventional
printed monopole antennas, which need to have a length of approximately a quarter of
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wavelength. Moreover, it is found that without using any additional impedance matching
techniques, both of these two proposed antennas exhibit good impedance match at multiple
frequency bands, which is confirmed by the measurement results shown in Figure 3. These
results show that the printed monopole of 1st iteration of Minkowski Island exhibits 10-dB
return loss from 2.30-2.48 GHz, 3.3-3.7 GHz and 4.9-6.0 GHz, which covers the entire required
frequency bands for 802.11a/b/g and WiMAX communications. For the 2nd iteration of
Minkowski Island fractal monopole, the 10-dB return loss bands are 2.31-2.47 GHz and 5.0-5.5
GHz, which covers the two desired frequency bands for WLAN 802.11b/g standards.

 Figure 2: Exploded view of the fractal monopole antenna with geometry of: (a) 1st iteration Minkowski Island; (b) 
2nd iteration of Minkowski Island proposed in [4].
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Figure 3: Measured reflection coefficient of the proposed antenna with the: (a) 1st iteration and (b) 2nd iteration of 
Minkowski Island geometry [4].

The measured results also show that the radiation patterns at the H-plane are almost isotropic and in the E-plane they 
exhibit broadside radiation patterns, as expected.  The measured maximum gain is around 1.5 dB at 2.45 GHz and 2.3 
dB at 5.2 GHz for both antennas. According to the simulation results, the radiation efficiency is 94% and 88% at 2.45 
GHz, 97% and 93% at 5.26 GHz for the printed monopole of 1st and 2nd iteration of Minkowski Island, respectively. 
From these results, it is found that although higher size reduction can be achieved using higher iteration of the fractal 
geometry, the bandwidth as well as the radiation efficiency also decreases. This should be considered as a trade-off 
between size reduction and antenna performance. Figure 4 shows the measured E- and H-plane radiation pattern of 
the printed monopole with 2nd iteration of Minkowski Island at its dual resonant frequencies. Measurements showed 
that both antennas have similar radiation patterns so the measurement results for the other prototypes (the printed 
monopole of 1st iteration of Minkowski Island)  are not given to avoid repetition. 
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Figure 2. Exploded view of the fractal monopole antenna with geometry of: (a) 1st iteration Minkowski Island; (b) 2nd
iteration of Minkowski Island proposed in [4].
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to the simulation results, the radiation efficiency is 94% and 88% at 2.45 GHz, 97% and 93% at
5.26 GHz for the printed monopole of 1st and 2nd iteration of Minkowski Island, respectively.
From these results, it is found that although higher size reduction can be achieved using higher
iteration of the fractal geometry, the bandwidth as well as the radiation efficiency also
decreases. This should be considered as a trade-off between size reduction and antenna
performance. Figure 4 shows the measured E-and H-plane radiation pattern of the printed
monopole with 2nd iteration of Minkowski Island at its dual resonant frequencies. Measure‐
ments showed that both antennas have similar radiation patterns so the measurement results
for the other prototypes (the printed monopole of 1st iteration of Minkowski Island) are not
given to avoid repetition.

 

 

 

 

 Figure 4: : Measured radiation patterns of the proposed antenna with the 2nd iteration of Minkowski Island: (a) at 
2.45 GHz, E-plane; and (b) at 2.45 GHz, H-plane; (c) at 5.3 GHz, E-plane and (d) at 5.3 GHz, H-plane [4]. 

1.2.2 Fractal ILA antenna 
The frequency ratio of the multiband fractal antenna is investigated in [4]. It is shown that as a multiband antenna, the 
frequency ratio of the fractal antenna using the Minkowski geometry is nearly fixed. This indicates that in order to 
extend the fractal technique to other multiband antennas design, there is a need to explore an effective solution to 
overcome this limit. One technique that can be employed to extend the frequency ratio of the fractal-based multiband 
antenna design is to combine the fractal geometry with the meander line. One compact antenna suitable for a 
commercial wireless USB device is proposed by using such technique [5]. Since the objective is to design a printed 
fractal monopole antenna for WLAN USB dongle applications,  based on the industrial requirement, the overall size 
of this antenna including the ground plane is chosen to be 20 mm×60 mm and the available space for antenna design 
is limited to no more than 20 mm × 10 mm. 

A variation of the Koch fractal, which also can be referred as Cohen dipole fractal geometry, was used in this design. 
The Cohen dipole geometry, which is a variation of Koch fractal, was first proposed by Nathan Cohen [6] to design a 
dipole antenna with the feeding at the center position. Different from a conventional printed monopole antenna, the 
antenna radiating element is printed on the same layer of the ground plane. This type of antenna is named Inverted-L 
Antenna (ILA). As a typical printed monopole antenna, the antenna element with the feeding line and the ground 
plane are printed at the top and bottom side of the substrate, respectively. Meanwhile, the feeding port is located at 
the end of the substrate as shown in  Figure5. This might be a problem in a practical industry design as other 
components, such as RF module, also need to be mounted on the same ground plane. Such problem can be solved by 
using ILA antenna. 
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Figure 4. Measured radiation patterns of the proposed antenna with the 2nd iteration of Minkowski Island: (a) at
2.45°GHz, E-plane; and (b) at 2.45°GHz, H-plane; (c) at 5.3°GHz, E-plane and (d) at 5.3°GHz, H-plane [4].
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wavelength. Moreover, it is found that without using any additional impedance matching
techniques, both of these two proposed antennas exhibit good impedance match at multiple
frequency bands, which is confirmed by the measurement results shown in Figure 3. These
results show that the printed monopole of 1st iteration of Minkowski Island exhibits 10-dB
return loss from 2.30-2.48 GHz, 3.3-3.7 GHz and 4.9-6.0 GHz, which covers the entire required
frequency bands for 802.11a/b/g and WiMAX communications. For the 2nd iteration of
Minkowski Island fractal monopole, the 10-dB return loss bands are 2.31-2.47 GHz and 5.0-5.5
GHz, which covers the two desired frequency bands for WLAN 802.11b/g standards.
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that both antennas have similar radiation patterns so the measurement results for the other prototypes (the printed 
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Figure 2. Exploded view of the fractal monopole antenna with geometry of: (a) 1st iteration Minkowski Island; (b) 2nd
iteration of Minkowski Island proposed in [4].
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to the simulation results, the radiation efficiency is 94% and 88% at 2.45 GHz, 97% and 93% at
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From these results, it is found that although higher size reduction can be achieved using higher
iteration of the fractal geometry, the bandwidth as well as the radiation efficiency also
decreases. This should be considered as a trade-off between size reduction and antenna
performance. Figure 4 shows the measured E-and H-plane radiation pattern of the printed
monopole with 2nd iteration of Minkowski Island at its dual resonant frequencies. Measure‐
ments showed that both antennas have similar radiation patterns so the measurement results
for the other prototypes (the printed monopole of 1st iteration of Minkowski Island) are not
given to avoid repetition.
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Figure 4. Measured radiation patterns of the proposed antenna with the 2nd iteration of Minkowski Island: (a) at
2.45°GHz, E-plane; and (b) at 2.45°GHz, H-plane; (c) at 5.3°GHz, E-plane and (d) at 5.3°GHz, H-plane [4].
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2.2. Fractal ILA antenna

The frequency ratio of the multiband fractal antenna is investigated in [4]. It is shown that as
a multiband antenna, the frequency ratio of the fractal antenna using the Minkowski geometry
is nearly fixed. This indicates that in order to extend the fractal technique to other multiband
antennas design, there is a need to explore an effective solution to overcome this limit. One
technique that can be employed to extend the frequency ratio of the fractal-based multiband
antenna design is to combine the fractal geometry with the meander line. One compact antenna
suitable for a commercial wireless USB device is proposed by using such technique [5]. Since
the objective is to design a printed fractal monopole antenna for WLAN USB dongle applica‐
tions, based on the industrial requirement, the overall size of this antenna including the ground
plane is chosen to be 20 mm×60 mm and the available space for antenna design is limited to
no more than 20 mm × 10 mm.

A variation of the Koch fractal, which also can be referred as Cohen dipole fractal geometry,
was used in this design. The Cohen dipole geometry, which is a variation of Koch fractal, was
first proposed by Nathan Cohen [6] to design a dipole antenna with the feeding at the center
position. Different from a conventional printed monopole antenna, the antenna radiating
element is printed on the same layer of the ground plane. This type of antenna is named
Inverted-L Antenna (ILA). As a typical printed monopole antenna, the antenna element with
the feeding line and the ground plane are printed at the top and bottom side of the substrate,
respectively. Meanwhile, the feeding port is located at the end of the substrate as shown in
Figure 5. This might be a problem in a practical industrial design as other components, such
as RF module, also need to be mounted on the same ground plane. Such problem can be solved
by using ILA antenna.

Substrate

Printed monopole

Ground plane

Antenna feeding 
point

Figure 5. A typical configuration of the conventional printed monopole antenna

Figure 6 shows the exploded view of the proposed printed fractal ILA antenna in [5]. This
antenna is designed on the Roger 4003 substrate with dielectric constant of 3.38 and thickness
of 0.813 mm. The space occupied by the monopole antenna on the substrate is 10 mm ×20 mm
and the size of the ground plane is 50 mm×20 mm, which is a typical size for a USB dongle.
This structure was further optimized by doing numerical simulations in Ansoft HFSS to
achieve a better impedance match at the required frequency bands. It is found that the size of
the fractal geometry is critical in defining both the resonant frequencies while the existence of
the horizontal microstrip line plays the role of adjusting the resonant frequencies to the desired
region. Without the horizontal microstrip line, it is found that the proposed antenna can only
exhibit resonances at around 2 and 6 GHz, which fails to cover the desired frequencies for
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WLAN dual-band applications. However, adding the horizontal microstrip line with the
appropriate length, the frequency ratio of the fractal antenna can be more controlled. After
further optimization of the reflection coefficient over the desired frequency band, the width
of the vertical microstrip line was chosen to be 1 mm and the width of the horizontal microstrip
line was 0.5 mm. For the fractal, the width of the microstrip line was set to 0.35 mm.

Figure 6. The exploded view of the printed fractal ILA antenna proposed in [5]

Figure 7 compares the reflection coefficient between simulation and measurement results. It
can be seen that there is a good agreement between the simulated and measured reflection
coefficient. The experimental result indicates that the proposed antenna has a S11<-10 dB with
a bandwidth from 2.25 to 2.60 GHz and 5.06 to 5.62 GHz.

  

 

 Figure 7: Comparison of the simulated and measured S11 of the fractal ILA in [5] 
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2.2. Fractal ILA antenna

The frequency ratio of the multiband fractal antenna is investigated in [4]. It is shown that as
a multiband antenna, the frequency ratio of the fractal antenna using the Minkowski geometry
is nearly fixed. This indicates that in order to extend the fractal technique to other multiband
antennas design, there is a need to explore an effective solution to overcome this limit. One
technique that can be employed to extend the frequency ratio of the fractal-based multiband
antenna design is to combine the fractal geometry with the meander line. One compact antenna
suitable for a commercial wireless USB device is proposed by using such technique [5]. Since
the objective is to design a printed fractal monopole antenna for WLAN USB dongle applica‐
tions, based on the industrial requirement, the overall size of this antenna including the ground
plane is chosen to be 20 mm×60 mm and the available space for antenna design is limited to
no more than 20 mm × 10 mm.

A variation of the Koch fractal, which also can be referred as Cohen dipole fractal geometry,
was used in this design. The Cohen dipole geometry, which is a variation of Koch fractal, was
first proposed by Nathan Cohen [6] to design a dipole antenna with the feeding at the center
position. Different from a conventional printed monopole antenna, the antenna radiating
element is printed on the same layer of the ground plane. This type of antenna is named
Inverted-L Antenna (ILA). As a typical printed monopole antenna, the antenna element with
the feeding line and the ground plane are printed at the top and bottom side of the substrate,
respectively. Meanwhile, the feeding port is located at the end of the substrate as shown in
Figure 5. This might be a problem in a practical industrial design as other components, such
as RF module, also need to be mounted on the same ground plane. Such problem can be solved
by using ILA antenna.
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Figure 5. A typical configuration of the conventional printed monopole antenna

Figure 6 shows the exploded view of the proposed printed fractal ILA antenna in [5]. This
antenna is designed on the Roger 4003 substrate with dielectric constant of 3.38 and thickness
of 0.813 mm. The space occupied by the monopole antenna on the substrate is 10 mm ×20 mm
and the size of the ground plane is 50 mm×20 mm, which is a typical size for a USB dongle.
This structure was further optimized by doing numerical simulations in Ansoft HFSS to
achieve a better impedance match at the required frequency bands. It is found that the size of
the fractal geometry is critical in defining both the resonant frequencies while the existence of
the horizontal microstrip line plays the role of adjusting the resonant frequencies to the desired
region. Without the horizontal microstrip line, it is found that the proposed antenna can only
exhibit resonances at around 2 and 6 GHz, which fails to cover the desired frequencies for
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WLAN dual-band applications. However, adding the horizontal microstrip line with the
appropriate length, the frequency ratio of the fractal antenna can be more controlled. After
further optimization of the reflection coefficient over the desired frequency band, the width
of the vertical microstrip line was chosen to be 1 mm and the width of the horizontal microstrip
line was 0.5 mm. For the fractal, the width of the microstrip line was set to 0.35 mm.

Figure 6. The exploded view of the printed fractal ILA antenna proposed in [5]

Figure 7 compares the reflection coefficient between simulation and measurement results. It
can be seen that there is a good agreement between the simulated and measured reflection
coefficient. The experimental result indicates that the proposed antenna has a S11<-10 dB with
a bandwidth from 2.25 to 2.60 GHz and 5.06 to 5.62 GHz.
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2.3. Compact Printed Monopole Antenna with Chip Inductor

Besides using fractal techniques to design printed monopoles of reduced size, another
technique which can be employed is to introduce a lumped element, more specifically a chip
inductor, into the antenna radiating element. In this way, the effective electrical length of the
printed monopole is increased by the actual chip inductor instead of employing the fractal
geometries that can bend a microstrip line of large length in a finite area.

Figure 8 shows the layout of the printed monopole antenna proposed in [7]. This antenna has
a two-armed structure and for such monopole antenna the resonant frequency can be created
by letting the overall length of each arm to be approximately a quarter of its effective wave‐
length on the substrate. The chip inductor is embedded in the middle of the left arm and
generally speaking, the higher the value of the inductance, the lower the resonant frequency
that can be achieved. However, increasing the inductance will also reduce the bandwidth and
radiation efficiency of the antenna, which is the reason why a chip inductor with a higher
inductance is not chosen in this study.

This antenna was printed on a Roger 4003 substrate with relative permittivity of 3.38 and
thickness of 0.813 mm. The antenna and ground plane were printed on different sides of the
substrate and there is no copper below the antenna section. The area of this antenna is only 10
mm ×10.5 mm, which is only 0.08 λ2.4GHz ×0.084 λ2.4GHz, where λ2.4GHz represents the free space
wavelength at 2.4 GHz. The higher band of the antenna is determined by the overall length
L4+L5, which is approximately a quarter of a wavelength at 5.3 GHz. With the chip inductor,
the overall length L1+L2+L3, which determines the lower band resonant frequency, is only 12.5
mm. This value is smaller than the length required for conventional monopole antennas. After
adding the chip inductor, the resonant frequencies of the lower and higher band can be tuned
by respectively changing the length of the arm L3 and L5, as demonstrated in the next section.
By optimizing the length and width of each arm, this antenna is tuned to resonate at the desired
frequencies. For more details about how to choose the value of the chip inductor and model it
in the EM simulation software, readers can refer to [7].

The measured radiation patterns of the two-armed monopole antenna at 2.45 and 5.3 GHz
show that the antenna has omnidirectional radiation patterns as a typical monopole antenna.
Table 1 presents both measured and simulated results, as well as the calculated quality factor
of the proposed monopole antenna. The quality factor was calculated based on the equations
given below, taken from [8]:

Q(ω0)= 2 β
FBWv(ω0)

FBWv(ω0)=
ω+ -  ω-

ω0

β = s - 1

2 s

where the parameter s is the criterion for the maximum VSWR and ω+, ω-, ω0 represent the
higher frequency bound, lower frequency bound and central frequency of the antenna,
respectively.
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The lower bound of the quality factor (Qlb) of the antenna was calculated by using the formula
[8]:

Qlb = 1
(ka)3 + 1

ka

From Table 1, it can be seen that the antenna has ka smaller than 0.5 and has a quality factor
very close to its theoretical lower bound, where a is the radius of sphere that can enclose the
maximum dimension of the antenna and k is the wavenumber.

Properties Proposed Antenna

Frequency (GHz) 2.45

Size (Wmm ×Lmm) 10×10.5

a (mm) 7.25

ka 0.37

Simulated Radiation efficiency (%) 72

Qlb 15.9

Measured 3:1 VSWR bandwidth (%) 5.10

Calculated Antenna Q 22.6

Table 1. Summary of performance of the proposed printed monopole antenna in [7]

Figure 8. The configuration of the electrically small printed monopole antenna proposed in [7]
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2.3. Compact Printed Monopole Antenna with Chip Inductor

Besides using fractal techniques to design printed monopoles of reduced size, another
technique which can be employed is to introduce a lumped element, more specifically a chip
inductor, into the antenna radiating element. In this way, the effective electrical length of the
printed monopole is increased by the actual chip inductor instead of employing the fractal
geometries that can bend a microstrip line of large length in a finite area.

Figure 8 shows the layout of the printed monopole antenna proposed in [7]. This antenna has
a two-armed structure and for such monopole antenna the resonant frequency can be created
by letting the overall length of each arm to be approximately a quarter of its effective wave‐
length on the substrate. The chip inductor is embedded in the middle of the left arm and
generally speaking, the higher the value of the inductance, the lower the resonant frequency
that can be achieved. However, increasing the inductance will also reduce the bandwidth and
radiation efficiency of the antenna, which is the reason why a chip inductor with a higher
inductance is not chosen in this study.

This antenna was printed on a Roger 4003 substrate with relative permittivity of 3.38 and
thickness of 0.813 mm. The antenna and ground plane were printed on different sides of the
substrate and there is no copper below the antenna section. The area of this antenna is only 10
mm ×10.5 mm, which is only 0.08 λ2.4GHz ×0.084 λ2.4GHz, where λ2.4GHz represents the free space
wavelength at 2.4 GHz. The higher band of the antenna is determined by the overall length
L4+L5, which is approximately a quarter of a wavelength at 5.3 GHz. With the chip inductor,
the overall length L1+L2+L3, which determines the lower band resonant frequency, is only 12.5
mm. This value is smaller than the length required for conventional monopole antennas. After
adding the chip inductor, the resonant frequencies of the lower and higher band can be tuned
by respectively changing the length of the arm L3 and L5, as demonstrated in the next section.
By optimizing the length and width of each arm, this antenna is tuned to resonate at the desired
frequencies. For more details about how to choose the value of the chip inductor and model it
in the EM simulation software, readers can refer to [7].

The measured radiation patterns of the two-armed monopole antenna at 2.45 and 5.3 GHz
show that the antenna has omnidirectional radiation patterns as a typical monopole antenna.
Table 1 presents both measured and simulated results, as well as the calculated quality factor
of the proposed monopole antenna. The quality factor was calculated based on the equations
given below, taken from [8]:

Q(ω0)= 2 β
FBWv(ω0)

FBWv(ω0)=
ω+ -  ω-

ω0

β = s - 1
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where the parameter s is the criterion for the maximum VSWR and ω+, ω-, ω0 represent the
higher frequency bound, lower frequency bound and central frequency of the antenna,
respectively.
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The lower bound of the quality factor (Qlb) of the antenna was calculated by using the formula
[8]:

Qlb = 1
(ka)3 + 1
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From Table 1, it can be seen that the antenna has ka smaller than 0.5 and has a quality factor
very close to its theoretical lower bound, where a is the radius of sphere that can enclose the
maximum dimension of the antenna and k is the wavenumber.

Properties Proposed Antenna

Frequency (GHz) 2.45

Size (Wmm ×Lmm) 10×10.5

a (mm) 7.25

ka 0.37

Simulated Radiation efficiency (%) 72

Qlb 15.9

Measured 3:1 VSWR bandwidth (%) 5.10

Calculated Antenna Q 22.6

Table 1. Summary of performance of the proposed printed monopole antenna in [7]

Figure 8. The configuration of the electrically small printed monopole antenna proposed in [7]
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3. Low cost printed planar monopole for mobile terminals

The rapid growth in mobile communications increases the needs of designing multiband
internal antennas for mobile terminals. Meanwhile, it is also desirable to design such antennas
as compact as possible. Planar Invert-F Antenna (PIFA) is one type of conventional antennas
that has been widely employed in mobile phones. In [9, 10], two coupled-fed compact
multiband PIFAs for wireless wide area networks (WWAN) were proposed for internal mobile
phone antenna applications. The size reduction of these two antennas was achieved by
shorting the antenna to the ground and bending the antenna structure. Printed monopole slot
antennas and printed loop antennas have also been widely studied for multiband internal
mobile phones. In [11, 12], two folded monopole slot antennas that can cover the penta-band
WWAN operation were proposed for clam-shell mobile phones. These two antennas were
designed by making several slots on the top of the ground plane. In [13-15], printed half-
wavelength and meandered loop techniques were proposed for the design of multiband
antennas for mobile handsets. However, all of these antennas have operating bands only
covering GSM850/900 and DCS/PCS/UMTS bands, which are not enough for nowadays
wireless communications. To make the antenna resonant at additional bands including
Wireless LAN, one novel PIFA structure combining shorted parasitic patches, capacitive loads
and slots was designed to support both quad-band mobile communication and dual-band
wireless local area network (WLAN) operations [16]. Although this antenna can operate at
several bands, it is extremely difficult to fabricate due to its complex structure. In [17],
multiband operation including the WWAN and WLAN 2.4 GHz was achieved by cutting slots
of different lengths at the edge of the system ground plane of the mobile phone. Operation in
additional bands including GSM/DCS/PCS/UMTS/WLAN/WiMAX were achieved by cutting
the loop-like slot on the top of the ground plane and shorting it to the ground plane [18].
However, shorting the antenna to the ground makes the resonant frequencies of the antenna
vulnerable to the length of the ground plane. In fact the ground plane size used in [18] is smaller
than the size of the system ground plane for a mobile phone. Other techniques have also been
developed to design compact multiband antennas for wireless communications. In [19], a
multiband antenna that can support WWAN and 2.4 GHz WLAN frequency bands was
implemented by using a switchable feed and ground. In [20], a small size multiband antenna
for wireless mobile system was designed based on double negative (DNG) zeroth order
resonator (ZOR). However, it is noticed that these antennas have rather complex structures
and they are quite difficult to fabricate. In [21], a chip inductor was embedded in the printed
monopole antenna, which resulted in a compact antenna for mobile handset application.

One compact multiband printed monopole for mobile application has been recently presented
in [3]. This design overcomes some of these limitations discussed above. Figure 9 shows the
structure of the proposed antenna and the main dimensions of the antenna elements are given
in Figure 10. The antenna element is printed on the top side of the substrate while the ground
plane is located at the bottom side. Behind the monopole antenna, there is no ground. The chip
inductor, of series Coilcraft 0402HP with an inductance of 20 nH, is embedded between the
branch A and B as shown in Figure 10. This antenna has a multi-branch structure, each of which
determines different resonant frequencies. The lowest resonant frequency, 960 MHz, is
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determined by both the inductance of the chip inductor and the overall length of branch A and
B. Although the chip inductor can also influence the resonant frequency at 1800 MHz to some
extent, this resonance is mainly determined by the length of branch A. The overall length of
branch D and the length of branch E determine the resonant frequencies at 2.4 and 5.2 GHz,
respectively. The frequency band at 3.8 GHz is related to the length of branch C and the width
of branch A.

Figure 9. Structure of the multiband printed monopole antenna for mobile terminals [3]

Figure 10. The main dimensions of the multiband printed monopole antenna [3]

This antenna is printed on the inexpensive substrate FR4 (relative permittivity of 4.4) with
thickness of 0.8 mm and size 100mm ×60mm, which is a reasonable circuit board size for a PDA
or smart phone device. To achieve a better impedance matching at each band, the length and
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3. Low cost printed planar monopole for mobile terminals

The rapid growth in mobile communications increases the needs of designing multiband
internal antennas for mobile terminals. Meanwhile, it is also desirable to design such antennas
as compact as possible. Planar Invert-F Antenna (PIFA) is one type of conventional antennas
that has been widely employed in mobile phones. In [9, 10], two coupled-fed compact
multiband PIFAs for wireless wide area networks (WWAN) were proposed for internal mobile
phone antenna applications. The size reduction of these two antennas was achieved by
shorting the antenna to the ground and bending the antenna structure. Printed monopole slot
antennas and printed loop antennas have also been widely studied for multiband internal
mobile phones. In [11, 12], two folded monopole slot antennas that can cover the penta-band
WWAN operation were proposed for clam-shell mobile phones. These two antennas were
designed by making several slots on the top of the ground plane. In [13-15], printed half-
wavelength and meandered loop techniques were proposed for the design of multiband
antennas for mobile handsets. However, all of these antennas have operating bands only
covering GSM850/900 and DCS/PCS/UMTS bands, which are not enough for nowadays
wireless communications. To make the antenna resonant at additional bands including
Wireless LAN, one novel PIFA structure combining shorted parasitic patches, capacitive loads
and slots was designed to support both quad-band mobile communication and dual-band
wireless local area network (WLAN) operations [16]. Although this antenna can operate at
several bands, it is extremely difficult to fabricate due to its complex structure. In [17],
multiband operation including the WWAN and WLAN 2.4 GHz was achieved by cutting slots
of different lengths at the edge of the system ground plane of the mobile phone. Operation in
additional bands including GSM/DCS/PCS/UMTS/WLAN/WiMAX were achieved by cutting
the loop-like slot on the top of the ground plane and shorting it to the ground plane [18].
However, shorting the antenna to the ground makes the resonant frequencies of the antenna
vulnerable to the length of the ground plane. In fact the ground plane size used in [18] is smaller
than the size of the system ground plane for a mobile phone. Other techniques have also been
developed to design compact multiband antennas for wireless communications. In [19], a
multiband antenna that can support WWAN and 2.4 GHz WLAN frequency bands was
implemented by using a switchable feed and ground. In [20], a small size multiband antenna
for wireless mobile system was designed based on double negative (DNG) zeroth order
resonator (ZOR). However, it is noticed that these antennas have rather complex structures
and they are quite difficult to fabricate. In [21], a chip inductor was embedded in the printed
monopole antenna, which resulted in a compact antenna for mobile handset application.

One compact multiband printed monopole for mobile application has been recently presented
in [3]. This design overcomes some of these limitations discussed above. Figure 9 shows the
structure of the proposed antenna and the main dimensions of the antenna elements are given
in Figure 10. The antenna element is printed on the top side of the substrate while the ground
plane is located at the bottom side. Behind the monopole antenna, there is no ground. The chip
inductor, of series Coilcraft 0402HP with an inductance of 20 nH, is embedded between the
branch A and B as shown in Figure 10. This antenna has a multi-branch structure, each of which
determines different resonant frequencies. The lowest resonant frequency, 960 MHz, is
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determined by both the inductance of the chip inductor and the overall length of branch A and
B. Although the chip inductor can also influence the resonant frequency at 1800 MHz to some
extent, this resonance is mainly determined by the length of branch A. The overall length of
branch D and the length of branch E determine the resonant frequencies at 2.4 and 5.2 GHz,
respectively. The frequency band at 3.8 GHz is related to the length of branch C and the width
of branch A.

Figure 9. Structure of the multiband printed monopole antenna for mobile terminals [3]

Figure 10. The main dimensions of the multiband printed monopole antenna [3]

This antenna is printed on the inexpensive substrate FR4 (relative permittivity of 4.4) with
thickness of 0.8 mm and size 100mm ×60mm, which is a reasonable circuit board size for a PDA
or smart phone device. To achieve a better impedance matching at each band, the length and
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width of each branch of the antenna were optimized through numerical simulations. In the
simulation set-up, the model of the chip inductor is built based on the studies presented in [7].
As stated before, the chip inductor mainly influences the first two lower frequency bands. In
these two lower frequency bands, the value of the chip inductor is more critical in determining
the lowest resonant frequency; as a result, in the simulation set-up, the equivalent inductance
and series resistance of the chip inductor model were calculated at 960 MHz using the formulas
provided in [7], and they are 20.6 nH and 2Ω, respectively.

Figure 11 shows the measured and simulated reflection coefficient of the proposed antenna.
This antenna was measured using the network analyzer Agilent PNA E8363B. It can be
observed that there is a good agreement between the measurement and simulation results. The
experiment result shows that the proposed antenna has 3:1 VSWR bandwidth covering
860-1060 MHz, 1710-2067 MHz, 2360-2500 MHz, 3250-4625 MHz, 5080-5410 MHz, which
includes almost all the required frequency bands for GSM900 (890-960MHz), DCS
(1710-1880MHz), PCS (1850-1990MHz), UMTS (1920-2170MHz), WLAN dual band
(2400-2484/5150-5350MHz) and WiMAX (3400-3600MHz) operations.

Figure 9. Structure of the multiband printed monopole antenna for mobile terminals [3] 

 

Figure 10. The main dimensions of the multiband printed monopole antenna [3] 
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Figure 12 presents the comparison of the simulated reflection coefficient between the proposed antenna 
with and without the embedded chip inductor. It is found that without the chip inductor, at the lowest 
frequency band the antenna can only resonate at around 1.1 GHz. After introducing the chip inductor, this 
resonant frequency reduces to 960 MHz and also brings down other higher modes to become resonant at 
1.8 GHz. It is also observed that the chip inductor has little influence on the resonant frequencies at 2.4 and 
5.2 GHz. 
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Figure 11. The measured and simulated reflection coefficient of the multiband printed monopole antenna [3]

Figure 12 presents the comparison of the simulated reflection coefficient between the proposed
antenna with and without the embedded chip inductor. It is found that without the chip
inductor, at the lowest frequency band the antenna can only resonate at around 1.1 GHz. After
introducing the chip inductor, this resonant frequency reduces to 960 MHz and also brings
down other higher modes to become resonant at 1.8 GHz. It is also observed that the chip
inductor has little influence on the resonant frequencies at 2.4 and 5.2 GHz.

Figure 13 shows the simulated surface current distribution of the proposed antenna at each
operation frequency. It is observed that at 960 MHz, there is a strong current on branches A
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and B. At 1800 and 1900 MHz, the current is mainly distributed on branch B. It is also clear
that branches D and E are responsible for the resonant frequency at 2.4 and 5.2 GHz, respec‐
tively. Regarding the resonance at 3.8 GHz, it is mainly determined by branch C and the
coupling between branch C and D.

Besides being a completely planar structure, another advantage of the proposed antenna is
that the size of the ground plane has little influence on its resonant characteristics compared
to the designs that short the antenna structure to the ground plane. The proposed monopole
antenna with different lengths of the ground plane has also been investigated. Figure 14 shows
the simulated reflection coefficient of the proposed antenna with ground planes of different
lengths. It was found that when decreasing the length of the ground plane, at the desired
frequency bands the proposed antenna only exhibits small frequency shifts and some changes
on the amplitude of the reflection coefficient.

The scenario in which the antenna is put into the center of a plastic housing box was also
investigated in this work. In the simulation model, the wall of the plastic housing is 1 mm
thick, 14 mm high and has a dielectric permittivity of 3.5. The simulation results (Figure 15)
indicate that, compared to the case when the antenna is radiating in free space, there is almost
no influence on the reflection coefficient of the proposed antenna except for a small frequency
shift at the 3.8 GHz band, when within the plastic housing.

The measured radiation patterns of the proposed antenna in free space are presented in Figure
16. It is found that at all the desired frequencies the proposed antenna has radiation patterns
similar to a typical monopole antenna, which normally has omnidirectional radiation patterns.
The simulation results also suggest that the antenna has moderate gain and efficiency at its
operation frequency bands. Table 2 summarizes the peak gain and radiation efficiency at the
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plane has also been investigated. Figure 14 shows the simulated reflection coefficient of the proposed 
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Figure 12. The comparison of the simulated reflection coefficient between the multiband printed monopole antenna
with and without the embedded the chip inductor [3]
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width of each branch of the antenna were optimized through numerical simulations. In the
simulation set-up, the model of the chip inductor is built based on the studies presented in [7].
As stated before, the chip inductor mainly influences the first two lower frequency bands. In
these two lower frequency bands, the value of the chip inductor is more critical in determining
the lowest resonant frequency; as a result, in the simulation set-up, the equivalent inductance
and series resistance of the chip inductor model were calculated at 960 MHz using the formulas
provided in [7], and they are 20.6 nH and 2Ω, respectively.

Figure 11 shows the measured and simulated reflection coefficient of the proposed antenna.
This antenna was measured using the network analyzer Agilent PNA E8363B. It can be
observed that there is a good agreement between the measurement and simulation results. The
experiment result shows that the proposed antenna has 3:1 VSWR bandwidth covering
860-1060 MHz, 1710-2067 MHz, 2360-2500 MHz, 3250-4625 MHz, 5080-5410 MHz, which
includes almost all the required frequency bands for GSM900 (890-960MHz), DCS
(1710-1880MHz), PCS (1850-1990MHz), UMTS (1920-2170MHz), WLAN dual band
(2400-2484/5150-5350MHz) and WiMAX (3400-3600MHz) operations.
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Figure 11. The measured and simulated reflection coefficient of the multiband printed monopole antenna [3]

Figure 12 presents the comparison of the simulated reflection coefficient between the proposed
antenna with and without the embedded chip inductor. It is found that without the chip
inductor, at the lowest frequency band the antenna can only resonate at around 1.1 GHz. After
introducing the chip inductor, this resonant frequency reduces to 960 MHz and also brings
down other higher modes to become resonant at 1.8 GHz. It is also observed that the chip
inductor has little influence on the resonant frequencies at 2.4 and 5.2 GHz.

Figure 13 shows the simulated surface current distribution of the proposed antenna at each
operation frequency. It is observed that at 960 MHz, there is a strong current on branches A
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and B. At 1800 and 1900 MHz, the current is mainly distributed on branch B. It is also clear
that branches D and E are responsible for the resonant frequency at 2.4 and 5.2 GHz, respec‐
tively. Regarding the resonance at 3.8 GHz, it is mainly determined by branch C and the
coupling between branch C and D.

Besides being a completely planar structure, another advantage of the proposed antenna is
that the size of the ground plane has little influence on its resonant characteristics compared
to the designs that short the antenna structure to the ground plane. The proposed monopole
antenna with different lengths of the ground plane has also been investigated. Figure 14 shows
the simulated reflection coefficient of the proposed antenna with ground planes of different
lengths. It was found that when decreasing the length of the ground plane, at the desired
frequency bands the proposed antenna only exhibits small frequency shifts and some changes
on the amplitude of the reflection coefficient.

The scenario in which the antenna is put into the center of a plastic housing box was also
investigated in this work. In the simulation model, the wall of the plastic housing is 1 mm
thick, 14 mm high and has a dielectric permittivity of 3.5. The simulation results (Figure 15)
indicate that, compared to the case when the antenna is radiating in free space, there is almost
no influence on the reflection coefficient of the proposed antenna except for a small frequency
shift at the 3.8 GHz band, when within the plastic housing.

The measured radiation patterns of the proposed antenna in free space are presented in Figure
16. It is found that at all the desired frequencies the proposed antenna has radiation patterns
similar to a typical monopole antenna, which normally has omnidirectional radiation patterns.
The simulation results also suggest that the antenna has moderate gain and efficiency at its
operation frequency bands. Table 2 summarizes the peak gain and radiation efficiency at the
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Figure 12. The comparison of the simulated reflection coefficient between the multiband printed monopole antenna
with and without the embedded the chip inductor [3]
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desired frequencies. It is observed that at 5.2 GHz, the radiation efficiency is rather low
compared to other resonant frequencies. This can be explained by the fact that there is a strong
coupling between the branch B and E (see Figure 12) while the branch E is also very closed to
the ground plane, with a negative impact on the radiation efficiency.

Figure 13. The simulated surface current distribution of the multiband printed monopole antenna [3] : (a) 960 MHz;
(b)1800 MHz; (c)1900 MHz; (d)2.4 GHz; (e)3.8 GHz and (f)5.25 GHz. The stronger current is represented by lighter col‐
ors
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Figure 15. Comparison of the simulated S11 of the multiband antenna when placed in a plastic housing and in free
space [3]

The Specific Absorption Ratio is also analyzed in this study. The simulation result indicates
that the SAR value averaged over 1 gram of head tissue is 1.4 W/Kg, which meets the released
SAR limitation of 1.6 W/Kg. It is expected that the SAR value in reality will be smaller than the
simulated one due to the adding of the case for the mobile phones.
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desired frequencies. It is observed that at 5.2 GHz, the radiation efficiency is rather low
compared to other resonant frequencies. This can be explained by the fact that there is a strong
coupling between the branch B and E (see Figure 12) while the branch E is also very closed to
the ground plane, with a negative impact on the radiation efficiency.

Figure 13. The simulated surface current distribution of the multiband printed monopole antenna [3] : (a) 960 MHz;
(b)1800 MHz; (c)1900 MHz; (d)2.4 GHz; (e)3.8 GHz and (f)5.25 GHz. The stronger current is represented by lighter col‐
ors
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The Specific Absorption Ratio is also analyzed in this study. The simulation result indicates
that the SAR value averaged over 1 gram of head tissue is 1.4 W/Kg, which meets the released
SAR limitation of 1.6 W/Kg. It is expected that the SAR value in reality will be smaller than the
simulated one due to the adding of the case for the mobile phones.
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Frequency(GHz) Simulated Peak Gain(dBi) / Radiation Efficiency

0.96 1.5 (93.7%)

1.8 2.6 (91.9%)

1.9 2.5 (92.2%)

2.4 2.7 (77.3%)

3.5 2.8 (86.8%)

5.2 1.7 (67.9%)

Table 2. Simulated Peak gain and radiation efficiency of the proposed antenna at each frequency band [3]

Figure 16. Measured E-plane (X-Z Plane) and H-plane (X-Y plane) radiation patterns of the proposed multiband an‐
tenna at: (a) 960MHz; (b) 1800MHz; (c) 1900MHz; (d) 2.4GHz; (e) 3.5GHz; (f) 5.2GHz [3]
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4. Small size printed monopole array

4.1. Fractal monopole antenna array

To increase the directivity of an antenna system, the use of antenna arrays is an effective
solution if an additional antenna element can be added in the wireless device. A single feed
antenna array has the advantages of easy fabrication and does not need any extra RF compo‐
nents such has a phase shifter. It is desirable to design such antenna in a planar structure as it
can simplify the fabrication process and reduce the fabrication cost. One compact single feed
multiband printed monopole antenna array using the 2nd iteration of the Minkowski fractal
geometry designed for WLAN dual band application is presented in [22].

The 2nd iteration of the Minkowski fractal geometry (see Figure 1) was chosen for this design
due to its compact size. Figure 17 shows the geometry of the proposed fractal monopole array.
This antenna was fabricated on a Roger 4003 substrate of thickness 0.813 mm and relative
permittivity 3.38. The substrate is 112 mm long and 65 mm wide, which is the size for a typical
PDA terminal. The antenna is constituted by two equal 2nd iteration Minkowski fractal
monopoles fed by a single microstrip line of 1.89 mm wide. The line width of the fractal
geometries is 0.25 mm and they are connected to the feed line by another horizontal microstrip
line of width 1.2 mm. The partial ground plane is printed on the back side of the substrate and
the antenna is printed on the top side.
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Frequency(GHz) Simulated Peak Gain(dBi) / Radiation Efficiency

0.96 1.5 (93.7%)

1.8 2.6 (91.9%)

1.9 2.5 (92.2%)

2.4 2.7 (77.3%)

3.5 2.8 (86.8%)

5.2 1.7 (67.9%)

Table 2. Simulated Peak gain and radiation efficiency of the proposed antenna at each frequency band [3]

Figure 16. Measured E-plane (X-Z Plane) and H-plane (X-Y plane) radiation patterns of the proposed multiband an‐
tenna at: (a) 960MHz; (b) 1800MHz; (c) 1900MHz; (d) 2.4GHz; (e) 3.5GHz; (f) 5.2GHz [3]
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4. Small size printed monopole array

4.1. Fractal monopole antenna array
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due to its compact size. Figure 17 shows the geometry of the proposed fractal monopole array.
This antenna was fabricated on a Roger 4003 substrate of thickness 0.813 mm and relative
permittivity 3.38. The substrate is 112 mm long and 65 mm wide, which is the size for a typical
PDA terminal. The antenna is constituted by two equal 2nd iteration Minkowski fractal
monopoles fed by a single microstrip line of 1.89 mm wide. The line width of the fractal
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As can be seen from Figure 17, on the top size of the partial ground plane, a rectangular stub
is added. Without introducing the rectangular stub on the partial ground plane, it is found
that the bandwidth of this antenna is not as good as expected: the bandwidth at the higher
band (5 GHz) is quite narrow. Therefore, it is necessary to find a method to improve the
bandwidth of the antenna at the higher band without affecting too much the resonant
frequency at the lower band. Some common impedance matching methods such as quarter-
wavelength transformer line or microstrip taper line, besides their large size, they are not
suitable for this application, since they can only be applied to single band antennas. After
several attempts, it was found that by adding a stub on the top edge of the ground plane, the
impedance match of the antenna can be improved with little influence on the original resonant
frequencies.

The improvement of the impedance matching of the proposed fractal antenna with the addition
of a stub on the partial ground plane can be explained by modeling the stub as an equivalent
L-Matching Network, as shown in Figure 18. The value of the inductance (L1) and capacitance
(C1) at each resonant frequency is determined by the size/shape of the stub and the thickness/
permittivity of the substrate. For the antenna presented in [22], due to the use of the fractal
geometry, which has the advantage of self-affinity and exhibiting similar radiation character‐
istics at multiple resonant frequencies, the impedance matching was improved simultaneously
at both resonant frequencies with the addition of an equivalent L-Network. This is one
additional merit of employing fractals in monopole antenna design.

Z0=50Ω 

L1 

C1 
Z(w) 

Figure 18. Antenna with an L-Matching Network

Figure 19 shows the measured and simulated reflection coefficient of this design. It can be
observed that further optimization is required, to further increase the operating bandwidth of
the antenna: it has a 10 dB bandwidth from 2.32 to 2.49 GHz and from 5.1 to 5.88 GHz, which
covers the required 2.4, 5.2 and 5.8 GHz bands for 802.11a/b/g applications. Comparing the
measured and simulated results, some frequency shifts were observed, which might be caused
by the fabrication accuracy or the uncertainty of the dielectric constant of the substrate. By
adjusting the size of the fractal geometry, the resonant frequencies can be easily tuned to the
desired ones.
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The measured radiation patterns for this single-feed array show that at the lower band, the
radiation pattern of this antenna array is similar to a normal printed monopole antenna, which
has a isotropic radiation pattern at the H plane and two broadside radiation pattern at the E
plane. In the upper band, the radiation patterns at both 5.2 and 5.8 GHz are more or less
omnidirectional but there are some nulls in the E plane, which are due to the cancellation from
the two radiation elements. The measurement results also indicate that the maximum gain of
this printed monopole array can reach 2.3 dBi in the lower band and 5.6 dBi in the upper band.
Compared to the case of a single radiation element, a minimum of 2 dB gain improvement has
been achieved. Based on the simulation results, the radiation efficiency of this antenna array
is 86% at 2.4 GHz, 82% at 5.2 GHz and 89% at 5.8 GHz.

4.2. Inverted-L antenna array for MIMO applications

Multiple-Input-Multiple-Output (MIMO) techniques enable a wireless device to transmit or
receive data with higher data rate. The recently announced IEEE 802.11n and Long Term
Evolution (LTE) standard requires the wireless LAN devices and mobile devices to support
MIMO. The use of antenna arrays can improve the diversity performance of the antenna, which
in turn increases the channel capacity by reducing the fading, suppressing both the random
frequency modulation and co-channel interference. The biggest challenge in designing
compact antenna arrays is how to maintain a good isolation between antennas that are closely
spaced. To have good space diversity, traditionally the space between each antenna elements
is required to be approximately half of the wavelength. However, for most of the commercial
wireless devices, it is impossible to follow this rule due to the size constraints. The objective
of this work is to explore solutions to design compact antenna arrays. The methodology
adopted in this study employs the ‘neutralizing technique’.
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Figure 19 shows the measured and simulated reflection coefficient of this design. It can be
observed that further optimization is required, to further increase the operating bandwidth of
the antenna: it has a 10 dB bandwidth from 2.32 to 2.49 GHz and from 5.1 to 5.88 GHz, which
covers the required 2.4, 5.2 and 5.8 GHz bands for 802.11a/b/g applications. Comparing the
measured and simulated results, some frequency shifts were observed, which might be caused
by the fabrication accuracy or the uncertainty of the dielectric constant of the substrate. By
adjusting the size of the fractal geometry, the resonant frequencies can be easily tuned to the
desired ones.
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The measured radiation patterns for this single-feed array show that at the lower band, the
radiation pattern of this antenna array is similar to a normal printed monopole antenna, which
has a isotropic radiation pattern at the H plane and two broadside radiation pattern at the E
plane. In the upper band, the radiation patterns at both 5.2 and 5.8 GHz are more or less
omnidirectional but there are some nulls in the E plane, which are due to the cancellation from
the two radiation elements. The measurement results also indicate that the maximum gain of
this printed monopole array can reach 2.3 dBi in the lower band and 5.6 dBi in the upper band.
Compared to the case of a single radiation element, a minimum of 2 dB gain improvement has
been achieved. Based on the simulation results, the radiation efficiency of this antenna array
is 86% at 2.4 GHz, 82% at 5.2 GHz and 89% at 5.8 GHz.

4.2. Inverted-L antenna array for MIMO applications

Multiple-Input-Multiple-Output (MIMO) techniques enable a wireless device to transmit or
receive data with higher data rate. The recently announced IEEE 802.11n and Long Term
Evolution (LTE) standard requires the wireless LAN devices and mobile devices to support
MIMO. The use of antenna arrays can improve the diversity performance of the antenna, which
in turn increases the channel capacity by reducing the fading, suppressing both the random
frequency modulation and co-channel interference. The biggest challenge in designing
compact antenna arrays is how to maintain a good isolation between antennas that are closely
spaced. To have good space diversity, traditionally the space between each antenna elements
is required to be approximately half of the wavelength. However, for most of the commercial
wireless devices, it is impossible to follow this rule due to the size constraints. The objective
of this work is to explore solutions to design compact antenna arrays. The methodology
adopted in this study employs the ‘neutralizing technique’.

Low Cost Compact Multiband Printed Monopole Antennas and Arrays for Wireless Communications
http://dx.doi.org/10.5772/58815

75



Designing a WLAN antenna for an USB dongle requires techniques for antenna miniaturiza‐
tion as the available volume left for the antenna is quite small compared to the wavelength at
the required resonant frequency, which is quite challenging. As an example, in [23] a USB
memory size antenna for 2.4 GHz Wireless LAN (WLAN) was achieved by using a folded
trapezoidal antenna. In an USB dongle, the available volume for mounting the antennas is
typically around 10×17×5 mm3. With respect to the design of antenna arrays for USB dongles,
it is a challenge task to improve the isolation between each antenna element, since the antennas
have to be placed in close proximity. In [24], a dual band two antennas array was proposed.
This antenna consists of an L-shape patch and a via trace connecting the via to the ground. To
reach the expected performance, it needs precise fabrication and the experimental result shows
that the isolation of this antenna array at 2.4 GHz is less than 9 dB. In [25], a MIMO antenna
array for mobile WiMAX (3.5 GHz) was presented. This antenna has a 3D structure and the
high isolation was achieved by using a common T-shaped ground plane. The disadvantages
of this antenna array are that it is difficult to fabricate and the size of the ground plane can
have a great effect on the radiation performance of the antenna due to the shorting structure.
Regarding the design of compact planar antenna arrays for WLAN 5.8 GHz on a USB dongle,
research has shown that there are few publications in this area, which is the main motivation
behind this work. Recently, a new method named Neutralization Techniques has been
proposed [26]. Using this method, the isolation of two Planar Inverted-F Antennas (PIFAs) can
be improved through neutralizing the current of two antennas without the need of adding
extra space for antenna design. So far, this method has only been applied in the design of PIFA
antennas and there are few studies investigating the use of the neutralization technique. In
this work, we further investigate this technique in the design of an Inverted-L antenna (ILA)
array.

In [27], a compact and low cost Inverted-L antenna array is proposed for the MIMO application.
Figure 20 shows the structure of a classic ILA. The ILA can be viewed as a bent monopole
antenna and the total length of the inverted-L, L1+L2, needs to be approximately one quarter
of wavelength at the resonant frequency of interest. However, the challenge of this work is
that the two antennas need to be closely located in a small area of an USB dongle.

Figure 21 presents the structure of the proposed ILAs. The proposed antenna is fabricated on
0.8 mm thick FR4 with relative permittivity of 4.4 and loss tangent of 0.02. The distance between
the two feeding points is 0.15λ5.8GHz and the gap (d1) between these two antennas is only
0.02λ5.8GHz, where λ5.8GHz represents the free space wavelength at 5.8 GHz. This antenna array
has two equal ILAs that are located within a small distance on the PCB board of the USB dongle.
Based on the concept proposed in [26], a neutralizing line is added between the two antenna
elements to increase the isolation. The length of the neutralizing line is critical in determining
the frequency band where the isolation between the two antenna ports can be improved.
Increasing the length of the neutralizing line can make the antenna array to have good isolation
at the lower frequency band. According to [26], the location of the neutralizing line needs to
be placed where the surface current is maximum (minimum E field) and the length of it needs
to be approximately a quarter wavelength.
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It is found in [27] that this antenna structure exhibits poor impedance matching at the desired
frequency. The low input impedance of the ILA antenna is in fact one of its disadvantages [28].
The typical method employed to solve this problem for an ILA is to short the antenna element
to the ground plane and change the feeding position, which in turn increases the input
impedance of the antenna. Then the antenna becomes an Inverted-F antenna (IFA), whose
input impedance is easier to be matched. However, shorting the antenna to the ground plane
will increase the impact of the ground plane size to the radiation performance of the antenna.
When connecting the USB dongle to a PC, for example, the equivalent size of the ground plane
for the antenna is extended. In this scenario, the antenna may fail to operate at the desired
frequency band. Moreover, the isolation between the antennas may also be influenced by
shorting them to a common ground plane. Therefore, it is better to solve this limitation without
resorting to short the antenna to the ground. Instead, the technique proposed in [27] improves
the impedance matching of the antenna array by including one vertical stub in the middle of
the neutralizing line, as depicted in Figure 21. From the aspect of the antenna array, where the
isolation between the antennas is of concern, adding this stub has little influence on the
isolation between the two antennas as the isolation is mainly controlled by the length, width
and position of the horizontal neutralizing line. Meanwhile, for the single antenna itself, the
equivalent antenna structure is one bent monopole with an L-shape stub, which operates as
an impedance transformer.

Figure 22 shows the measured reflection coefficient and isolation of the proposed antenna
array. The measurement results suggest that the proposed ILA array has a 10 dB return loss
bandwidth from 5.7 to more than 6 GHz, which is more than the specification required for the
WLAN 5.8 GHz frequency band of interest (5.725 to 5.875 GHz). This makes the performance
of the proposed antenna more robust during product integration, such as immunity to
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Figure 20. The structure of a typical Inverted-L antenna [27]
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proximity to other components and the product enclosure, thus providing some margin
against proximity effects which can lead to some frequency shifts. It is also found that the
isolation between the two antennas is always better than 10 dB from 5.5 to 6.0 GHz and within
the desired WLAN operation band, an isolation of 12 dB or more is obtained. It is observed
that there is some frequency differences (less than 100 MHz) between the measured reflection
coefficients of the two ports of the antenna array. This is due to the fabrication accuracy and
soldering of the feeding cable, which results in the asymmetrical response of the two antenna
elements. The measured results indicate that the proposed antenna array exhibits a maximum
gain around 2.5 dBi at 5.8 GHz.
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Figure 22. Measured reflection coefficient of the ILAs array proposed in [27]

Figure 21. The structure of the proposed ILAs array in [27]
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5. Recent development

It has been shown in this chapter that the usage of two strips can contribute to the design of a
dual band printed monopole. Recent research in [29] demonstrates that instead of using only
two strips, a triple-band monopole can be designed using three strips. The structure of the
triple-band printed monopole in presented in Figure 23. As seen, the printed monopole has
three strips, each of which corresponds to a resonant frequency. This implies that introducing
multiple strips, a multiband printed monopole can be obtained. This is one of the advantages
of the printed monopole compared to other types of antennas. However, the difficulty of this
approach lies in how to match the monopole at different resonant frequencies and reduce the
influence from the mutual couplings between different strips.

Figure 23. The proposed triple band printed monopole by [29]

It is also known that either using the meandered lines or the introduction a chip inductor can
contribute to the size reduction of the monopole. Recently, a broadband LTE/WWAN antenna
was designed for the tablet PC application [30]. This monopole is designed by employing both
the meandered lines and chip inductor, thus greatly reducing the size of the antenna, whilst
reaching a multiple frequency band operation. Similarly, a small printed monopole for DVB
application is achieved by introducing a varactor on the meander line monopole [31]. By
adding the varactor on the antenna radiating element, not only the antenna size is reduced,
but also the frequency reconfigurablility can be achieved. Therefore, it can be concluded that
combining different antenna miniaturization techniques to design a small printed monopole
is an effective approach. Figure 24 demonstrates one example of introducing a lumped element
on a meander line structure.
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proximity to other components and the product enclosure, thus providing some margin
against proximity effects which can lead to some frequency shifts. It is also found that the
isolation between the two antennas is always better than 10 dB from 5.5 to 6.0 GHz and within
the desired WLAN operation band, an isolation of 12 dB or more is obtained. It is observed
that there is some frequency differences (less than 100 MHz) between the measured reflection
coefficients of the two ports of the antenna array. This is due to the fabrication accuracy and
soldering of the feeding cable, which results in the asymmetrical response of the two antenna
elements. The measured results indicate that the proposed antenna array exhibits a maximum
gain around 2.5 dBi at 5.8 GHz.
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shorting them to a common ground plane. Therefore, it is better to solve this limitation without resorting to short the 
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horizontal neutralizing line. Meanwhile, for the single antenna itself, the equivalent antenna structure is one bent 

monopole with an L-shape stub, which operates as an impedance transformer. 

 

 
 Figure 21: The structure of the proposed ILAs array in [27] 
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Figure 22. Measured reflection coefficient of the ILAs array proposed in [27]

Figure 21. The structure of the proposed ILAs array in [27]
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5. Recent development

It has been shown in this chapter that the usage of two strips can contribute to the design of a
dual band printed monopole. Recent research in [29] demonstrates that instead of using only
two strips, a triple-band monopole can be designed using three strips. The structure of the
triple-band printed monopole in presented in Figure 23. As seen, the printed monopole has
three strips, each of which corresponds to a resonant frequency. This implies that introducing
multiple strips, a multiband printed monopole can be obtained. This is one of the advantages
of the printed monopole compared to other types of antennas. However, the difficulty of this
approach lies in how to match the monopole at different resonant frequencies and reduce the
influence from the mutual couplings between different strips.

Figure 23. The proposed triple band printed monopole by [29]

It is also known that either using the meandered lines or the introduction a chip inductor can
contribute to the size reduction of the monopole. Recently, a broadband LTE/WWAN antenna
was designed for the tablet PC application [30]. This monopole is designed by employing both
the meandered lines and chip inductor, thus greatly reducing the size of the antenna, whilst
reaching a multiple frequency band operation. Similarly, a small printed monopole for DVB
application is achieved by introducing a varactor on the meander line monopole [31]. By
adding the varactor on the antenna radiating element, not only the antenna size is reduced,
but also the frequency reconfigurablility can be achieved. Therefore, it can be concluded that
combining different antenna miniaturization techniques to design a small printed monopole
is an effective approach. Figure 24 demonstrates one example of introducing a lumped element
on a meander line structure.
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(e.g. inductor, 

varactor)

Figure 24. Demonstration of adding a lumped element on the meander line

To design a compact monopole array for the MIMO application, the key issue is to keep a high
isolation between two or more radiating elements when they are closely spaced. The simula‐
tion results presented in [32] show that the orientation of the antenna elements can be critical
in determining the isolation between the antennas. For example, with the spacing between two
antennas elements of only one tenth of the wavelength, when the two monopoles are orthog‐
onally oriented as the one shown in Figure 25, about 10-dB improvement in isolation can be
observed. This can be explained by the polarization diversity. However, this approach will not
be practical if a single polarization for the receiving signal is required to be used.

Antenna 1 Antenna 2

Figure 25. Example of placing two antennas in orthogonal position
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Recently, a new approach based on the neutralizing technique, which has been introduced in
this chapter, is proposed in [33]. Figure 26 shows the configuration of the neutralizing line. In
this approach,a high isolation over a wideband frequency is reached by creating four current
paths between the two antenna elements, which is achieved by attaching the neutralizing line
to both the antenna elements and the feed line at its maximum current position. The meas‐
urement results provided in [33] show that this is an effective method to design a compact
wideband printed monopole array for MIMO applications. This constitutes a further devel‐
opment for the conventional neutralizing technique proposed by [26].

Connect to the 
antenna feed line Connect to the 

antenna feed line

Connect to the 
antenna 

Connect to the 
antenna 

Figure 26. The modified the neutralizing line proposed in [31]

6. Conclusion

In this chapter, several techniques that can be employed to design compact and low cost
printed monopole antennas and antenna arrays have been introduced. Either using some
special geometry (e.g. fractals) or introducing lumped elements on the radiating elements,
multiband monopole with reduced size can be implemented. The recent studies also show that
combining both methods, additional size reduction can be achieved. However, the disadvant‐
age is that the antenna radiation performance will be influenced. In the field of compact printed
monopole arrays, the use of the neutralizing technique has been proved to be an effective
method that can be applied to the planar monopole design, which can result in a simple and
low cost solution. To reach a wideband operation, the modified neutralizing line proposed in
[31] provides a good solution.
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Figure 24. Demonstration of adding a lumped element on the meander line

To design a compact monopole array for the MIMO application, the key issue is to keep a high
isolation between two or more radiating elements when they are closely spaced. The simula‐
tion results presented in [32] show that the orientation of the antenna elements can be critical
in determining the isolation between the antennas. For example, with the spacing between two
antennas elements of only one tenth of the wavelength, when the two monopoles are orthog‐
onally oriented as the one shown in Figure 25, about 10-dB improvement in isolation can be
observed. This can be explained by the polarization diversity. However, this approach will not
be practical if a single polarization for the receiving signal is required to be used.
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Figure 25. Example of placing two antennas in orthogonal position
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this approach,a high isolation over a wideband frequency is reached by creating four current
paths between the two antenna elements, which is achieved by attaching the neutralizing line
to both the antenna elements and the feed line at its maximum current position. The meas‐
urement results provided in [33] show that this is an effective method to design a compact
wideband printed monopole array for MIMO applications. This constitutes a further devel‐
opment for the conventional neutralizing technique proposed by [26].
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In this chapter, several techniques that can be employed to design compact and low cost
printed monopole antennas and antenna arrays have been introduced. Either using some
special geometry (e.g. fractals) or introducing lumped elements on the radiating elements,
multiband monopole with reduced size can be implemented. The recent studies also show that
combining both methods, additional size reduction can be achieved. However, the disadvant‐
age is that the antenna radiation performance will be influenced. In the field of compact printed
monopole arrays, the use of the neutralizing technique has been proved to be an effective
method that can be applied to the planar monopole design, which can result in a simple and
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1. Introduction

The need of both mobility and communication leads to the integration of antennas in miniature
devices so far non-connected (particularly in medical areas). The dedicated volume for the
antenna, including its ground plane, has to be kept at its acceptable minimum, involving low
bandwidth. Moreover, due to their poor impedance bandwidth, small antennas tend to be very
sensitive to the environment. Indeed, they are directly affected by their immediate surround‐
ings, which disturb their working band, their radiation and their performances [1]. To counter
the low bandwidth of the antenna and to adapt it to variable conditions and surroundings, it
can integrate active components.

Thus, active components become highly suitable for the development of modern wireless
communications. Indeed, they allow the miniaturization, shifting the antenna working
frequency to be matched over a wide bandwidth by covering only the user channel and the
adaptation of antennas to variable operating conditions and surroundings. It is in this
framework that authors will propose in this chapter to detail the integration of active compo‐
nents in antennas to be more compact, smart and integrated.

The first part will address an overview of the most common used techniques for compact
antennas to become active. In this goal, active antennas state-of-the-art will be presented:

• The first sub-section will present antennas integrating tunable components such as varactor
diodes, MicroElectroMechanical systems (MEMS), Positive Intrinsic Negative (PIN) diode
and Field Effect Transistor (FET).

• The second sub-section will focus on active antennas using tunable materials properties, i.e.
ferroelectric materials and liquid crystal.

A second part will show relevant parameters for active antennas studies. It will exhibit both
challenges and how to integrate active components in order to maximize the antenna per‐

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.
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1. Introduction

The need of both mobility and communication leads to the integration of antennas in miniature
devices so far non-connected (particularly in medical areas). The dedicated volume for the
antenna, including its ground plane, has to be kept at its acceptable minimum, involving low
bandwidth. Moreover, due to their poor impedance bandwidth, small antennas tend to be very
sensitive to the environment. Indeed, they are directly affected by their immediate surround‐
ings, which disturb their working band, their radiation and their performances [1]. To counter
the low bandwidth of the antenna and to adapt it to variable conditions and surroundings, it
can integrate active components.

Thus, active components become highly suitable for the development of modern wireless
communications. Indeed, they allow the miniaturization, shifting the antenna working
frequency to be matched over a wide bandwidth by covering only the user channel and the
adaptation of antennas to variable operating conditions and surroundings. It is in this
framework that authors will propose in this chapter to detail the integration of active compo‐
nents in antennas to be more compact, smart and integrated.

The first part will address an overview of the most common used techniques for compact
antennas to become active. In this goal, active antennas state-of-the-art will be presented:

• The first sub-section will present antennas integrating tunable components such as varactor
diodes, MicroElectroMechanical systems (MEMS), Positive Intrinsic Negative (PIN) diode
and Field Effect Transistor (FET).

• The second sub-section will focus on active antennas using tunable materials properties, i.e.
ferroelectric materials and liquid crystal.

A second part will show relevant parameters for active antennas studies. It will exhibit both
challenges and how to integrate active components in order to maximize the antenna per‐

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.



formances and efficiency. This part will be supported by concrete examples. Therefore,
depending on their intended applications, readers will be prepared to find the best trade-offs
between the agility method, the miniaturization and antenna performances.

The last part will be dedicated to present limitations of actual and most common solutions
proposed for active and compact antennas. In this framework, new approaches will be detailed
to overcome these physical limitations.

2. Overview of compact active antennas

Very small size antennas are needed for future dense wireless network deployment, for
example in WBAN (Wireless Body Area Network) where the size is limited to dimensions
much smaller (hearing aid, implants) than wavelength (λ0=12.2 cm at 2.45GHz) or for the DVB-
H (Digital Video Broadcasting – Handheld) application, where the miniaturization aspect is
even more critical because it is a low frequency standard (λ0=60 cm at 470 MHz). Therefore,
the antenna has to be carefully optimized with trading off fundamental size limitations with
its characteristics (especially bandwidth and efficiency). In addition, the environment of
miniature antennas will be highly variable resulting in large antenna impedance and propa‐
gation channel changes. Several challenges have to be addressed. One of them is the adaptive
antenna technology for compensating both low bandwidths and detuning effects.

The most commonly cited performance criterion is the achievable frequency tuning range (TR)
defined as:

TR(%)=
2( f max − f min)

f max + f min
.100 where f max and f min are respectively the upper and the lower

antenna operating frequency. The frequency tuning can either be continuous or discrete. The
continuous frequency tuning is able to continuously cover each channel of a same standard
while the discrete frequency tuning can only switch between different standards. This part
will present the most common methods to target frequency tunable antennas design.

2.1. Integration of active components

2.1.1. Varactor diodes

For continuous frequency tuning, the integration of varactor diodes within an antenna is the
most common approach [2-5]. P. Bhartia et al. were the first to publish antenna integrating
varactor diodes [6]. Indeed, they presented a microstrip patch antenna with varactor diodes
at the edges of the structure, as illustrated Figure 1. Both rectangular and circular tunable
patches were studied, results reveal that 22% and 30% of bandwidth can respectively be
achieved by varying the DC-bias-voltage between 0V and 30V.
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Figure 1. Patch antenna integrating varactor diodes [28]

Slot antennas are also good candidates for the frequency agility [7-9]. N. Behdad and K.
Sarabandi presented in [9] a dual band reconfigurable slot antenna. The schematic of its
proposed dual-band slot antenna is shown in Figure 2. Matching is performed by choosing
appropriately the location of the microstrip feed and the length of the open circuited line.

Figure 2. Dual reconfigurable slot antenna [9]

Figure 3 shows the simulated and measured dual-band responses of the antenna where by
applying the appropriate combination of bias voltages (V1 and V2) the frequency of the first
band is kept fixed and that of the second band is tuned. Similarly, as shown in Figure 3, it is
possible to keep the frequency of the second band stationary and sweep the frequency of the
first band.
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applying the appropriate combination of bias voltages (V1 and V2) the frequency of the first
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Figure 3. Measured |S11| parameters for different combination of bias voltages [9]

Another example show a 3D Inverted F Antenna [10] designed to cover the entire DVB-H band
going from 470 MHz to 862 MHz. To be integrated in a mobile handheld device, the antenna
allocated volume had to be very compact. A good trade-off between small sizes and the
impedance bandwidth was to choose a structure based on the IFA design. Indeed, the radiating
monopole of this kind of structure can be folded all around a material to become more compact
(see Figure 4).
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However, the more compact the antenna is, the lowest the bandwidth is becoming. To 
counter this issue, it has been proved that using a magneto-dielectric material rather than a 
dielectric one allows enhancing the input impedance bandwidth. Basing on this antenna 
design, the idea was to integrate a varactor diode to tune the impedance matching all over 
the DVB-H band (see Figure 5). 
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However, the more compact the antenna is, the lowest the bandwidth is becoming. To counter
this issue, it has been proved that using a magneto-dielectric material rather than a dielectric
one allows enhancing the input impedance bandwidth. Basing on this antenna design, the idea
was to integrate a varactor diode to tune the impedance matching all over the DVB-H band
(see Figure 5).

A prototype of the tunable antenna has been realized (Figure 6) and measured. For the diode
polarization, a DC bias Tee is optimized with SMD components and measured on the DVB-H
band (Figure 6). After being validated, it is integrated upstream from the antenna structure as
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shown Figure 6. In order to improve the quality and the reliability of wireless links, the final
mobile device is integrating two antennas (see Figure 6) for diversity operations.
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DVB-H band (Figure 6). After being validated, it is integrated upstream from the antenna 
structure as shown Figure 6. In order to improve the quality and the reliability of wireless 
links, the final mobile device is integrating two antennas (see Figure 6) for diversity 
operations.  

(a) (b) 
Figure 6. DC bias Tee with SMD components and its integration upstream from the antenna (a), 
integration of two antennas in the tablet dedicated to the DVB-H reception (b) [10] 

Figure 7 presents respectively the variation of the input impedances and |S11| parameters of 
the antenna versus frequency for different values of the varactor diode bias voltages. 
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Figure 7. Measured input impedances (a) and |S11| parameters (b) for several DC bias voltages [10] 

Therefore, the antenna working band is continuously tuned all over the whole DVB-H band. 
In the worst case, i.e. for a 2V DC bias voltage, the antenna is matched with |S11| < - 6dB in a 
bandwidth which is covering more than one channel of the DVB-H band at -6 dB (largely 
suitable for the DVB-H standard). 

2.1.2. Positive Intrinsic Negative (PIN) diodes 
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Figure 7 presents respectively the variation of the input impedances and |S11| parameters of
the antenna versus frequency for different values of the varactor diode bias voltages.
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However, the more compact the antenna is, the lowest the bandwidth is becoming. To counter
this issue, it has been proved that using a magneto-dielectric material rather than a dielectric
one allows enhancing the input impedance bandwidth. Basing on this antenna design, the idea
was to integrate a varactor diode to tune the impedance matching all over the DVB-H band
(see Figure 5).

A prototype of the tunable antenna has been realized (Figure 6) and measured. For the diode
polarization, a DC bias Tee is optimized with SMD components and measured on the DVB-H
band (Figure 6). After being validated, it is integrated upstream from the antenna structure as
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shown Figure 6. In order to improve the quality and the reliability of wireless links, the final
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Therefore, the antenna working band is continuously tuned all over the whole DVB-H band.
In the worst case, i.e. for a 2V DC bias voltage, the antenna is matched with |S11| <-6dB in a
bandwidth which is covering more than one channel of the DVB-H band at-6 dB (largely
suitable for the DVB-H standard).

2.1.2. Positive Intrinsic Negative (PIN) diodes

PIN diodes are using as switches:

• The ON state of the diode can be modelled by a zero resistance, i.e. a continuous metal strip
across the slot where the diode is integrated.

• The OFF state of the diode can be modelled as an infinite resistance. The radiating length
after the diode is not seen from RF point of view. The effective length of the antenna, and
hence its operating frequency, is changing compared with the ON state case.

Selected antenna’s types for integrating PIN diodes are often slot antennas or printed antennas
(e.g. printed monopole, Inverted F Antenna, …). J-M. Laheurte presented in [11] a slot antenna
including pin diodes for multi-frequency operation within a frequency octave.

Diode 1

Diode 2

Diode 3

Diode 4

Diode 5

Diode 6

Diode 7

DC-biasvoltage

Ground plane

Diode 8

64.7 mm

Figure 8. Switchable slot antenna including eight pin diodes [11]

As shown Figure 8, this antenna integrates eight PIN diodes and according to their ON or OFF
states combination, the antenna can operate at different and discrete frequency bands (see
Figure 9). Instantaneous impedance bandwidths are between 8% and 21% depending on the
diodes’ states combination.

Eventually, this antenna presents somewhat large dimensions since its main size is higher than
à λ0/2 at 2.8 GHz. The literature presents smaller antennas integrating PIN diodes since their
main size are lower than à λ0/2 at the working frequency [12].

Peroulis et al. [13] presented a tunable single-fed S-shaped slot loaded with a series of four
PIN diodes. The effective length modification allows this antenna to operate in one of four
selectable frequency bands between 530 and 890 MHz.

Before directly studying the tunable slot antenna, both single S-shaped slot antenna and PIN
diodes were separately presented and studied. By this way, the issue related to the design of
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a suitable PIN switch has been grasped before integrate it and show its effects on the antenna
performances. Indeed, to implement the electronic reconfigurability, the ideal shunt switches
must be replaced by real PIN diodes. Therefore, the RF equivalent circuit of the diode has been
studied (see Figure 10) for both the ON and OFF states. The reactive components Cp and Lp

are modeling the packaging effect, while the others come from the electric properties of the
diode junction in the ON and OFF positions. Then, the switch bias network was presented as
an inductor of 470 nH and three 10 pF capacitors (Figure 10).
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Figure 10. RF equivalent circuit of the PIN diode (a) and the switch bias network (b) [13] 

Finally, a reconfigurable slot antenna design (Figure 11) is presented in this paper. Four 
switches are used in order to tune the antenna over a range of 540–950 MHz. The integration 
of the fours PIN diodes allows choosing the operating frequency of the antenna (Figure 11). 
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Figure 11. Reconfigurable slot antenna (a) and its measured |S11| parameters (b) [13] 

2.1.3. MicroElectroMechanical systems (MEMS) 

MEMS components can allow: 

- Continuous frequency tuning when they are used as a variable capacitance. 

Figure 10. RF equivalent circuit of the PIN diode (a) and the switch bias network (b) [13]

Finally, a reconfigurable slot antenna design (Figure 11) is presented in this paper. Four
switches are used in order to tune the antenna over a range of 540–950 MHz. The integration
of the fours PIN diodes allows choosing the operating frequency of the antenna (Figure 11).

Figure 9. Measured |S11| parameters for different states of diodes: all diodes OFF (i), diodes 1, 8 ON (ii), diodes 1, 2, 7, 8
ON (iii) and diodes 1, 2, 3, 6, 7, 8 ON (iv) [11]
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Therefore, the antenna working band is continuously tuned all over the whole DVB-H band.
In the worst case, i.e. for a 2V DC bias voltage, the antenna is matched with |S11| <-6dB in a
bandwidth which is covering more than one channel of the DVB-H band at-6 dB (largely
suitable for the DVB-H standard).

2.1.2. Positive Intrinsic Negative (PIN) diodes

PIN diodes are using as switches:

• The ON state of the diode can be modelled by a zero resistance, i.e. a continuous metal strip
across the slot where the diode is integrated.

• The OFF state of the diode can be modelled as an infinite resistance. The radiating length
after the diode is not seen from RF point of view. The effective length of the antenna, and
hence its operating frequency, is changing compared with the ON state case.

Selected antenna’s types for integrating PIN diodes are often slot antennas or printed antennas
(e.g. printed monopole, Inverted F Antenna, …). J-M. Laheurte presented in [11] a slot antenna
including pin diodes for multi-frequency operation within a frequency octave.
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Figure 8. Switchable slot antenna including eight pin diodes [11]

As shown Figure 8, this antenna integrates eight PIN diodes and according to their ON or OFF
states combination, the antenna can operate at different and discrete frequency bands (see
Figure 9). Instantaneous impedance bandwidths are between 8% and 21% depending on the
diodes’ states combination.
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à λ0/2 at 2.8 GHz. The literature presents smaller antennas integrating PIN diodes since their
main size are lower than à λ0/2 at the working frequency [12].

Peroulis et al. [13] presented a tunable single-fed S-shaped slot loaded with a series of four
PIN diodes. The effective length modification allows this antenna to operate in one of four
selectable frequency bands between 530 and 890 MHz.

Before directly studying the tunable slot antenna, both single S-shaped slot antenna and PIN
diodes were separately presented and studied. By this way, the issue related to the design of
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a suitable PIN switch has been grasped before integrate it and show its effects on the antenna
performances. Indeed, to implement the electronic reconfigurability, the ideal shunt switches
must be replaced by real PIN diodes. Therefore, the RF equivalent circuit of the diode has been
studied (see Figure 10) for both the ON and OFF states. The reactive components Cp and Lp

are modeling the packaging effect, while the others come from the electric properties of the
diode junction in the ON and OFF positions. Then, the switch bias network was presented as
an inductor of 470 nH and three 10 pF capacitors (Figure 10).
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Figure 10. RF equivalent circuit of the PIN diode (a) and the switch bias network (b) [13] 
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of the fours PIN diodes allows choosing the operating frequency of the antenna (Figure 11). 
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Finally, a reconfigurable slot antenna design (Figure 11) is presented in this paper. Four
switches are used in order to tune the antenna over a range of 540–950 MHz. The integration
of the fours PIN diodes allows choosing the operating frequency of the antenna (Figure 11).

Figure 9. Measured |S11| parameters for different states of diodes: all diodes OFF (i), diodes 1, 8 ON (ii), diodes 1, 2, 7, 8
ON (iii) and diodes 1, 2, 3, 6, 7, 8 ON (iv) [11]
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2.1.3. MicroElectroMechanical systems (MEMS)

MEMS components can allow:

• Continuous frequency tuning when they are used as a variable capacitance.

• Discrete frequency tuning, when they are used as switches.

E. Erdil presents in [14] a reconfigurable microstrip patch antenna integrating RF MEMS
capacitor for continuously tuning the resonant frequency (see Figure 12). The reconfigurability
of the operating frequency is obtained by loading one of the radiating edges of the microstrip
patch antenna with a CPW stub on which RF MEMS bridge type capacitors are periodically
placed.

Figure 12. Frequency tunable microstrip patch antenna integrating MEMS capacitors [14]

When a DC voltage is applied, the height of the MEMS bridges on the stub is varying, and thus
the loading capacitance is also changing. Therefore, as showed Figure 13 the matching
frequency around 16.05 GHz shifts down to 15.75 GHz as the actuation voltage is increased
from 0 to 11.9 V, where the height of the capacitive gap changes from 1.5 µm to 1.4 µm.
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Figure 13. |S11|parameters for different actuation voltages and simulation results [14]

Discrete frequency tuning can be illustrated with a reconfigurable annular slot antenna with
a monolithic integration of MEMS actuators presented by B.A. Cetiner in [15]. The architecture
and a photograph of the microstrip-fed reconfigurable antenna annular slot are shown in
Figure 14. The antenna has two concentric circular slots. According to MEMS switch S1 state,
they can be individually excited in order to achieve frequency reconfigurability. S2 and S3

switches enable the metallic annular ring, which stays between the outer and inner slots, to be
shorted to RF ground.
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The measured |S11| parameters (Figure 15) show that when MEMS switches are activated
(down-state) by applying DC bias voltages, the antenna working band is around 5.2 GHz. Vice-
versa, when MEMS switches are in the up-state, the antenna is working at 2.4 GHz.

Figure 15. Measured and simulated |S11|parameters for MEMS switches activated (5.2 GHz) and deactivated (2.4 GHz)
[15]

2.1.4. Field Effect Transistor

Continuous frequency tuning can be achieved by using Field Effect Transistor. In [16], S.
Kawasaki presents a slot antenna loaded with two one-port reactive FET. The electrically
length of the slot is changing according to the voltage bias applying on the FET. The measured
|S11| parameters (see Figure 16) show a 10% frequency tuning range for a gate tuning voltage
(Vgs) going from 0V to-0.6V while the drain voltage (Vds) is tuned from 0V to 0.4V.

2.2. Agile antennas using tunable materials

Changing the material characteristics in a part of antenna designs also promise the ability to
tune them in frequency. The application of a static electric field can be used to change the
relative permittivity of a ferroelectric material or a liquid crystal, respectively a static magnetic
field can changed the relative permeability of a ferrite. In case of printed antennas, these
changes modify the effective electrical length of antennas, and then resulting in shifts of their
operating frequencies.

Progress in Compact Antennas94

2.2.1. Ferroelectric materials

Lead-based perovskite ceramics such as PbZrxTi1−xO3 (PZT) have been the leaders, for the past
50 years, on ferroelectric material research [17] for electronic devices, sensors, actuators, and
medical ultrasonic transducers, owing to their good dielectric properties over a wide temper‐
ature range. Due to health care and environmental regulations, restriction of hazardous
substances as lead has been required [18]. Since the last 10 years, many efforts have been mainly
devoted in the field of microwave applications to BaxSr1-xTiO3 (BST) material which is one of
the most attractive materials [19] because it presents high dielectric constant, relatively low
dielectric loss, interesting tunability and small temperature dependence. In fact, in BST, the
Curie temperature (Tc) which defines the ferroelectric/paraelectric transition is tuned by
controlling the Ba/Sr ratio. More recently some other ferroelectric ceramics such as the tantalate
niobate oxide KTaxNb1−xO3 (KTN) or the sodium bismuth titanate Na0.5Bi0.5TiO3 (BNT) and its
solid solutions BNT-BT are emerging.

Two different methods exist to polarize a ferroelectric material with a static electric field. A
better tunability is obtained when the static electric field is perpendicular to the two electrodes.
For antenna application point of view, antenna designs integrating ferroelectric materials have
to move toward this kind of polarization in order to have a better reconfigurability. However,
many efforts have to be devoted from realization and also simulation point of views. Therefore,
compact antenna community exhibits only few papers of this kind of antennas.

V. K. Palukuru et al. [20] present a tunable antenna using an integrated ferroelectric-thick film
made of BST material. The antenna is depicted in Figure 17. It exhibits a folded slot antenna
loading with a BST thin film varactor. In order to tune the dielectric permittivity of the BST
film, a DC bias voltage is applied thanks to a bias-T component, which was attached to the
Vector Network Analyzer. The BST varactor is placed over the radiating slot: the upper
electrode (0.2 mm 0.2 mm) is part of the antenna’s metallization and the lower electrode is the
antenna’s ground plane. In order to reduce the capacitance of the varactor, a slight horizontal

Figure 16. Measured |S11|parameters for both gate and drain tuning voltages [16]
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offset is used between the electrodes. Therefore, the electric field for biasing the material is
both in the vertical and the horizontal directions.

Figure 17. Folded slot antenna with the BST varactor (a), side cross-section (b) and top view (c) of the BST varactor
[20]

The |S11| parameters (Figure 18) show that a frequency tunability of 3.5% can be obtained with
a change of the bias voltage from 0V to 200V.

Figure 18. Measured |S11|parameters for different DC-bias voltages [20]

Progress in Compact Antennas96

H. Jiang presents a coplanar waveguide (CPW) square-ring slot antenna as showed Figure
19 [21]. Nine shunt ferroelectric BST thin film varactors are integrated with the CPW antenna
structure achieving both antenna miniaturization and reconfiguration.

Figure 19. Coplanar waveguide square-ring slot antenna integrating BST material [21]

Figure 20 shows the measured |S11|parameter with DC bias voltages from 0 V to 7 V. Therefore
the antenna working band is continuously tuned from 5.28 GHz up to 5.77 GHz.

2.2.2. Liquid crystal

Another technological approach for designing an agile antenna is the use of liquid crystal as
a tunable dielectric. Indeed, the characterizations of liquid crystals [22-24] have shown that
they are promising tunable materials for microwave applications, especially for operating
frequencies above 10 GHz. The material features low dielectric loss and continuous tunability
with low bias power consumption. The literature show that some microwave applications are
using liquid crystals, e.g. for polarization agile antenna [25], tunable patch antennas [26],
reflectarrays [27-28], filters [29], resonators [30] and variable delay lines [31-33].

In this framework, L. Liu presents in [34] a tunable patch antenna using a liquid crystal. Its
operating frequency is around 5 GHz with a tuning range around 4% in measurement. The
Figure 21 presents the antenna geometry composed of three layers of Taconic substrate. The
liquid crystal is injected in the middle layer just under the microstrip patch and between the
ground plane and patch top hat. A DC bias voltage was applied between the patch and ground
across the liquid crystal using a bias tee at the feed input.
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Figure 21. Tunable patch antenna using a liquid crystal [34]

The Figure 22 shows the measured return losses for the patch antenna for three states of liquid
crystal bias: 0V, 5V and 10V. The 0V state reveals that the used liquid crystal without DC bias
presents somewhat high losses around 0.12 for the loss tangent. Thus a 4% frequency tuning

Figure 20. Measured |S11|parameters for different DC-bias voltages [21]
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can be achieved with relatively poor radiation efficiencies, i.e. 14% at least (at 0V) to 40% (at
10V).

Figure 22. Measured |S11|parameters for different DC-bias voltages [34]

2.2.3. Ferrite materials

Frequency-tuned ferrite-based antennas are rarely presented in the literature. In [35] and [36],
authors study patch antennas on ferrite substrates (Figure 23) whereas A. Petosa presents in
[37] a ferrite resonator antenna. In this latter, biasing of the ferrite with a static magnetic field
is achieved using a permanent magnet. The magnet was located under the ferrite antenna
beneath the ground plane. For a parallel magnetic-bias orientation, the resonance frequency
can be tuned on 8% of bandwidth. That scales to 9% for a perpendicular magnetic-bias
orientation.

All results presented in the literature and investigated the properties of ferrite-based microstrip
antennas indicate that factors including non-uniform bias fields and the multiple modal field
distributions excited in a bulk ferrite substrate may preclude their use in practical applications.

Now that an overview of the most common used techniques for compact antennas to become
active has been presented, the next part will address both challenges and how to integrate
active components in order to maximize the antenna performances and efficiency.

Miniature Antenna with Frequency Agility
http://dx.doi.org/10.5772/58838

99



Figure 21. Tunable patch antenna using a liquid crystal [34]

The Figure 22 shows the measured return losses for the patch antenna for three states of liquid
crystal bias: 0V, 5V and 10V. The 0V state reveals that the used liquid crystal without DC bias
presents somewhat high losses around 0.12 for the loss tangent. Thus a 4% frequency tuning

Figure 20. Measured |S11|parameters for different DC-bias voltages [21]

Progress in Compact Antennas98

can be achieved with relatively poor radiation efficiencies, i.e. 14% at least (at 0V) to 40% (at
10V).

Figure 22. Measured |S11|parameters for different DC-bias voltages [34]

2.2.3. Ferrite materials

Frequency-tuned ferrite-based antennas are rarely presented in the literature. In [35] and [36],
authors study patch antennas on ferrite substrates (Figure 23) whereas A. Petosa presents in
[37] a ferrite resonator antenna. In this latter, biasing of the ferrite with a static magnetic field
is achieved using a permanent magnet. The magnet was located under the ferrite antenna
beneath the ground plane. For a parallel magnetic-bias orientation, the resonance frequency
can be tuned on 8% of bandwidth. That scales to 9% for a perpendicular magnetic-bias
orientation.

All results presented in the literature and investigated the properties of ferrite-based microstrip
antennas indicate that factors including non-uniform bias fields and the multiple modal field
distributions excited in a bulk ferrite substrate may preclude their use in practical applications.

Now that an overview of the most common used techniques for compact antennas to become
active has been presented, the next part will address both challenges and how to integrate
active components in order to maximize the antenna performances and efficiency.

Miniature Antenna with Frequency Agility
http://dx.doi.org/10.5772/58838

99



3. Relevant parameter for frequency agile antenna studies – New approach
for wireless applications.

3.1. How to integrate an active component – Challenges

To implement the reconfigurability in an antenna, the knowledge of the active component or
the tunable material is essential. Even in case of commercial components, as varactor or PIN
diodes, users and particularly the microwave community do not have enough parameters and
information at RF frequencies. Some papers detail the integration of the RF equivalent circuit
of the used component [10],[13].

The varactor diodes integrated in an antenna for frequency reconfigurability is the most
popular way. Thus, this section will focus on varactor diodes issues. However, arguments can
be extended to other frequency tuning methods.

In [10], the paper completes the lack of information related to most of varactor diode data‐
sheets. Indeed, constructor only provide characteristics at low frequencies and do not give
enough parameters for antenna application point of view, such as capacitance values, serial
resistance and accepted power at RF frequencies. The chosen varactor in this paper has been
characterized according to antenna designer criteria and its electromagnetic model has been
deduced. This example is chosen in the framework of this chapter.

To correctly explain this example, the next subsection will investigate the place where the
varactor can be integrated. Following the presentation of the varactor diode manufacturer’s

Figure 23. Patch antenna on a ferrite substrate [37]
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datasheet, a complete characterization meeting antenna designer’s criteria will be explained.
That will lead to the determination of the varactor diode S parameters. With the knowledge
of the latter, two methods will be explained and described to reach an accurate antenna
simulation and realization:

• The electromagnetic equivalent circuit of the varactor diode can be deduced from the S
parameters thanks to Agilent ADS.

• The S parameters of the varactor diode can be directly injected in the electromagnetic
simulator CST Microwave Studio® and the antenna performances deduced thanks to a co-
simulation.

3.1.1. Varactor diode area in an antenna

The varactor diode is a tunable capacitor which loads the antenna in order to artificially
increase its electrical length. To be the most efficient, it must be placed where the electrical
field is maximum. Take a folded Inverted F Antenna for example presented Figure 24. The
maximum of the electrical field is at the end of the radiating element (see Figure 24). To be
integrated at this place and joined the ground plane at the same time, the varactor diode can
be soldered between the ribbon and the ground. In most cases, DC-block capacitors have to
be added for the varactor’s DC-bias not to be shunt.

integrated at this place and joined the ground plane at the same time, the varactor diode can 
be soldered between the ribbon and the ground. In most cases, DC-block capacitors have to 
be added for the varactor’s DC-bias not to be shunt.  
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3.1.2. Varactor diode datasheet 

In [10], the chosen GaAs hyperabrupt varactor diode MGV125-22 (Aeroflex Metelics) [38] 
has a capacity range between 0.2 pF and 2 pF for 0 to 22 Volts tuning voltage as shown 
Figure 25. However, these values are given as a rough line and the datasheet does not give 
enough parameters for high frequencies antenna application’s point of view. Indeed, the 
values for junction capacitance Cj (Figure 25) and the quality factor Q are supplied by the 
manufacturer and are almost always specified at a low frequency. The Figure 25 shows the 
widely used varactor diode model with Lp and Cp the values of the package inductance and 
capacitance. 
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3.1.2. Varactor diode datasheet

In [10], the chosen GaAs hyperabrupt varactor diode MGV125-22 (Aeroflex Metelics) [38] has
a capacity range between 0.2 pF and 2 pF for 0 to 22 Volts tuning voltage as shown Figure 25.
However, these values are given as a rough line and the datasheet does not give enough
parameters for high frequencies antenna application’s point of view. Indeed, the values for
junction capacitance Cj (Figure 25) and the quality factor Q are supplied by the manufacturer
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3. Relevant parameter for frequency agile antenna studies – New approach
for wireless applications.

3.1. How to integrate an active component – Challenges

To implement the reconfigurability in an antenna, the knowledge of the active component or
the tunable material is essential. Even in case of commercial components, as varactor or PIN
diodes, users and particularly the microwave community do not have enough parameters and
information at RF frequencies. Some papers detail the integration of the RF equivalent circuit
of the used component [10],[13].

The varactor diodes integrated in an antenna for frequency reconfigurability is the most
popular way. Thus, this section will focus on varactor diodes issues. However, arguments can
be extended to other frequency tuning methods.

In [10], the paper completes the lack of information related to most of varactor diode data‐
sheets. Indeed, constructor only provide characteristics at low frequencies and do not give
enough parameters for antenna application point of view, such as capacitance values, serial
resistance and accepted power at RF frequencies. The chosen varactor in this paper has been
characterized according to antenna designer criteria and its electromagnetic model has been
deduced. This example is chosen in the framework of this chapter.

To correctly explain this example, the next subsection will investigate the place where the
varactor can be integrated. Following the presentation of the varactor diode manufacturer’s

Figure 23. Patch antenna on a ferrite substrate [37]
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datasheet, a complete characterization meeting antenna designer’s criteria will be explained.
That will lead to the determination of the varactor diode S parameters. With the knowledge
of the latter, two methods will be explained and described to reach an accurate antenna
simulation and realization:

• The electromagnetic equivalent circuit of the varactor diode can be deduced from the S
parameters thanks to Agilent ADS.

• The S parameters of the varactor diode can be directly injected in the electromagnetic
simulator CST Microwave Studio® and the antenna performances deduced thanks to a co-
simulation.

3.1.1. Varactor diode area in an antenna

The varactor diode is a tunable capacitor which loads the antenna in order to artificially
increase its electrical length. To be the most efficient, it must be placed where the electrical
field is maximum. Take a folded Inverted F Antenna for example presented Figure 24. The
maximum of the electrical field is at the end of the radiating element (see Figure 24). To be
integrated at this place and joined the ground plane at the same time, the varactor diode can
be soldered between the ribbon and the ground. In most cases, DC-block capacitors have to
be added for the varactor’s DC-bias not to be shunt.

integrated at this place and joined the ground plane at the same time, the varactor diode can 
be soldered between the ribbon and the ground. In most cases, DC-block capacitors have to 
be added for the varactor’s DC-bias not to be shunt.  
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3.1.2. Varactor diode datasheet

In [10], the chosen GaAs hyperabrupt varactor diode MGV125-22 (Aeroflex Metelics) [38] has
a capacity range between 0.2 pF and 2 pF for 0 to 22 Volts tuning voltage as shown Figure 25.
However, these values are given as a rough line and the datasheet does not give enough
parameters for high frequencies antenna application’s point of view. Indeed, the values for
junction capacitance Cj (Figure 25) and the quality factor Q are supplied by the manufacturer
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and are almost always specified at a low frequency. The Figure 25 shows the widely used
varactor diode model with Lp and Cp the values of the package inductance and capacitance.

integrated at this place and joined the ground plane at the same time, the varactor diode can 
be soldered between the ribbon and the ground. In most cases, DC-block capacitors have to 
be added for the varactor’s DC-bias not to be shunt.  
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Figure 25. Manufacturer’s capacitance value (extracted at 1MHz) versus the DC bias voltage (a) and the Varactor di‐
ode model (b)

In the MGV125-22 case, junction capacitance values are specified at 1 MHz and the Q factor
equals 3000 at 50 MHz for a DC bias voltage of –4 Volts. Q is defined by Q=1/(ωCjRs). This
formula can be used to calculate the series resistance Rs of the varactor model at the measured
frequency, its value is assumed to be constant with reverse voltage. Thus, at 50 MHz Rs=1.06Ω.
It is important to note that Rs impacts directly the antenna total efficiency. A too high value
(from 3Ω) is basically penalizing for antenna performances. This enhances the need to assess
its value at microwave frequencies. For this purpose, the hyperabrupt varactor diode has to
be characterized close to operating conditions (here between 470 MHz and 862 MHz).

3.1.3. Varactor diode characterization

• First method: Electromagnetic model

The varactor diode is soldered on a 50 Ω impedance microstrip line as shown Figure 26. A
dedicated TRL (Through-Reflect-Line) calibration kit is manufactured (Figure 26) in order to
de-embed both connectors and lines. Thus S parameters of the single varactor diode can be
deduced. Considering the varactor diode model previously presented in Figure 26, Cj, Lp, Cp

and Rs values can be deduced for each voltage and for a constant injected power of-10 dBm.
Therefore, model component values are adjusted (see Figure 26) in order their S parameters
to correspond with the measured ones. The Figure 26 shows the comparison between S
parameters of the determined electromagnetic model (Agilent ADS) and the measured ones
for 2 Volts and 10 Volts DC bias voltages.

These results are given as an example and the same work has been done for varactor reverse
bias voltages varying from 2V to 22V with a 2V step. As expected, the corresponding electro‐
magnetic model presents constant values according to the DC bias voltage (Figure 27):
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Lp=3.821nH, Cp=0.08pF and Rs=1.8Ω. The Cj value presented in Figure 27 decreases as a function
of DC bias voltage value.
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and Rs values can be deduced for each voltage and for a constant injected power of -10 dBm. 
Therefore, model component values are adjusted (see Figure 26) in order their S parameters 
to correspond with the measured ones. The Figure 26 shows the comparison between S 
parameters of the determined electromagnetic model (Agilent ADS) and the measured ones 
for 2 Volts and 10 Volts DC bias voltages. 
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Figure 26. Characterization of the varactor diode (a) and the Comparison between the electromagnetic 
model and the measurement on S11 parameter on the [400 MHz – 1 GHz] frequency band (b) 

These results are given as an example and the same work has been done for varactor reverse 
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Figure 27. Electromagnetic model with the capacitance values Cj versus the DC bias voltage (b)

• Second method: Co-simulation

Another way is to directly insert the S parameters touchstone file of the varactor diode in the
antenna electromagnetic simulation as illustrated in Figure 28.

Figure 28. Co-simulation of the antenna including measured S parameters of the diode
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Figure 26. Characterization of the varactor diode (a) and the Comparison between the electromagnetic model and
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and are almost always specified at a low frequency. The Figure 25 shows the widely used
varactor diode model with Lp and Cp the values of the package inductance and capacitance.

integrated at this place and joined the ground plane at the same time, the varactor diode can 
be soldered between the ribbon and the ground. In most cases, DC-block capacitors have to 
be added for the varactor’s DC-bias not to be shunt.  
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3.1.2. Varactor diode datasheet 

In [10], the chosen GaAs hyperabrupt varactor diode MGV125-22 (Aeroflex Metelics) [38] 
has a capacity range between 0.2 pF and 2 pF for 0 to 22 Volts tuning voltage as shown 
Figure 25. However, these values are given as a rough line and the datasheet does not give 
enough parameters for high frequencies antenna application’s point of view. Indeed, the 
values for junction capacitance Cj (Figure 25) and the quality factor Q are supplied by the 
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In the MGV125-22 case, junction capacitance values are specified at 1 MHz and the Q factor
equals 3000 at 50 MHz for a DC bias voltage of –4 Volts. Q is defined by Q=1/(ωCjRs). This
formula can be used to calculate the series resistance Rs of the varactor model at the measured
frequency, its value is assumed to be constant with reverse voltage. Thus, at 50 MHz Rs=1.06Ω.
It is important to note that Rs impacts directly the antenna total efficiency. A too high value
(from 3Ω) is basically penalizing for antenna performances. This enhances the need to assess
its value at microwave frequencies. For this purpose, the hyperabrupt varactor diode has to
be characterized close to operating conditions (here between 470 MHz and 862 MHz).

3.1.3. Varactor diode characterization

• First method: Electromagnetic model

The varactor diode is soldered on a 50 Ω impedance microstrip line as shown Figure 26. A
dedicated TRL (Through-Reflect-Line) calibration kit is manufactured (Figure 26) in order to
de-embed both connectors and lines. Thus S parameters of the single varactor diode can be
deduced. Considering the varactor diode model previously presented in Figure 26, Cj, Lp, Cp

and Rs values can be deduced for each voltage and for a constant injected power of-10 dBm.
Therefore, model component values are adjusted (see Figure 26) in order their S parameters
to correspond with the measured ones. The Figure 26 shows the comparison between S
parameters of the determined electromagnetic model (Agilent ADS) and the measured ones
for 2 Volts and 10 Volts DC bias voltages.

These results are given as an example and the same work has been done for varactor reverse
bias voltages varying from 2V to 22V with a 2V step. As expected, the corresponding electro‐
magnetic model presents constant values according to the DC bias voltage (Figure 27):
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Lp=3.821nH, Cp=0.08pF and Rs=1.8Ω. The Cj value presented in Figure 27 decreases as a function
of DC bias voltage value.
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and Rs values can be deduced for each voltage and for a constant injected power of -10 dBm. 
Therefore, model component values are adjusted (see Figure 26) in order their S parameters 
to correspond with the measured ones. The Figure 26 shows the comparison between S 
parameters of the determined electromagnetic model (Agilent ADS) and the measured ones 
for 2 Volts and 10 Volts DC bias voltages. 
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Figure 27. Electromagnetic model with the capacitance values Cj versus the DC bias voltage (b)

• Second method: Co-simulation

Another way is to directly insert the S parameters touchstone file of the varactor diode in the
antenna electromagnetic simulation as illustrated in Figure 28.

Figure 28. Co-simulation of the antenna including measured S parameters of the diode
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Figure 26. Characterization of the varactor diode (a) and the Comparison between the electromagnetic model and
the measurement on S11 parameter on the [400 MHz – 1 GHz] frequency band (b)
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Thanks to the previous TRL calibration, only the varactor diode S parameters are inserted in
the simulator. By this way, both antenna and varactor diode are combined and the S parameters
of the global device can be directly simulated. An example (presented paragraph 3.3) will
confirm that the two previous methods exhibit similar antenna performances.

3.2. Limitations of currently varactor diode method – Power characterization

Figure 29 provides some information regarding the accepted power by the varactor diode:
high injected power involves some varactor diode distortions.
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Figure 29. Measured S parameters according to the injected power

This figure presents S parameters of the diode for only three values of injected power:-10 dBm,
0 dBm and 10 dBm. The non-linear distortion of the diode has been studied. It reveals that the
varactor diode model well fits measurements for an injected RF power lower than-5 dBm.
Beyond this injected power (see for 0 dBm), no varactor model can fit the measurement.
Regarding antenna’s parameters, the following example will show that a large RF power
(upper than-5 dBm) involves a mismatched antenna. As far as the DVB-H application, the
system is only working in receiving mode, the diode distortion will never appear and the linear
electromagnetic model can be used and integrated in the electromagnetic simulator. Indeed,
for receiver devices, the antenna accepted power is far lower than – 5 dBm.

3.3. Example of a basic tunable DVB-H antenna

This subsection investigates an example to show the interest of the previous varactor diode
characterization. This was briefly presented in [4], it is completed here by adding the first
method (electromagnetic model) and the power characterization. A basic IFA prototype loaded
by the same varactor diode (see Figure 30) has been manufactured.

It has been measured for a-10 dBm RF power and its performances compared with three
simulations: with both presented methods and with the varactor diode’s datasheet (Figure
31). |S11| parameters show that both investigated methods and measurement present a good
agreement. Moreover, they are different from |S11| parameters determined with the varactor
diode datasheet. That underlines the relevance of the varactor diode characterization. Regard‐
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ing the antenna total efficiency, it equals 50% in the real case whereas it reaches 60% when the
varactor datasheet is used in electromagnetic simulations.

Power characterization is illustrated on Figure 31. This figure reminds the measured |S11|
parameter for a power of-10 dBm. For a 10 dBm injected power, the measured |S11| parameter
is compared with the simulated one with the second method.

 

Figure 30. Basic IFA prototype 

It has been measured for a -10 dBm RF power and its performances compared with three 
simulations: with both presented methods and with the varactor diode’s datasheet (Figure 
31). |S11| parameters show that both investigated methods and measurement present a good 
agreement. Moreover, they are different from |S11| parameters determined with the varactor 
diode datasheet. That underlines the relevance of the varactor diode characterization. 
Regarding the antenna total efficiency, it equals 50% in the real case whereas it reaches 60% 
when the varactor datasheet is used in electromagnetic simulations. 

Power characterization is illustrated on Figure 31. This figure reminds the measured |S11| 
parameter for a power of -10 dBm. For a 10 dBm injected power, the measured |S11| 
parameter is compared with the simulated one with the second method.  

 
(a) (b)

Figure 31. |S11| parameters for the different methods (a) and according to the injected power (b) 
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that the non-linearity of the varactor diode disturbs the |S11| parameter of the antenna. 
Thus, this kind of varactor diode has to be used only for reception devices. 

Therefore, this section has presented how to integrate and characterize a varactor diode. It 
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There is a good agreement between the measurement and the simulation. This figure shows
that the non-linearity of the varactor diode disturbs the |S11| parameter of the antenna. Thus,
this kind of varactor diode has to be used only for reception devices.

Therefore, this section has presented how to integrate and characterize a varactor diode. It
reveals the importance of the diode characterization in a design flow dedicated to antenna
structure.
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Thanks to the previous TRL calibration, only the varactor diode S parameters are inserted in
the simulator. By this way, both antenna and varactor diode are combined and the S parameters
of the global device can be directly simulated. An example (presented paragraph 3.3) will
confirm that the two previous methods exhibit similar antenna performances.

3.2. Limitations of currently varactor diode method – Power characterization

Figure 29 provides some information regarding the accepted power by the varactor diode:
high injected power involves some varactor diode distortions.
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varactor diode model well fits measurements for an injected RF power lower than-5 dBm.
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Regarding antenna’s parameters, the following example will show that a large RF power
(upper than-5 dBm) involves a mismatched antenna. As far as the DVB-H application, the
system is only working in receiving mode, the diode distortion will never appear and the linear
electromagnetic model can be used and integrated in the electromagnetic simulator. Indeed,
for receiver devices, the antenna accepted power is far lower than – 5 dBm.
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characterization. This was briefly presented in [4], it is completed here by adding the first
method (electromagnetic model) and the power characterization. A basic IFA prototype loaded
by the same varactor diode (see Figure 30) has been manufactured.

It has been measured for a-10 dBm RF power and its performances compared with three
simulations: with both presented methods and with the varactor diode’s datasheet (Figure
31). |S11| parameters show that both investigated methods and measurement present a good
agreement. Moreover, they are different from |S11| parameters determined with the varactor
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There is a good agreement between the measurement and the simulation. This figure shows
that the non-linearity of the varactor diode disturbs the |S11| parameter of the antenna. Thus,
this kind of varactor diode has to be used only for reception devices.

Therefore, this section has presented how to integrate and characterize a varactor diode. It
reveals the importance of the diode characterization in a design flow dedicated to antenna
structure.
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3.4. Discussion and trade-offs between agility techniques and physical limitations

According to the aimed application, trade-offs are necessary to design a frequency tunable
antenna.

• For discrete frequency tuning, PIN diodes or MEMS switches can be planed.

• For continuous frequency tuning, which is often aiming for compact antennas, varactor
diodes, MEMS variable capacitor and tunable materials can be used.

However, previous paragraphs have revealed that varactor diodes are not usable for trans‐
mitter devices because of their non-linearity for considering power levels.

The RF characterization of ferroelectric films shows high power handling capability [39]. Good
permittivity tunability may be obtained if both materials properties and variable capacitor
sizes have been properly dimensioned. The conclusion is the same for MEMS variable
capacitor.

Studies on both ferroelectric material and MEMS capacitor merit extended investigations
because these solutions seem to be the best and most promising alternatives faced with varactor
diodes.

Performing rigorous full-wave analysis of these new components is the new challenge to
extract their accurate electromagnetic models. Antennas would be optimized by considering
the real response of these components. These investigations would enable the co-development
of antennas integrating components’ electromagnetic models.

4. Conclusion

To conclude, an overview of compact and frequency agile antenna has been presented and
detailed in this chapter while mentioning a lot of literature references. A special part has been
dedicated to the presentation of the most common method to achieve a frequency tuning: the
use of varactor diodes. Their integration within an antenna to be the most efficient has been
shown. The study exhibits varactor diodes characterization and also reveals their limitation.
A summary of the presented methods according to the intended application has been pre‐
sented. Eventually, some ideas on varator diodes alternatives have been proposed in order to
make antenna tunability viable for transmitter devices.
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1. Introduction

The recent development of wireless communication technology and the miniaturization of
electronics components increase the demand for compact systems applications including small
antennas. One of the major challenges is the integration of antennas inside devices in a limited
area. The main characteristics of these antennas are large frequency bandwidth and small size.

Many passive antennas such as monopole, dipole and printed antenna have been largely
studied to yield small size relatively to the wavelength or broadband behavior. Previous
studies have shown that antenna miniaturization impacts negatively antenna bandwidth and
impedance matching [1].

The active antennas have found a wide interest for industrial applications in last years. The
terminology of the active antenna indicates that the passive antenna elements are combined
with an active device on the same substrate to provide a non-separated device and to improve
antenna performances, especially in the field of size reduction and frequency bandwidth. The
ability to adjust the size reduction and the frequency bandwidth of an active antenna is also
very suitable when the antenna is included inside devices with many components located in
a limited area.

In this chapter, we are interested in the improvements brought by the active antennas towards
size reduction and the covered bandwidth. We present our work on compacts actives antennas
in which we develop new techniques to reduce the size of antennas with good performances.
Our main works is carried on two solutions; the first one is a broadband antenna with a very
important size reduction. This solution corresponds to an active printed monopole integrating
a bipolar transistor directly on the antenna structure without matching circuit. The second
solution is a tunable narrow frequency band antenna operating on a wide band based on a
printed loop antenna associated to a varactor diode.

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.
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2. Active monopole antenna

2.1. Introduction

Miniaturized and broadband antennas with ominidirectional coverage have attracted atten‐
tion for industrial applications. For example, today’s mobile phones are innovative devices
that provide a wide variety of services to users. One of the most attractive mobile phone
services is the entertainment services, and especially the functionality that allows users to listen
to FM radios through their mobile phones. This development induces a growing demand of
FM antennas for mobile phones, and the necessity of innovative technologies to develop
internal small FM antennas, which replace the external wire antennas that exhibit current
mobile phones in the market. For automobile application, many radio systems as communi‐
cation system, FM radio reception are collocated on the top roof of the car, and the very low
visual impact of the antenna is required. The goal of this section is to propose a compact
antenna to replace the historical monopole to improve the integration capability of the antenna
in VHF band applications systems.

The idea of using active antennas can be traced back to as early as 1928 [2]. A small antenna
with electron tube was commonly used in radio broadcast receivers around 1MHz (Figure 1).

With the invention of high frequency transistor, the studies of active antennas have been
performed in the years 60-70 [3-11].

Literature contribution on active antennas exhibits several advantages, the frequency band‐
width or signal to noise improvements compared to a passive antenna of the same size. In this
contribution, we have started from the results given by Meinke [4] who have inserted the
electronic components (tunnel diode and transistor) directly on the structure without matching
network.

Figure 1. Active receiving antenna

A combination of a resonance half wavelength dipole with a VHF transistor has been proposed
in [4]. The size of the antenna related to the wavelength is λ/2. As it is mentioned in [12], an
active antenna provides new opportunities for many applications including the increase of
bandwidth or the size reduction. In [13], a loop dipole has been proposed as a transmitting
antenna. A total height of λ/2000 has been built and compared to a passive dipole which has
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the same height. The active antenna is very broadband and operates at very low frequencies
besides its very small size. In [14], it has been explained that an active monopole fed by a
microwave transistor provides a wider frequency bandwidth than a passive monopole.

In order to provide innovative designs, the growing interest for active antennas has required
more accurate analysis method. A hybrid analysis including electromagnetic full wave and
nonlinear circuit solver is used in [15] and accurate theoretical results validated with meas‐
urements on an oscillator active antenna are provided. In [16], the analysis method used in a
circuit voltages generated by a CAD software as source distribution for a magnetic current
radiation calculation to allow estimation of the integrated antenna is presented. In [17],
theoretical or experimental methods are explained to study active antennas.

In this section, the problem of matching a short monopole antenna by including a transistor
in the monopole structure is presented. We are interested in the influence of the transistor on
the behavior of active antenna towards size reduction, bandwidth and gain. We investigate an
active receiving antenna based on a printed monopole associated to a bipolar transistor. In the
first part, we will present the antenna design working on the VHF/UHF bands and the
theoretical approach. In the second part, we will exhibit results for two transistor configuration.
Measurement results will be compared to the simulated ones and the influence of the transistor
location on the monopole will be studied.

2.2. Design of the active monopole antenna

The structure of the active receiving antenna is shown in Figure 2. The antenna is a combination
of a monopole and a high frequency bipolar transistor (BFR182). The antenna has been printed
on a Neltec NX9300 substrate (εr=3, h=0.786 mm, tanδ=0.0023) and is placed above a limited
square reflector plane (500×500×4 mm3). As shown in Figure 2, the monopole has been cut in
to two parts and the bipolar transistor BFR 182 is directly integrated between these two parts
of the monopole without matching circuit. The antenna is connected to a SMA connector
through a 50 Ω microstrip line [18-19].

We separate the printed structure into two zones. The first one is the area on which the
monopole is printed; the second region (Area 2) welcomes the elements of the bias circuit of
the transistor. A printed line, called "parasite" is added to connect the third pin of the transistor
to ground in area 2 at a distance p from the monopole.

The active component used in our work is a bipolar PNP transistor BFR 182 used for low noise
and high-gain broadband amplifier applications, and operates up to 8GHz. The transistor is
located at h2 over the ground plane and is used in two configurations. The first one is the
common emitter configuration. In this case, the emitter of the transistor is grounded through
the parasitic printed line, the transistor base and collector are respectively linked to the upper
part and to the bottom part of the monopole.

The second one is the common collector configuration, the base of the transistor is connected
to the upper part and the emitter of the transistor to the lower part of the monopole, the
collector is connected to ground via the parasite line.
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When VCC=18V and VBB=8.3V, the transistor is biased with IC=10mA and VCE=8V for common
emitter configuration, IC=4.8mA and VCE=4.86V for common collector configuration. The
resistances values (R1=1kΩ, R2=68kΩ) have been calculated in order to obtain the collector to
emitter voltage (Vce) and collector current (Ic) required.

2.3. Calculation methods

We present here the theoretical and experimental methods of calculation used to evaluate the
performance of the active monopole antenna. There are several methods to simulate and
calculate the performance of an active antenna. Our choice is based on the method of combining
the results of the electromagnetic calculation of the antenna structure with electrical model of
the bipolar transistor. It conducts to a full analysis of the active antenna. This simulation was
performed with CST Microwave Studio®.

With this method, only the input impedance of the active receiving antenna is calculated,
because the antenna operates only at the reception due to unilaterally of the transistor. Hence,
it is impossible to calculate the radiation characteristics (pattern, gain) with the usual calculate
methods.

To solve this problem, we calculate the gain of the active receiving antenna by using the Link
Budget method explained in [17], the setup system is illustrated in the Figure 3.

We compute the transmission parameter between a transmitting reference antenna and the
active receiving antenna separated by the distance D.

Then by using the FRIIS formula (1) and knowing Gi, the transmitter antenna gain (2.1dBi), we
are able to deduce Gr the gain of the active antenna.

( )21 20 log  / 4S Gi Gr Dl p= + + (1)

 

(a) Front view     (b) Side view 

Figure 2. Geometry of the proposed active receiving antenna ( h1=25mm, h2=5mm, p=20mm, w=4mm, 
w1=2mm, w2=1mm) 
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Figure 3. Two-port system proposed to calculate the active antenna performances.

Where Gi is the transmitter antenna gain, Gr the receiver antenna gain and D the distance
between the two antennas. To ensure the validity of formula (1), the distance between the
antennas (D) must satisfy the far field condition and the antennas are matched to 50Ω.

2.4. Theoretical results and measurements

Despite the difficulty to simulate an active antenna, we use CST software to achieve consistency
between measurements and simulations. Several parameters, as the position of the transistor,
the position of the parasite and the design of the antenna are investigated. All of these
parameters allow us to vary the impedance of the active antenna and adjust the frequency
band. In this section, we present theoretical and experimental results obtained on the active
receiving antenna which operates in VHF band.

The antenna presented is working on the FM band (88-108MHz). We investigate the influence
of the integration of the transistor in the monopole without matching circuit, its impact on the
input impedance, and the size reduction.

We start with the influence of the height of the active monopole antenna (h1) on its resonance
frequency. Then, we investigate the influence of the transistor location on the monopole (h2)
and the position of the parasitic line (p) both on the return loss and on the gain through the
calculation of the S21 (formula. 1) in both configurations.

2.4.1. Influence of the height of antenna

In this section, we present the theorical results of the performance of the active receiving
antenna versus the height of the monopole (h1), the transistor is positioned at h2=h1/2 (Figure
4). The heights of the active monopole (h1) vary between 355 mm and 30 mm.

The theoretical results of the return loss of the active monopole as function of h1 for both
configurations, common emitter and common collector are shown in Figure 5.
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the position of the parasite and the design of the antenna are investigated. All of these
parameters allow us to vary the impedance of the active antenna and adjust the frequency
band. In this section, we present theoretical and experimental results obtained on the active
receiving antenna which operates in VHF band.

The antenna presented is working on the FM band (88-108MHz). We investigate the influence
of the integration of the transistor in the monopole without matching circuit, its impact on the
input impedance, and the size reduction.

We start with the influence of the height of the active monopole antenna (h1) on its resonance
frequency. Then, we investigate the influence of the transistor location on the monopole (h2)
and the position of the parasitic line (p) both on the return loss and on the gain through the
calculation of the S21 (formula. 1) in both configurations.

2.4.1. Influence of the height of antenna

In this section, we present the theorical results of the performance of the active receiving
antenna versus the height of the monopole (h1), the transistor is positioned at h2=h1/2 (Figure
4). The heights of the active monopole (h1) vary between 355 mm and 30 mm.

The theoretical results of the return loss of the active monopole as function of h1 for both
configurations, common emitter and common collector are shown in Figure 5.
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As a result, we note a very low resonance frequency of active monopole. This resonance 
frequency depends on the height of the monopole and the configuration of the transistor 
used. 

For the common-emitter configuration, the reduction factor is λ/34 for h1 = 355 mm with a 
resonance frequency of 25 MHz and it is λ/92 for h1 = 30mm with a resonance at 109 MHz. 
We also note that the resonance frequency of the active monopole does not vary linearly 
versus the length of the antenna as a liability for classical monopole. In our case, every time 
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Figure 5. Return loss of the active receiving antenna as function of the h1. (a) Common emitter configuration, (b)
Common collector configuration

As a result, we note a very low resonance frequency of active monopole. This resonance
frequency depends on the height of the monopole and the configuration of the transistor used.

For the common-emitter configuration, the reduction factor is λ/34 for h1=355 mm with a
resonance frequency of 25 MHz and it is λ/92 for h1=30mm with a resonance at 109 MHz. We
also note that the resonance frequency of the active monopole does not vary linearly versus
the length of the antenna as a liability for classical monopole. In our case, every time the height
of the monopole is halved, the resonance frequency is multiplied by a coefficient which varies
between 1.4 and 1.6. For the common collector configuration, we have a reduction factor of λ/
42 for h1=355mm and λ/83 for h1=30mm.

We summarize in Table 1 the matching frequencies obtained for different heights of the active
monopole for common emitter and common collector configurations.

Figure 4. Geometry of the active monopole antenna.
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h1 (mm)
Emitter common configuration collector common configuration

Fr (MHz) Reduction ratio(λ/ h1) Fr (MHz) Reduction ratio(λ/ h1)

355 25 34 20 42

177 45 38 40 42

88 65 52.5 70 48

44 94 72.5 100 68

30 109 92 120 83

Table 1. Matching frequencies of the active monopole and size reduction ratio as function of the height h1

This study provides the first results that we can suggest for reducing the active antennas size.
In this first part, the transistor is placed at mid-height of the active monopole. To provide an
accurate justification of the influence of the transistor on the miniaturization of the antenna,
we will study in the next sub-section the influence of the position of the transistor on active
monopole (influence of height h2).

2.4.2. Influence of the position of the transistor

In this paragraph, we set the height of the active monopole antenna h1 to 30 mm. We investigate
the influence of the transistor location on the monopole (h2) both on the return loss and the
gain through the calculation of the S21. We present the theoretical and experimental results for
three different locations. The measurement process was performed in an anechoic chamber
and the reference transmitting antenna was a telescopic dipole TR1722. The distance between
the two antennas is 4.7m.

Figure 6. Position of the transistor on the active receiving antenna

2.4.2.1. Input impedance and gain

a. Common emitter configuration
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For the common-emitter configuration, the reduction factor is λ/34 for h1=355 mm with a
resonance frequency of 25 MHz and it is λ/92 for h1=30mm with a resonance at 109 MHz. We
also note that the resonance frequency of the active monopole does not vary linearly versus
the length of the antenna as a liability for classical monopole. In our case, every time the height
of the monopole is halved, the resonance frequency is multiplied by a coefficient which varies
between 1.4 and 1.6. For the common collector configuration, we have a reduction factor of λ/
42 for h1=355mm and λ/83 for h1=30mm.

We summarize in Table 1 the matching frequencies obtained for different heights of the active
monopole for common emitter and common collector configurations.
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This study provides the first results that we can suggest for reducing the active antennas size.
In this first part, the transistor is placed at mid-height of the active monopole. To provide an
accurate justification of the influence of the transistor on the miniaturization of the antenna,
we will study in the next sub-section the influence of the position of the transistor on active
monopole (influence of height h2).

2.4.2. Influence of the position of the transistor

In this paragraph, we set the height of the active monopole antenna h1 to 30 mm. We investigate
the influence of the transistor location on the monopole (h2) both on the return loss and the
gain through the calculation of the S21. We present the theoretical and experimental results for
three different locations. The measurement process was performed in an anechoic chamber
and the reference transmitting antenna was a telescopic dipole TR1722. The distance between
the two antennas is 4.7m.
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The adaptation of the active antenna could be evaluated by the reflection coefficient at the
output (S22) of the two-port system described in Figure 3.

In Figure 7, the simulated and the measured |S22| are plotted for three transistor locations
(h2). Even if there is a shift between theories and measurements, the results are still in good
agreement. These discrepancies are probably due to the difference between the theoretical
parameters of the transistor provided by the PSPICE model and the real one. It can be no‐
ticed that the frequency bandwidth increases when the transistor is located close to the
ground plane (h2=5mm). The measurements exhibit a-10dB bandwidth of 77% around
77MHz when the transistor is located 25mm over the ground plane and 94% around
107.5MHz when the transistor is placed 5mm over the ground plane. In the first case
(h2=25mm) the height of the active antenna is close to λ/212 at the lowest operating frequen‐
cy and when h2=5mm the height of the monopole is λ/175.
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frequency and when h2=5mm the height of the monopole is λ/175. 
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Figure 7. |S22| of the active receiving antenna an common emitter configuration (— measurement, --- 
simulation) 

We summarized the simulated and the measured frequency bandwidth results of the active 
receiving antenna in the Table 2. 

For the gain of the active receiving antenna, we present the simulated and measured results 
of the transmission coefficient between the transmitting antenna and the active antenna for 
three location of the transistor (h2=5mm, h2=15mm and h2=25mm). These results are plotted in 
Figure 8. The global shape of the |S21| for different transistor locations is well predicted and 
the theoretical results are in agreement with the measurements as a function of frequency 
From this results, at 130MHz, the measured transmission coefficient |S21| are close to -52dB 
and -48.17dB respectively for h2=25mm and for h2=5mm. 

Location of the transistor Simulated bandwidth (MHz) Measured bandwidth (MHz) 
h2=25mm 69-162 (80%) 47-107 (78%) 
h2=15mm 70-165 (81%) 53-128 (83%) 
h2=5mm 78-190 (83%) 57-158 (94%) 

Table 2. Simulated and measured bandwidth versus transistor location on the active antenna in 
common emitter configuration 

Figure 7. |S22| of the active receiving antenna an common emitter configuration (— measurement,---simulation)

We summarized the simulated and the measured frequency bandwidth results of the active
receiving antenna in the Table 2.

For the gain of the active receiving antenna, we present the simulated and measured results
of the transmission coefficient between the transmitting antenna and the active antenna for
three location of the transistor (h2=5mm, h2=15mm and h2=25mm). These results are plotted in
Figure 8. The global shape of the |S21| for different transistor locations is well predicted and
the theoretical results are in agreement with the measurements as a function of frequency From
this results, at 130MHz, the measured transmission coefficient |S21| are close to-52dB
and-48.17dB respectively for h2=25mm and for h2=5mm.

Location of the transistor Simulated bandwidth (MHz) Measured bandwidth (MHz)

h2=25mm 69-162 (80%) 47-107 (78%)

h2=15mm 70-165 (81%) 53-128 (83%)

h2=5mm 78-190 (83%) 57-158 (94%)

Table 2. Simulated and measured bandwidth versus transistor location on the active antenna in common emitter
configuration
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From the FRIIS formula, we can estimate the measured and theoretical gain of the active
receiving antenna at 130MHz. We measured a gain of-25.7dBi for h1=25mm and-21.8dBi for
h2=5mm. The difference between these gains is closed to 3.9 dB and is due to the position of
transistor on monopole. We notice that the highest gain is obtained when the transistor is very
close from the ground plane (h2=5mm). This gain level should be compared to the gain
provided by an equivalent passive antenna with the same height (-49dBi).

b. Common collector configuration

In this second part, we present the same simulated and measured results of the active antenna
as function of location of the transistor (h2) for the common collector configuration. The results
of |S22| are plotted in

Figure 9. There is a central resonance frequency around 100 MHz as in the common emitter
configuration. Matching is always better in simulation and the bandwidth increases when the
transistor is close to the reflector plane.
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Figure 9. |S22| of the active receiving antenna in common collector configuration (—measurement, --- 
simulation) 

We reported in the Table 3 the simulated and measured results. 

Location of the transistor Simulated bandwidth (MHz) Measured bandwidth (MHz) 
h2=25mm 58-182 (103%) 29-198 (148%) 
h2=15mm 60-210 (111%) 28-272 (162%) 
h2=5mm 70-260 (115%) 27-426 (176%) 

Table 3. Simulated and measured bandwidth versus transistor location on the active antenna in 
common collector configuration 

Figure 10 presents the transmission coefficient |S21| as a function of the position of the 
transistor in common collector configuration for a height h1 = 30mm. The results are 
presented from 50 MHz to 1 GHz frequency band to compare the behavior of the receiving 
active antenna as a function of frequency between simulations and measurements in order 
to validate the simulation methods. Agreements between the measured and simulated 
results are obtained. At 130 MHz, we obtained a transmission coefficient |S21| of -54.3 dB for 
a transistor positioned at h2 = 25mm over to the reflector plane, of -53.8 dB for h2 = 15mm and 
-53.8 dB when h2 = 5mm. 

(—measurement,---simulation)

Figure 9. |S22| of the active receiving antenna in common collector configuration

We reported in the Table 3 the simulated and measured results.
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The adaptation of the active antenna could be evaluated by the reflection coefficient at the
output (S22) of the two-port system described in Figure 3.
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(h2). Even if there is a shift between theories and measurements, the results are still in good
agreement. These discrepancies are probably due to the difference between the theoretical
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107.5MHz when the transistor is placed 5mm over the ground plane. In the first case
(h2=25mm) the height of the active antenna is close to λ/212 at the lowest operating frequen‐
cy and when h2=5mm the height of the monopole is λ/175.
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For the gain of the active receiving antenna, we present the simulated and measured results 
of the transmission coefficient between the transmitting antenna and the active antenna for 
three location of the transistor (h2=5mm, h2=15mm and h2=25mm). These results are plotted in 
Figure 8. The global shape of the |S21| for different transistor locations is well predicted and 
the theoretical results are in agreement with the measurements as a function of frequency 
From this results, at 130MHz, the measured transmission coefficient |S21| are close to -52dB 
and -48.17dB respectively for h2=25mm and for h2=5mm. 
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We summarized the simulated and the measured frequency bandwidth results of the active
receiving antenna in the Table 2.

For the gain of the active receiving antenna, we present the simulated and measured results
of the transmission coefficient between the transmitting antenna and the active antenna for
three location of the transistor (h2=5mm, h2=15mm and h2=25mm). These results are plotted in
Figure 8. The global shape of the |S21| for different transistor locations is well predicted and
the theoretical results are in agreement with the measurements as a function of frequency From
this results, at 130MHz, the measured transmission coefficient |S21| are close to-52dB
and-48.17dB respectively for h2=25mm and for h2=5mm.
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configuration
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From the FRIIS formula, we can estimate the measured and theoretical gain of the active
receiving antenna at 130MHz. We measured a gain of-25.7dBi for h1=25mm and-21.8dBi for
h2=5mm. The difference between these gains is closed to 3.9 dB and is due to the position of
transistor on monopole. We notice that the highest gain is obtained when the transistor is very
close from the ground plane (h2=5mm). This gain level should be compared to the gain
provided by an equivalent passive antenna with the same height (-49dBi).

b. Common collector configuration

In this second part, we present the same simulated and measured results of the active antenna
as function of location of the transistor (h2) for the common collector configuration. The results
of |S22| are plotted in

Figure 9. There is a central resonance frequency around 100 MHz as in the common emitter
configuration. Matching is always better in simulation and the bandwidth increases when the
transistor is close to the reflector plane.
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Figure 9. |S22| of the active receiving antenna in common collector configuration (—measurement, --- 
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We reported in the Table 3 the simulated and measured results. 
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h2=15mm 60-210 (111%) 28-272 (162%) 
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Figure 10 presents the transmission coefficient |S21| as a function of the position of the 
transistor in common collector configuration for a height h1 = 30mm. The results are 
presented from 50 MHz to 1 GHz frequency band to compare the behavior of the receiving 
active antenna as a function of frequency between simulations and measurements in order 
to validate the simulation methods. Agreements between the measured and simulated 
results are obtained. At 130 MHz, we obtained a transmission coefficient |S21| of -54.3 dB for 
a transistor positioned at h2 = 25mm over to the reflector plane, of -53.8 dB for h2 = 15mm and 
-53.8 dB when h2 = 5mm. 
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Location of the transistor Simulated bandwidth (MHz) Measured bandwidth (MHz)

h2=25mm 58-182 (103%) 29-198 (148%)

h2=15mm 60-210 (111%) 28-272 (162%)

h2=5mm 70-260 (115%) 27-426 (176%)

Table 3. Simulated and measured bandwidth versus transistor location on the active antenna in common collector
configuration

Figure 10 presents the transmission coefficient |S21| as a function of the position of the
transistor in common collector configuration for a height h1=30mm. The results are presented
from 50 MHz to 1 GHz frequency band to compare the behavior of the receiving active antenna
as a function of frequency between simulations and measurements in order to validate the
simulation methods. Agreements between the measured and simulated results are obtained.
At 130 MHz, we obtained a transmission coefficient |S21| of-54.3 dB for a transistor positioned
at h2=25mm over to the reflector plane, of-53.8 dB for h2=15mm and-53.8 dB when h2=5mm.

Using the Friis formula, we calculates a gain of-28 dBi for the active receiving antenna when
h2=25mm and-27.58 dBi for h2=5mm. The gain is almost identical between the two positions of
the transistor.
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Figure 10. Transmission coefficients |S21| between reference antenna and active receiving antenna 

These measurement results are very interesting towards the size and frequency bandwidth 
of the active receiving antenna and we underline that we can adjust the antenna bandwidth 
and the size reduction of the active receiving antenna compared to the wavelength by 
changing the position of the transistor. 

2.4.2.2. Radiation patterns 
To confirm our link budget calculation, we present in this part the measured radiation 
patterns of the active receiving antenna as function of the position of the transistor (h2). We 
present the results of two heights h2 = 25mm and h2 = 5mm. 

Figure 11 present the position of the active monopole over a reflector plane (500 mm x 500 
mm) and the radiation pattern reference. 

Figure 12 and Figure 13 show the radiation patterns of the active receiving monopole for 
both configurations, common emitter and common collector at several frequencies in FM 
band (88-108MHz). The radiation of the active antenna according to the frequency is similar 
to the radiation of a conventional monopole with vertical polarization. 
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Figure 11. (a) Geometry of the antenna (b) Photography of the antenna prototype on the ground plane 

Figure 10. Transmission coefficients |S21| between reference antenna and active receiving antenna

These measurement results are very interesting towards the size and frequency bandwidth of
the active receiving antenna and we underline that we can adjust the antenna bandwidth and
the size reduction of the active receiving antenna compared to the wavelength by changing
the position of the transistor.

2.4.2.2. Radiation patterns

To confirm our link budget calculation, we present in this part the measured radiation patterns
of the active receiving antenna as function of the position of the transistor (h2). We present the
results of two heights h2=25mm and h2=5mm.
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Figure 11 present the position of the active monopole over a reflector plane (500 mm x 500 mm)
and the radiation pattern reference.

Figure 12 and Figure 13 show the radiation patterns of the active receiving monopole for both
configurations, common emitter and common collector at several frequencies in FM band
(88-108MHz). The radiation of the active antenna according to the frequency is similar to the
radiation of a conventional monopole with vertical polarization.
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Location of the transistor Simulated bandwidth (MHz) Measured bandwidth (MHz)

h2=25mm 58-182 (103%) 29-198 (148%)

h2=15mm 60-210 (111%) 28-272 (162%)

h2=5mm 70-260 (115%) 27-426 (176%)

Table 3. Simulated and measured bandwidth versus transistor location on the active antenna in common collector
configuration

Figure 10 presents the transmission coefficient |S21| as a function of the position of the
transistor in common collector configuration for a height h1=30mm. The results are presented
from 50 MHz to 1 GHz frequency band to compare the behavior of the receiving active antenna
as a function of frequency between simulations and measurements in order to validate the
simulation methods. Agreements between the measured and simulated results are obtained.
At 130 MHz, we obtained a transmission coefficient |S21| of-54.3 dB for a transistor positioned
at h2=25mm over to the reflector plane, of-53.8 dB for h2=15mm and-53.8 dB when h2=5mm.

Using the Friis formula, we calculates a gain of-28 dBi for the active receiving antenna when
h2=25mm and-27.58 dBi for h2=5mm. The gain is almost identical between the two positions of
the transistor.
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Figure 10. Transmission coefficients |S21| between reference antenna and active receiving antenna

These measurement results are very interesting towards the size and frequency bandwidth of
the active receiving antenna and we underline that we can adjust the antenna bandwidth and
the size reduction of the active receiving antenna compared to the wavelength by changing
the position of the transistor.

2.4.2.2. Radiation patterns

To confirm our link budget calculation, we present in this part the measured radiation patterns
of the active receiving antenna as function of the position of the transistor (h2). We present the
results of two heights h2=25mm and h2=5mm.
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Figure 11 present the position of the active monopole over a reflector plane (500 mm x 500 mm)
and the radiation pattern reference.

Figure 12 and Figure 13 show the radiation patterns of the active receiving monopole for both
configurations, common emitter and common collector at several frequencies in FM band
(88-108MHz). The radiation of the active antenna according to the frequency is similar to the
radiation of a conventional monopole with vertical polarization.
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As we have noticed above, the antenna gain depends on the transistor position. The gain
variation between the two positions of the transistor is more important in common emitter
than in common collector configuration. For example at 100 MHz, a gain of-22.6 dBi is
measured for h2=25mm and-19.6 dBi for h2=5mm in common emitter configuration and-27.5
dBi for h2=25mm and-27.3 dBi for h2=5mm common collector configuration. Thus, there is a
variation of 3 dB on common emitter and 0.2 dB common collector when h2 varies from 25mm
to 5mm.

The variations of transistor position provide the variation on the size reduction, bandwidth
and the gain of active receiving antenna. The highest gain is obtained when the transistor is
very close to the ground plane. For common emitter configuration, we have measured a gain
of-19.6dBi at 100MHz and a bandwidth of 94% around 107.5MHz. In common collector
configuration, the gain is equal to-27.3 dBi at 100MHz and the bandwidth is close to 176%
around 226 MHz. The height of the active antenna is close to λ/175 and λ/370 in common
emitter and common collector configuration respectively, where λ is the wavelength at the
lowest operating frequency.

2.4.3. Influence of the position of the parasite

The study of active monopole is focused on two parameters: the height of the active receiving
antenna (h1) and the position of the transistor (h2). In this part, the variation of the parasitic
element position p is investigated (Figure 14). Indeed, the parasitic element is used to polarize
the transistor and its length provides a variation of the input impedance of the active monopole.

Figure 14. Position of the parasite in active antenna

2.4.3.1. Parametric studies

To observe the influence of the distance of (p) on the performances of the active antenna, this
parameter has been sweep between 20 mm and 0.5 mm. The total length of the parasitic element
varies from 25 mm to 5.5 mm. The simulation results of |S11| are shown in Figure 15.
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2.4.3.1. Parametric studies 
To observe the influence of the distance of (p) on the performances of the active antenna, this 
parameter has been sweep between 20 mm and 0.5 mm. The total length of the parasitic 
element varies from 25 mm to 5.5 mm. The simulation results of |S11| are shown in Figure 
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Figure 15. (a) Theoretical impedances of the active monopole as function of the position of the parasite p 
(b) Theoretical return loss active monopole based on the position of the parasite p. 
(── p=0.5mm, … p=5mm, -.- p=10mm, - - - p=20mm) 

It can be noticed that the bandwidth of the active antenna increases as p decreases, for the 
two configurations: common emitter and common collector. The results are summarized in 
Table 4. 

Position of the parasite p (mm) 
Bandwidth (MHz)

Common emitter Common collector 
20 78-190 (83%) 70-260 (115%) 
10 90-300 (107%) 82-385 (130%) 
5 100-474 (130%) 90-550 (143%) 

0.5 105-632 (143%) 96-741 (154%) 

(──p=0.5mm, ⋅‧‧ p=5mm,-‧-p=10mm,---p=20mm)

Figure 15. (a) Theoretical impedances of the active monopole as function of the position of the parasite p (b) Theoret‐
ical return loss active monopole based on the position of the parasite p.

It can be noticed that the bandwidth of the active antenna increases as p decreases, for the two

configurations: common emitter and common collector. The results are summarized in Table 4.

Position of the parasite p (mm)
Bandwidth (MHz)

Common emitter Common collector

20 78-190 (83%) 70-260 (115%)

10 90-300 (107%) 82-385 (130%)

5 100-474 (130%) 90-550 (143%)

0.5 105-632 (143%) 96-741 (154%)

Table 4. Simulated bandwidth versus parasite position (p) on the active antenna
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As we have noticed above, the antenna gain depends on the transistor position. The gain
variation between the two positions of the transistor is more important in common emitter
than in common collector configuration. For example at 100 MHz, a gain of-22.6 dBi is
measured for h2=25mm and-19.6 dBi for h2=5mm in common emitter configuration and-27.5
dBi for h2=25mm and-27.3 dBi for h2=5mm common collector configuration. Thus, there is a
variation of 3 dB on common emitter and 0.2 dB common collector when h2 varies from 25mm
to 5mm.

The variations of transistor position provide the variation on the size reduction, bandwidth
and the gain of active receiving antenna. The highest gain is obtained when the transistor is
very close to the ground plane. For common emitter configuration, we have measured a gain
of-19.6dBi at 100MHz and a bandwidth of 94% around 107.5MHz. In common collector
configuration, the gain is equal to-27.3 dBi at 100MHz and the bandwidth is close to 176%
around 226 MHz. The height of the active antenna is close to λ/175 and λ/370 in common
emitter and common collector configuration respectively, where λ is the wavelength at the
lowest operating frequency.

2.4.3. Influence of the position of the parasite

The study of active monopole is focused on two parameters: the height of the active receiving
antenna (h1) and the position of the transistor (h2). In this part, the variation of the parasitic
element position p is investigated (Figure 14). Indeed, the parasitic element is used to polarize
the transistor and its length provides a variation of the input impedance of the active monopole.

Figure 14. Position of the parasite in active antenna

2.4.3.1. Parametric studies

To observe the influence of the distance of (p) on the performances of the active antenna, this
parameter has been sweep between 20 mm and 0.5 mm. The total length of the parasitic element
varies from 25 mm to 5.5 mm. The simulation results of |S11| are shown in Figure 15.
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(b) Theoretical return loss active monopole based on the position of the parasite p. 
(── p=0.5mm, … p=5mm, -.- p=10mm, - - - p=20mm) 

It can be noticed that the bandwidth of the active antenna increases as p decreases, for the 
two configurations: common emitter and common collector. The results are summarized in 
Table 4. 

Position of the parasite p (mm) 
Bandwidth (MHz)

Common emitter Common collector 
20 78-190 (83%) 70-260 (115%) 
10 90-300 (107%) 82-385 (130%) 
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0.5 105-632 (143%) 96-741 (154%) 
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Figure 15. (a) Theoretical impedances of the active monopole as function of the position of the parasite p (b) Theoret‐
ical return loss active monopole based on the position of the parasite p.

It can be noticed that the bandwidth of the active antenna increases as p decreases, for the two

configurations: common emitter and common collector. The results are summarized in Table 4.

Position of the parasite p (mm)
Bandwidth (MHz)

Common emitter Common collector

20 78-190 (83%) 70-260 (115%)

10 90-300 (107%) 82-385 (130%)

5 100-474 (130%) 90-550 (143%)

0.5 105-632 (143%) 96-741 (154%)

Table 4. Simulated bandwidth versus parasite position (p) on the active antenna
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2.4.3.2. Experimental results

To validate the theoretical studies of the influence of the position of the parasite on the
impedance of the antenna, measurement results for two positions of the parasite in the
common emitter and common collector configurations are presented. For the first one, p is
equal to 20mm, for the second, p=0.5mm.

 

 
Common emitter configuration       Common collector configuration 

Figure 16. Measured return loss of the active monopole antenna based on the position of the parasite p. 

(── measured p=0.5mm, … measured p=20mm, -.-.- simulated p=20mm, - - - simulated 
p=0.5mm) 

The variation of the parasitic element position can enhance the bandwidth of active 
receiving antenna as shown in Figure 16. For the common emitter configuration, we 
measured a bandwidth of 94% around 107 MHz for p = 20 mm and a bandwidth of 149.5% 
around 320 MHz for p = 0.5mm. For the common collector configuration, when p = 0.5mm, 
there is a -10 dB bandwidth of 175% around 521 MHz measurement (Table 5). For the two 
configurations, the measurements and simulations are in good agreements. 

 
Emitter common configuration Collector common configuration 
Simulated Measured Simulated Measured 

p=20mm 78-190 57-158 70-260 27-426 
p=0.5mm 105-636 81-560 96-741 65-978 

Table 5. Simulated and measured bandwidth (MHz) versus parasite position (p) on the active antenna 

2.4.4. Influence of the geometry of the monopole 

In the first part of this chapter, we have presented the influence of different parameters on 
the performance of an active receiving monopole. The influence of the transistor position 
and the parasitic element position on the size reduction, on the bandwidth and on the gain 
has been clearly underlined. 

To improve the gain performance of the active monopole antenna, we change the geometry 
of the antenna, especially on the upper part of the monopole. The transistor is in common 
emitter configuration positioned at h2 = 5mm (h1 = 30mm, p =0.5mm). 

We calculated and measured two structures of active monopole antenna (Figure 17), the 
length of the upper part of the monopole ranges from 25 mm to 106 mm. 

(── measured p=0.5mm, ⋅‧‧ measured p=20mm,-‧-‧-simulated p=20mm,---simulated p=0.5mm)

Figure 16. Measured return loss of the active monopole antenna based on the position of the parasite p.

The variation of the parasitic element position can enhance the bandwidth of active receiving
antenna as shown in Figure 16. For the common emitter configuration, we measured a
bandwidth of 94% around 107 MHz for p=20 mm and a bandwidth of 149.5% around 320 MHz
for p=0.5mm. For the common collector configuration, when p=0.5mm, there is a-10 dB
bandwidth of 175% around 521 MHz measurement (Table 5). For the two configurations, the
measurements and simulations are in good agreements.

Emitter common configuration Collector common configuration

Simulated Measured Simulated Measured

p=20mm 78-190 57-158 70-260 27-426

p=0.5mm 105-636 81-560 96-741 65-978

Table 5. Simulated and measured bandwidth (MHz) versus parasite position (p) on the active antenna

2.4.4. Influence of the geometry of the monopole

In the first part of this chapter, we have presented the influence of different parameters on the
performance of an active receiving monopole. The influence of the transistor position and the
parasitic element position on the size reduction, on the bandwidth and on the gain has been
clearly underlined.
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To improve the gain performance of the active monopole antenna, we change the geometry of
the antenna, especially on the upper part of the monopole. The transistor is in common emitter
configuration positioned at h2=5mm (h1=30mm, p=0.5mm).

We calculated and measured two structures of active monopole antenna (Figure 17), the length
of the upper part of the monopole ranges from 25 mm to 106 mm.

(── measured p=0.5mm, … measured p=20mm, -.-.- simulated p=20mm, - - - simulated 
p=0.5mm) 

The variation of the parasitic element position can enhance the bandwidth of active 
receiving antenna as shown in Figure 16. For the common emitter configuration, we 
measured a bandwidth of 94% around 107 MHz for p = 20 mm and a bandwidth of 149.5% 
around 320 MHz for p = 0.5mm. For the common collector configuration, when p = 0.5mm, 
there is a -10 dB bandwidth of 175% around 521 MHz measurement (Table 5). For the two 
configurations, the measurements and simulations are in good agreements. 
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2.4.4. Influence of the geometry of the monopole 

In the first part of this chapter, we have presented the influence of different parameters on 
the performance of an active receiving monopole. The influence of the transistor position 
and the parasitic element position on the size reduction, on the bandwidth and on the gain 
has been clearly underlined. 

To improve the gain performance of the active monopole antenna, we change the geometry 
of the antenna, especially on the upper part of the monopole. The transistor is in common 
emitter configuration positioned at h2 = 5mm (h1 = 30mm, p =0.5mm). 

We calculated and measured two structures of active monopole antenna (Figure 17), the 
length of the upper part of the monopole ranges from 25 mm to 106 mm. 

 
Prototype 1        Prototype 2 

Figure 17. Geometry of the active monopole antenna Figure 17. Geometry of the active monopole antenna

The theoretical and experimental return losses of the active antenna as a function of the length
of the upper part of the monopole are presented in Figure 18.

 
            (a) Prototype 1                                         (b) Prototype 2 

Figure 18. return losses of active monopole antenna 

( - - - measured, ── simulated) 

There is a frequency shift between measurements and simulations. However, measurements 
and simulations are in a good agreement. We measured a bandwidth of 150% around 322 
MHz for prototype 1 and 130 % around 228 MHz for prototype 2. These results are 
summarized in Table 6. 

 simulated BW (MHz) measured BW (MHz) 
Prototype 1 108-693 (146%) 81-563 (150%) 
Prototype 2 97-335(110%) 80-377(130%) 

Table 6. Simulated and measured bandwidth of the active antenna 

In Figure 19, we presented the measured radiation patterns of the proposed antenna at 80 
MHz and 100MHz. Radiation patterns are in good agreement for the bending structure and 
the classical one. A maximum gain of -21.57 dBi at 100 MHz was measured for the prototype 
1 and -15.11 dBi for prototype 2. We have a difference of 6 dB between the two prototypes. 

For evaluate the performances of active antenna in FM radio reception, we have measured 
the received signal strength indicator and the signal to noise ratio in FM band using the FM 
receiver evaluation board of silicon labs (Si4706). 

 
80MHz 100MHz 

Figure 19. Measured normalized radiation patterns of the active antenna in the XZ and YZ plan 

(- - - prototype 1, ── prototype 2) 

(---measured, ── simulated)

Figure 18. return losses of active monopole antenna

There is a frequency shift between measurements and simulations. However, measurements
and simulations are in a good agreement. We measured a bandwidth of 150% around 322 MHz
for prototype 1 and 130 % around 228 MHz for prototype 2. These results are summarized in
Table 6.
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2.4.3.2. Experimental results

To validate the theoretical studies of the influence of the position of the parasite on the
impedance of the antenna, measurement results for two positions of the parasite in the
common emitter and common collector configurations are presented. For the first one, p is
equal to 20mm, for the second, p=0.5mm.
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Figure 16. Measured return loss of the active monopole antenna based on the position of the parasite p. 

(── measured p=0.5mm, … measured p=20mm, -.-.- simulated p=20mm, - - - simulated 
p=0.5mm) 

The variation of the parasitic element position can enhance the bandwidth of active 
receiving antenna as shown in Figure 16. For the common emitter configuration, we 
measured a bandwidth of 94% around 107 MHz for p = 20 mm and a bandwidth of 149.5% 
around 320 MHz for p = 0.5mm. For the common collector configuration, when p = 0.5mm, 
there is a -10 dB bandwidth of 175% around 521 MHz measurement (Table 5). For the two 
configurations, the measurements and simulations are in good agreements. 
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Figure 16. Measured return loss of the active monopole antenna based on the position of the parasite p.

The variation of the parasitic element position can enhance the bandwidth of active receiving
antenna as shown in Figure 16. For the common emitter configuration, we measured a
bandwidth of 94% around 107 MHz for p=20 mm and a bandwidth of 149.5% around 320 MHz
for p=0.5mm. For the common collector configuration, when p=0.5mm, there is a-10 dB
bandwidth of 175% around 521 MHz measurement (Table 5). For the two configurations, the
measurements and simulations are in good agreements.
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The theoretical and experimental return losses of the active antenna as a function of the length
of the upper part of the monopole are presented in Figure 18.
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Figure 18. return losses of active monopole antenna 
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There is a frequency shift between measurements and simulations. However, measurements 
and simulations are in a good agreement. We measured a bandwidth of 150% around 322 
MHz for prototype 1 and 130 % around 228 MHz for prototype 2. These results are 
summarized in Table 6. 

 simulated BW (MHz) measured BW (MHz) 
Prototype 1 108-693 (146%) 81-563 (150%) 
Prototype 2 97-335(110%) 80-377(130%) 

Table 6. Simulated and measured bandwidth of the active antenna 

In Figure 19, we presented the measured radiation patterns of the proposed antenna at 80 
MHz and 100MHz. Radiation patterns are in good agreement for the bending structure and 
the classical one. A maximum gain of -21.57 dBi at 100 MHz was measured for the prototype 
1 and -15.11 dBi for prototype 2. We have a difference of 6 dB between the two prototypes. 

For evaluate the performances of active antenna in FM radio reception, we have measured 
the received signal strength indicator and the signal to noise ratio in FM band using the FM 
receiver evaluation board of silicon labs (Si4706). 
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Figure 19. Measured normalized radiation patterns of the active antenna in the XZ and YZ plan 
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Figure 18. return losses of active monopole antenna

There is a frequency shift between measurements and simulations. However, measurements
and simulations are in a good agreement. We measured a bandwidth of 150% around 322 MHz
for prototype 1 and 130 % around 228 MHz for prototype 2. These results are summarized in
Table 6.
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The results are plotted for the active receiving antenna (prototype 2) and a reference 
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Figure 19. Measured normalized radiation patterns of the active antenna in the XZ and YZ plan

The results are plotted for the active receiving antenna (prototype 2) and a reference monopole
antenna of 60cm of height. The average power received by the reference λ/4 monopole antenna
is 10dB higher than the power received by active receiving antenna. Despite the reduction of
the power level, we measured a good received signal quality for listen to FM radio without
interference.

2.5. Conclusion

In this first section, we studied the influence of the integration of a transistor on a passive
monopole antenna, including the miniaturization of the antenna and the increase of the
frequency bandwidth. Our contribution is based on the results obtained by Meinke in 60-70th

and we conducted a theoretical and experimental validation of the active receiving antennas.

Despite the difficulty to simulate an active antenna, we use CST software to achieve consistency
between measurements and simulations. Several parameters, as the position of the transistor,
the position of the parasite and the design of the antenna are investigated.
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We also studied two configurations of transistor, i.e. common emitter and common collector.
It was found that each configuration provides different performances. The bandwidth is wider
in common collector (176%) than common emitter (94%). The reduction size is equal to λ/370
in common collector configuration and λ/175 in a common emitter.

Concerning the gain, the common emitter configuration presents a gain of-19.6 dBi which is
higher than the gain (-27.3 dBi) obtained with the common collector configuration. These gains
must be compared to gain a classical monopole of the same height (30mm) which is-49dBi.

Figure 20. Received Signal Strength Indicator in FM band.

Figure 21. Signal to Noise Ratio
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The results are plotted for the active receiving antenna (prototype 2) and a reference monopole
antenna of 60cm of height. The average power received by the reference λ/4 monopole antenna
is 10dB higher than the power received by active receiving antenna. Despite the reduction of
the power level, we measured a good received signal quality for listen to FM radio without
interference.

2.5. Conclusion

In this first section, we studied the influence of the integration of a transistor on a passive
monopole antenna, including the miniaturization of the antenna and the increase of the
frequency bandwidth. Our contribution is based on the results obtained by Meinke in 60-70th

and we conducted a theoretical and experimental validation of the active receiving antennas.

Despite the difficulty to simulate an active antenna, we use CST software to achieve consistency
between measurements and simulations. Several parameters, as the position of the transistor,
the position of the parasite and the design of the antenna are investigated.
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We also studied two configurations of transistor, i.e. common emitter and common collector.
It was found that each configuration provides different performances. The bandwidth is wider
in common collector (176%) than common emitter (94%). The reduction size is equal to λ/370
in common collector configuration and λ/175 in a common emitter.

Concerning the gain, the common emitter configuration presents a gain of-19.6 dBi which is
higher than the gain (-27.3 dBi) obtained with the common collector configuration. These gains
must be compared to gain a classical monopole of the same height (30mm) which is-49dBi.

Figure 20. Received Signal Strength Indicator in FM band.
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Finally, the change of active monopole geometries has allowed us to increase the gain of the
active antenna. It led to the creation of a miniature active antenna with a bandwidth of 130%
around 228 MHz, the height of the active antenna is λ/80 at the lowest frequency of the
bandwidth. The measured gain is-15.1 dBi at 100 MHz. We have measured a good received
signal quality.

3. Compact tunable antenna

3.1. Introduction

Over the past years, efforts have been made to design small antennas in the UHF band for
handset applications. Because of the convergent trend, limited space is available for each
antenna device. For applications like broadcast reception, the antenna should be able to cover
40% of the relative bandwidth from 470 to 702 MHz. Regarding the wavelength at the lowest
part of the bandwidth (λ0=638 mm), it is obvious that small antennas are required for such
applications.

To meet this requirement, the strategy is to cover the frequency range of such broadband
applications using frequency tunable antennas. The basic antenna is then narrow band and
the implementation of active devices introduces a frequency tunable ability. From a system
point of view, it provides frequency selectable functions, which improve the signal-to-noise
ratio. In [20-22], the authors show a compact tuned antenna for mobile applications. In [20,21],
varactor diodes have been associated with PIFAs or meander antennas. Radiation patterns and
S11 demonstrate the antenna’s performances. In [23], an RF switch has been chosen rather than
a varactor diode to avoid radiation influence on the device. The received measurement results
show the validity of the concept.

In this section, we will consider the theoretical and physical aspects of self-inductance and
investigate its effect on the resonance frequency of the MCLA (Monopole Coupled Loop
Antenna) [24]. We studied them in order to explain the evolution of size reduction and the
radiation pattern. We obtained a 55% reduction in the size of the antenna compared to the
initial MCLA.

Finally, we associate a varactor diode with a small modified open-circuit MCLA in order to
continuously control the frequency with a DC bias voltage. As a result a desirable frequency
in a broadband frequency range covering 470–675 MHz is achieved. Experimental and
theoretical results including S11, radiation patterns and gain are in good agreement.

3.2. Monopole Coupled Loop Antenna (MCLA)

In this paragraph, we propose to feed a short circuited printed half loop antenna through an
electromagnetic coupling using an arc monopole line [24]. The half loop, short circuited on its
both sides, has been associated to an arc monopole fed by a 50Ω SMA connector as described
in Figure 22. The antenna has been printed on a dielectric substrate circuit board and mounted
above a finite reflector ground plane. The theoretical antenna performances have been
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computed with CST Microwave Studio Software and compared to measurements. Regarding
this first part of the study, we propose a physical explanation of the antenna behavior.
Thereafter, parametric studies give additional information and help us to increase our
knowledge of this design.
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Figure 22. Geometry of the proposed antenna

R and r are respectively the radii of the half loop and the arc monopole lines, w1 and w2 are
their widths. P is the total length of the arc monopole line and α is the angle between its both
extremities. The radius (thus the length) of the half loop line will remain constant.

By an optimized choice of the lengths, the widths and the distance between the two lines, it is
possible to achieve a broadband solution presented in Figure 23. The antenna has been printed
on a Neltec NY9300 substrate (εr=3, h=0.786 mm, tanδ=0.0023) and above a limited square
ground plane (300×300×4 mm3).

In this case, R=100 mm, r=84 mm, w1=0.4 mm, w2=0.5 mm, X=220 mm, Y=110 mm, α=90° and
P=132 mm. The return loss and the input impedance of the antenna have been computed. The
simulation and measurement have been performed between 200MHz and 800MHz.

The Figure 23 shows a comparison between simulation and measurement with a very good
agreement. The measured return loss bandwidth is close to 70MHz (≈15.3%). With this design,
we increase three times the bandwidth of the antenna proposed in [25].

On Figure 23.a, the shape of the return loss shows two resonances. The first resonance
frequency depends of the λ/2 half loop radiator, whereas the second one has been created by
the arc monopole considered as a quarter wavelength conventional monopole. As noticed in
reference [26], the electromagnetic coupling between the two parts of the antenna affects the
impedance behavior.

To increase our understanding of this antenna, we proceed to theoretical parametric studies.
We investigate the dimensions of the ground plane, the length, the width of the arc monopole
line, the width of the half-loop line and the distance between the two microstrip lines and we
will show the influence of these parameters on the input impedance. In this section, we present
just two parameters, the length of the arc monopole and the distance between the two printed
lines.
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Finally, the change of active monopole geometries has allowed us to increase the gain of the
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both sides, has been associated to an arc monopole fed by a 50Ω SMA connector as described
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above a finite reflector ground plane. The theoretical antenna performances have been
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R and r are respectively the radii of the half loop and the arc monopole lines, w1 and w2 are
their widths. P is the total length of the arc monopole line and α is the angle between its both
extremities. The radius (thus the length) of the half loop line will remain constant.

By an optimized choice of the lengths, the widths and the distance between the two lines, it is
possible to achieve a broadband solution presented in Figure 23. The antenna has been printed
on a Neltec NY9300 substrate (εr=3, h=0.786 mm, tanδ=0.0023) and above a limited square
ground plane (300×300×4 mm3).

In this case, R=100 mm, r=84 mm, w1=0.4 mm, w2=0.5 mm, X=220 mm, Y=110 mm, α=90° and
P=132 mm. The return loss and the input impedance of the antenna have been computed. The
simulation and measurement have been performed between 200MHz and 800MHz.

The Figure 23 shows a comparison between simulation and measurement with a very good
agreement. The measured return loss bandwidth is close to 70MHz (≈15.3%). With this design,
we increase three times the bandwidth of the antenna proposed in [25].

On Figure 23.a, the shape of the return loss shows two resonances. The first resonance
frequency depends of the λ/2 half loop radiator, whereas the second one has been created by
the arc monopole considered as a quarter wavelength conventional monopole. As noticed in
reference [26], the electromagnetic coupling between the two parts of the antenna affects the
impedance behavior.

To increase our understanding of this antenna, we proceed to theoretical parametric studies.
We investigate the dimensions of the ground plane, the length, the width of the arc monopole
line, the width of the half-loop line and the distance between the two microstrip lines and we
will show the influence of these parameters on the input impedance. In this section, we present
just two parameters, the length of the arc monopole and the distance between the two printed
lines.
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Figure 23. (a) Simulated and measured return losses for the MCLA, (b) Simulated and measured 
antenna input impedances 

(---) measured, () simulated 

3.2.1. Length of the arc monopole 

In Figure 24, we present the input impedance of the MCLA versus α which is the angle 
between the extremities of the arc monopole. α varies from 64.8° to 133°. We notice that 
there are no modifications on the other half loop parameters. The circles on the curves 
represent the resonance frequencies of the arc monopole (Figure 24). 

The resonance of the half loop remains constant (Figure 23). The resonance mode of the arc 
monopole decreases when the length of this line increases. The best case is for α = 90°, the 
resonance frequencies of the two lines are quite close and the impedance matching criterion 
S11 < -10 dB has been used to calculate the impedance bandwidth (70MHz or 15.3%). In the 
other case, the lower resonance frequency is too far from the highest one and it introduces a 
mismatching phenomenon. In Figure 24(a), for α = 103.7°, both resonance frequencies are so 
close that they seem to be a single one. On Figure 24(b), we can distinguish these two 
resonances. 
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Figure 23. (a) Simulated and measured return losses for the MCLA, (b) Simulated and measured antenna input impe‐
dances

3.2.1. Length of the arc monopole

In Figure 24, we present the input impedance of the MCLA versus α which is the angle between
the extremities of the arc monopole. α varies from 64.8° to 133°. We notice that there are no
modifications on the other half loop parameters. The circles on the curves represent the
resonance frequencies of the arc monopole (Figure 24).

The resonance of the half loop remains constant (Figure 23). The resonance mode of the arc
monopole decreases when the length of this line increases. The best case is for α=90°, the
resonance frequencies of the two lines are quite close and the impedance matching criterion
S11 <-10 dB has been used to calculate the impedance bandwidth (70MHz or 15.3%). In the other
case, the lower resonance frequency is too far from the highest one and it introduces a
mismatching phenomenon. In Figure 24(a), for α=103.7°, both resonance frequencies are so
close that they seem to be a single one. On Figure 24(b), we can distinguish these two reso‐
nances.
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Figure 24. (a) Return losses of the simulated MCLA versus α (b) simulated MCLA input impedances, 
the frequency is varying between 200 and 800MHz. 

(▬) α= 133°, (--) α= 103.7°, () α= 90°,(----) α= 75°, () α= 64.8°. 

3.2.2. Distance between the two printed lines 

In Figure 25, three values of the arc monopole radius r have been used to characterize the 
MCLA. r varies from 70 mm to 95 mm and α is variable to keep the same length of the arc 
monopole. R = 100 mm, w1 = 0.4 mm, w2 = 0.5 mm, P = 132 mm, X = 220 mm and Y = 110 mm. 

 

Figure 25. Simulated MCLA input impedances when the radius of the arc loop is varying between 
70mm and 95mm (the other parameters are constant), the frequency is varying between 200 and 
800MHz. 

() r = 70mm, (----) r = 84mm, () r = 95mm 

The resonance frequency of the arc monopole decreases when the radius of this line 
increases. The best case is for r = 84mm. These variations demonstrate that the coupling 
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Figure 24. (a) Return losses of the simulated MCLA versus α (b) simulated MCLA input impedances, the frequency is
varying between 200 and 800MHz.
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3.2.2. Distance between the two printed lines

In Figure 25, three values of the arc monopole radius r have been used to characterize the
MCLA. r varies from 70 mm to 95 mm and α is variable to keep the same length of the arc
monopole. R=100 mm, w1=0.4 mm, w2=0.5 mm, P=132 mm, X=220 mm and Y=110 mm.
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Figure 25. Simulated MCLA input impedances when the radius of the arc loop is varying between 70mm 
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Figure 25. Simulated MCLA input impedances when the radius of the arc loop is varying between 70mm and 95mm
(the other parameters are constant), the frequency is varying between 200 and 800MHz.

The resonance frequency of the arc monopole decreases when the radius of this line increases.
The best case is for r=84mm. These variations demonstrate that the coupling effect is very
sensitive to the distance between the half loop and the arc monopole. The resonance of the half
loop remains constant.

A monopole coupled loop antenna (MCLA) has been proposed [24]. A better impedance
bandwidth has been obtained by electromagnetic coupling effect between the two microstrip
lines (arc monopole+half loop). Its bandwidth is three times wider than the conventional half
loop short circuited monopole [25]. In the next paragraph, different techniques will be used to
reduce the size of the MCLA.

3.3. MCLA loaded by self-inductance

To achieve our first purpose (size reduction of the antenna), we modify the MCLA presented
in previous paragraph by loading the short circuit of the half-loop on the left side with a self
inductance (Figure 26). The ground plane is an infinite one [27].

The main dimensions of the antenna are listed below: R=100mm, r=84mm, w1=0.4mm,
w2=0.5mm, Y=220mm, Z=110mm, α=90°.
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reference [26], the electromagnetic coupling between the two parts of the antenna affects the 
impedance behavior. 

To increase our understanding of this antenna, we proceed to theoretical parametric studies. 
We investigate the dimensions of the ground plane, the length, the width of the arc 
monopole line, the width of the half-loop line and the distance between the two microstrip 
lines and we will show the influence of these parameters on the input impedance. In this 
section, we present just two parameters, the length of the arc monopole and the distance 
between the two printed lines. 

 
         (a)         (b) 

Figure 23. (a) Simulated and measured return losses for the MCLA, (b) Simulated and measured 
antenna input impedances 

(---) measured, () simulated 

3.2.1. Length of the arc monopole 

In Figure 24, we present the input impedance of the MCLA versus α which is the angle 
between the extremities of the arc monopole. α varies from 64.8° to 133°. We notice that 
there are no modifications on the other half loop parameters. The circles on the curves 
represent the resonance frequencies of the arc monopole (Figure 24). 

The resonance of the half loop remains constant (Figure 23). The resonance mode of the arc 
monopole decreases when the length of this line increases. The best case is for α = 90°, the 
resonance frequencies of the two lines are quite close and the impedance matching criterion 
S11 < -10 dB has been used to calculate the impedance bandwidth (70MHz or 15.3%). In the 
other case, the lower resonance frequency is too far from the highest one and it introduces a 
mismatching phenomenon. In Figure 24(a), for α = 103.7°, both resonance frequencies are so 
close that they seem to be a single one. On Figure 24(b), we can distinguish these two 
resonances. 
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Figure 23. (a) Simulated and measured return losses for the MCLA, (b) Simulated and measured antenna input impe‐
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3.2.1. Length of the arc monopole

In Figure 24, we present the input impedance of the MCLA versus α which is the angle between
the extremities of the arc monopole. α varies from 64.8° to 133°. We notice that there are no
modifications on the other half loop parameters. The circles on the curves represent the
resonance frequencies of the arc monopole (Figure 24).

The resonance of the half loop remains constant (Figure 23). The resonance mode of the arc
monopole decreases when the length of this line increases. The best case is for α=90°, the
resonance frequencies of the two lines are quite close and the impedance matching criterion
S11 <-10 dB has been used to calculate the impedance bandwidth (70MHz or 15.3%). In the other
case, the lower resonance frequency is too far from the highest one and it introduces a
mismatching phenomenon. In Figure 24(a), for α=103.7°, both resonance frequencies are so
close that they seem to be a single one. On Figure 24(b), we can distinguish these two reso‐
nances.

 

(a)      (b) 
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3.2.2. Distance between the two printed lines 

In Figure 25, three values of the arc monopole radius r have been used to characterize the 
MCLA. r varies from 70 mm to 95 mm and α is variable to keep the same length of the arc 
monopole. R = 100 mm, w1 = 0.4 mm, w2 = 0.5 mm, P = 132 mm, X = 220 mm and Y = 110 mm. 

 

Figure 25. Simulated MCLA input impedances when the radius of the arc loop is varying between 
70mm and 95mm (the other parameters are constant), the frequency is varying between 200 and 
800MHz. 

() r = 70mm, (----) r = 84mm, () r = 95mm 

The resonance frequency of the arc monopole decreases when the radius of this line 
increases. The best case is for r = 84mm. These variations demonstrate that the coupling 
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Figure 24. (a) Return losses of the simulated MCLA versus α (b) simulated MCLA input impedances, the frequency is
varying between 200 and 800MHz.
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3.2.2. Distance between the two printed lines

In Figure 25, three values of the arc monopole radius r have been used to characterize the
MCLA. r varies from 70 mm to 95 mm and α is variable to keep the same length of the arc
monopole. R=100 mm, w1=0.4 mm, w2=0.5 mm, P=132 mm, X=220 mm and Y=110 mm.
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Figure 25. Simulated MCLA input impedances when the radius of the arc loop is varying between 70mm and 95mm
(the other parameters are constant), the frequency is varying between 200 and 800MHz.

The resonance frequency of the arc monopole decreases when the radius of this line increases.
The best case is for r=84mm. These variations demonstrate that the coupling effect is very
sensitive to the distance between the half loop and the arc monopole. The resonance of the half
loop remains constant.

A monopole coupled loop antenna (MCLA) has been proposed [24]. A better impedance
bandwidth has been obtained by electromagnetic coupling effect between the two microstrip
lines (arc monopole+half loop). Its bandwidth is three times wider than the conventional half
loop short circuited monopole [25]. In the next paragraph, different techniques will be used to
reduce the size of the MCLA.

3.3. MCLA loaded by self-inductance

To achieve our first purpose (size reduction of the antenna), we modify the MCLA presented
in previous paragraph by loading the short circuit of the half-loop on the left side with a self
inductance (Figure 26). The ground plane is an infinite one [27].

The main dimensions of the antenna are listed below: R=100mm, r=84mm, w1=0.4mm,
w2=0.5mm, Y=220mm, Z=110mm, α=90°.
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The inductor component used below is an ATC 0805 WL modelled with a parallel RLC device.
Simulations have been performed with CST Microwave studio® where the equivalent RLC
circuit model has been introduced as lumped components [27].

In Figure 27, we present the input impedance of the MCLA loaded versus self inductance value.
The self values vary from 0nH (equivalent to short circuit) to an infinite value (equivalent to
an open circuit).
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Figure 26. Geometry of the proposed antenna 

The main dimensions of the antenna are listed below: R = 100mm, r = 84mm, w1 = 0.4mm, w2 
= 0.5mm, Y = 220mm, Z = 110mm, α = 90°. 

The inductor component used below is an ATC 0805 WL modelled with a parallel RLC 
device. Simulations have been performed with CST Microwave studio® where the 
equivalent RLC circuit model has been introduced as lumped components [27]. 

In Figure 27, we present the input impedance of the MCLA loaded versus self inductance 
value. The self values vary from 0nH (equivalent to short circuit) to an infinite value 
(equivalent to an open circuit). 

 
(a)         (b) 

Figure 27. (a) Simulated return losses for the proposed antenna with different values of the self 
inductance, (b) Simulated input impedance for the proposed antenna with different values of the self 
inductance 

In Figure 27, for each inductance, we can notice two resonance frequencies. The first one, 
linked to the arc monopole, remains constant and very close to 450MHz, whatever the self 
inductor values. The second one linked to the half loop radiator associated to the self 
inductor decreases from 455MHz to 209MHz. We can also notice that for these resonances, 
the antenna becomes more and more mismatched when the inductance value increases. In 
the previous paragraph we have mentioned that the antenna return losses at these 
resonance frequencies could be matched by modifying the length of the arc monopole. 
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Figure 27. (a) Simulated return losses for the proposed antenna with different values of the self inductance, (b) Simu‐
lated input impedance for the proposed antenna with different values of the self inductance

In Figure 27, for each inductance, we can notice two resonance frequencies. The first one, linked
to the arc monopole, remains constant and very close to 450MHz, whatever the self inductor
values. The second one linked to the half loop radiator associated to the self inductor decreases
from 455MHz to 209MHz. We can also notice that for these resonances, the antenna becomes
more and more mismatched when the inductance value increases. In the previous paragraph
we have mentioned that the antenna return losses at these resonance frequencies could be
matched by modifying the length of the arc monopole.

To complete this calculation, we have computed and represented the normalized radiation
patterns of the short circuited MCLA (L=0nH) (Figure 28).

Y

infinite reflector plane

R

w1

r
w

short circuits
feed

2

aZoom

4  m m
X

Y

Z

j

q

inductanceL Z

Figure 26. Geometry of the proposed antenna
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     (a)         (b)       (c) 

Figure 28. Normalized radiation patterns of the short circuited MCLA (L=0nH). (a) Eθ in YZ-plane 
φ=90°, (b) Eθ in XY-plane θ=90°, (c) (----) Eθ in XZ-plane and (--) Eφ in XZ-plane φ=0° 

For YZ-plane (Figure 28.a), we obtain a dissymmetric shape of radiation pattern due to the 
arc monopole influence [24]. In XY-plane, the radiation pattern is quasi-omnidirectional. 
Except the dissymmetry of the radiation pattern in YZ plane, we can notice that the general 
behavior of the antenna is very close to this provides by a monopole. The gain is equal to 1.8 
dBi at 460 MHz. 

This analysis is completed by drawing surface currents on the radiating elements (Figure 
29). 

Near to the feed point and to the short circuit areas, the surface currents are maximum. It 
explains that the maximum radiations are obtained for the Eθ in YZ-plane when θ = 90°, and 
for the Eθ in XZ-plane when θ = 90° or 270°. In Figure 29, the surface currents become null in 
z direction. 
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Figure 29. Schematic of surface currents distribution on radiator elements of short circuited MCLA 

By increasing the value of the inductor, the deep null in the radiation pattern in YZ plane 
disappears and the antenna provides a quasi unidirectional pattern in this plane. This 
phenomenon could be explained in the Figure 30 where surface currents have been 
represented when the inductance value is 390 nH. Then, we notice that the half-loop surface 
currents distribution shifts to the left. 
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Figure 28. Normalized radiation patterns of the short circuited MCLA (L=0nH). (a) Eθ in YZ-plane φ=90°, (b) Eθ in XY-
plane θ=90°, (c) (----) Eθ in XZ-plane and (- -) Eφ in XZ-plane φ=0°

For YZ-plane (Figure 28.a), we obtain a dissymmetric shape of radiation pattern due to the arc
monopole influence [24]. In XY-plane, the radiation pattern is quasi-omnidirectional. Except
the dissymmetry of the radiation pattern in YZ plane, we can notice that the general behavior
of the antenna is very close to this provides by a monopole. The gain is equal to 1.8 dBi at 460
MHz.

This analysis is completed by drawing surface currents on the radiating elements (Figure 29).

Near to the feed point and to the short circuit areas, the surface currents are maximum. It
explains that the maximum radiations are obtained for the Eθ in YZ-plane when θ=90°, and for
the Eθ in XZ-plane when θ=90° or 270°. In Figure 29, the surface currents become null in z
direction.
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Figure 29. Schematic of surface currents distribution on radiator elements of short circuited MCLA

By increasing the value of the inductor, the deep null in the radiation pattern in YZ plane
disappears and the antenna provides a quasi unidirectional pattern in this plane. This
phenomenon could be explained in the Figure 30 where surface currents have been represented
when the inductance value is 390 nH. Then, we notice that the half-loop surface currents
distribution shifts to the left.
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The inductor component used below is an ATC 0805 WL modelled with a parallel RLC device.
Simulations have been performed with CST Microwave studio® where the equivalent RLC
circuit model has been introduced as lumped components [27].

In Figure 27, we present the input impedance of the MCLA loaded versus self inductance value.
The self values vary from 0nH (equivalent to short circuit) to an infinite value (equivalent to
an open circuit).
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Figure 26. Geometry of the proposed antenna 

The main dimensions of the antenna are listed below: R = 100mm, r = 84mm, w1 = 0.4mm, w2 
= 0.5mm, Y = 220mm, Z = 110mm, α = 90°. 

The inductor component used below is an ATC 0805 WL modelled with a parallel RLC 
device. Simulations have been performed with CST Microwave studio® where the 
equivalent RLC circuit model has been introduced as lumped components [27]. 

In Figure 27, we present the input impedance of the MCLA loaded versus self inductance 
value. The self values vary from 0nH (equivalent to short circuit) to an infinite value 
(equivalent to an open circuit). 
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Figure 27. (a) Simulated return losses for the proposed antenna with different values of the self 
inductance, (b) Simulated input impedance for the proposed antenna with different values of the self 
inductance 

In Figure 27, for each inductance, we can notice two resonance frequencies. The first one, 
linked to the arc monopole, remains constant and very close to 450MHz, whatever the self 
inductor values. The second one linked to the half loop radiator associated to the self 
inductor decreases from 455MHz to 209MHz. We can also notice that for these resonances, 
the antenna becomes more and more mismatched when the inductance value increases. In 
the previous paragraph we have mentioned that the antenna return losses at these 
resonance frequencies could be matched by modifying the length of the arc monopole. 
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Figure 27. (a) Simulated return losses for the proposed antenna with different values of the self inductance, (b) Simu‐
lated input impedance for the proposed antenna with different values of the self inductance

In Figure 27, for each inductance, we can notice two resonance frequencies. The first one, linked
to the arc monopole, remains constant and very close to 450MHz, whatever the self inductor
values. The second one linked to the half loop radiator associated to the self inductor decreases
from 455MHz to 209MHz. We can also notice that for these resonances, the antenna becomes
more and more mismatched when the inductance value increases. In the previous paragraph
we have mentioned that the antenna return losses at these resonance frequencies could be
matched by modifying the length of the arc monopole.

To complete this calculation, we have computed and represented the normalized radiation
patterns of the short circuited MCLA (L=0nH) (Figure 28).
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Figure 28. Normalized radiation patterns of the short circuited MCLA (L=0nH). (a) Eθ in YZ-plane 
φ=90°, (b) Eθ in XY-plane θ=90°, (c) (----) Eθ in XZ-plane and (--) Eφ in XZ-plane φ=0° 

For YZ-plane (Figure 28.a), we obtain a dissymmetric shape of radiation pattern due to the 
arc monopole influence [24]. In XY-plane, the radiation pattern is quasi-omnidirectional. 
Except the dissymmetry of the radiation pattern in YZ plane, we can notice that the general 
behavior of the antenna is very close to this provides by a monopole. The gain is equal to 1.8 
dBi at 460 MHz. 

This analysis is completed by drawing surface currents on the radiating elements (Figure 
29). 

Near to the feed point and to the short circuit areas, the surface currents are maximum. It 
explains that the maximum radiations are obtained for the Eθ in YZ-plane when θ = 90°, and 
for the Eθ in XZ-plane when θ = 90° or 270°. In Figure 29, the surface currents become null in 
z direction. 
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Figure 29. Schematic of surface currents distribution on radiator elements of short circuited MCLA 

By increasing the value of the inductor, the deep null in the radiation pattern in YZ plane 
disappears and the antenna provides a quasi unidirectional pattern in this plane. This 
phenomenon could be explained in the Figure 30 where surface currents have been 
represented when the inductance value is 390 nH. Then, we notice that the half-loop surface 
currents distribution shifts to the left. 
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Figure 28. Normalized radiation patterns of the short circuited MCLA (L=0nH). (a) Eθ in YZ-plane φ=90°, (b) Eθ in XY-
plane θ=90°, (c) (----) Eθ in XZ-plane and (- -) Eφ in XZ-plane φ=0°

For YZ-plane (Figure 28.a), we obtain a dissymmetric shape of radiation pattern due to the arc
monopole influence [24]. In XY-plane, the radiation pattern is quasi-omnidirectional. Except
the dissymmetry of the radiation pattern in YZ plane, we can notice that the general behavior
of the antenna is very close to this provides by a monopole. The gain is equal to 1.8 dBi at 460
MHz.

This analysis is completed by drawing surface currents on the radiating elements (Figure 29).

Near to the feed point and to the short circuit areas, the surface currents are maximum. It
explains that the maximum radiations are obtained for the Eθ in YZ-plane when θ=90°, and for
the Eθ in XZ-plane when θ=90° or 270°. In Figure 29, the surface currents become null in z
direction.
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Figure 29. Schematic of surface currents distribution on radiator elements of short circuited MCLA

By increasing the value of the inductor, the deep null in the radiation pattern in YZ plane
disappears and the antenna provides a quasi unidirectional pattern in this plane. This
phenomenon could be explained in the Figure 30 where surface currents have been represented
when the inductance value is 390 nH. Then, we notice that the half-loop surface currents
distribution shifts to the left.
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The inductance modifies the equivalent antenna electrical length and we can deduce that the
antenna operating wavelength is lower than half a wavelength. In the extreme case, where the
self inductance is infinite and equivalent to an open circuit, the open circuited MCLA operating
wavelength becomes equal to a quarter wavelength.
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Figure 30. Schematic of surface currents distribution on elements of the MCLA loaded by a 390nH inductance

3.4. Modified open-circuit MCLA

We keep the case of the modified MCLA with an infinite self inductance [27]. We call this
antenna modified open circuit MCLA. As mentioned in the previous paragraph and in [24],
we could modify the arc monopole length to enhance the impedance bandwidth. As we wish
that the antenna operates at 450MHz, we have optimized the arc monopole length to achieve
both impedance matching and size reduction.

In Figure 31, we remind the modified open circuited MCLA design. For practical reasons, the
antenna is placed perpendicularly above a limited square ground plane (300mm x 300mm x
4mm).

The main dimensions of the antenna are listed below: R=44.5mm, r=40.5mm, w1=1mm,
w2=2mm, Y=100mm, Z=50mm, α=178.5°. The reduction size of the modified antenna is 55.5%
compared to the initial MCLA.
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Figure 31. Geometry of the modified open circuited MCLA
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The Figure 32 shows the theoretical and the measured return losses and input impedance with
a good agreement.

 

           (a)     (b) 

Figure 32. (a) Simulated and measured return losses for the modified open circuit MCLA (b) Simulated 

and measured antenna input impedances. (---) measured, () simulated 

In Figure 33, we present the measured and simulated normalized radiation patterns of the 
modified open circuit MCLA. 
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Figure 33. Normalized radiation patterns at 448 MHz 

(- - -) measured, () simulated 

As expected, the radiation pattern is quasi unidirectional and the agreement between theory 
and experience is good. At 448 MHz, the measured and the theoretical gain are respectively 
3.8dBi and 3.9 dBi and the comparison is also good. 

While the inductor element is well-known to decrease the antenna resonance frequency, 
based on MCLA, a theoretical study has been performed to demonstrate the modification of 
radiating behavior of MCLA loaded with inductance. Thus a modified open circuit MCLA 
has been proposed. This antenna provides quasi unidirectional radiation pattern and size 
reduction (55.5%) compare to the initial MCLA [24]. The measured gain is high (3.8dBi). 

3.5. Frequency tunable MCLA 
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Figure 32. (a) Simulated and measured return losses for the modified open circuit MCLA (b) Simulated and measured
antenna input impedances.

In Figure 33, we present the measured and simulated normalized radiation patterns of the
modified open circuit MCLA.
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As expected, the radiation pattern is quasi unidirectional and the agreement between theory
and experience is good. At 448 MHz, the measured and the theoretical gain are respectively
3.8dBi and 3.9 dBi and the comparison is also good.

While the inductor element is well-known to decrease the antenna resonance frequency, based
on MCLA, a theoretical study has been performed to demonstrate the modification of radiating
behavior of MCLA loaded with inductance. Thus a modified open circuit MCLA has been
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The inductance modifies the equivalent antenna electrical length and we can deduce that the
antenna operating wavelength is lower than half a wavelength. In the extreme case, where the
self inductance is infinite and equivalent to an open circuit, the open circuited MCLA operating
wavelength becomes equal to a quarter wavelength.
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Figure 30. Schematic of surface currents distribution on elements of the MCLA loaded by a 390nH inductance

3.4. Modified open-circuit MCLA

We keep the case of the modified MCLA with an infinite self inductance [27]. We call this
antenna modified open circuit MCLA. As mentioned in the previous paragraph and in [24],
we could modify the arc monopole length to enhance the impedance bandwidth. As we wish
that the antenna operates at 450MHz, we have optimized the arc monopole length to achieve
both impedance matching and size reduction.

In Figure 31, we remind the modified open circuited MCLA design. For practical reasons, the
antenna is placed perpendicularly above a limited square ground plane (300mm x 300mm x
4mm).

The main dimensions of the antenna are listed below: R=44.5mm, r=40.5mm, w1=1mm,
w2=2mm, Y=100mm, Z=50mm, α=178.5°. The reduction size of the modified antenna is 55.5%
compared to the initial MCLA.

Y
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Figure 31. Geometry of the modified open circuited MCLA
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The Figure 32 shows the theoretical and the measured return losses and input impedance with
a good agreement.
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Figure 32. (a) Simulated and measured return losses for the modified open circuit MCLA (b) Simulated 

and measured antenna input impedances. (---) measured, () simulated 
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Figure 32. (a) Simulated and measured return losses for the modified open circuit MCLA (b) Simulated and measured
antenna input impedances.

In Figure 33, we present the measured and simulated normalized radiation patterns of the
modified open circuit MCLA.
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Figure 33. Normalized radiation patterns at 448 MHz

As expected, the radiation pattern is quasi unidirectional and the agreement between theory
and experience is good. At 448 MHz, the measured and the theoretical gain are respectively
3.8dBi and 3.9 dBi and the comparison is also good.

While the inductor element is well-known to decrease the antenna resonance frequency, based
on MCLA, a theoretical study has been performed to demonstrate the modification of radiating
behavior of MCLA loaded with inductance. Thus a modified open circuit MCLA has been
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proposed. This antenna provides quasi unidirectional radiation pattern and size reduction
(55.5%) compare to the initial MCLA [24]. The measured gain is high (3.8dBi).

3.5. Frequency tunable MCLA

In this section we present a frequency tunable antenna made with an open circuit Monopole
Coupled Loop Antenna (MCLA) associated to a varactor diode [29]. The proposed antenna
shows a 35,8% relative bandwidth, covering the [470-675]MHz frequency range.

We investigate the capability to obtain a frequency tunable antenna with reduced size open
circuit MCLA. The antenna resonance frequency is controlled with a varactor diode fed having
a DC bias voltage range of [0-5]V. This low voltage requirement made this diode suitable for
handset application.

Performances of tunable antenna have been first investigated using CST® software, substitut‐
ing the diode by its equivalent circuit. The varactor component used below is a MA4ST2200
from MACOM. The equivalent circuit proposed by the vendor is a series RLC circuit with a
parallel capacitance (Figure 34). Cs is the tunable capacitor. The varactor has been characterized
using a vector network analyzer and then the equivalent circuit has been obtained through a
de-embedding process. In order to keep an operating frequency close to 470 MHz when the
DC bias voltage is equal to zero, the parameters of the modified MCLA open circuit have been
optimized with the corresponding diode equivalent circuit characteristics.

Figure 34. Equivalent circuit model of the varactor diode

A sketch of the prototype is reported in Figure 35, including the diode located on the short
circuit side of the MCLA (right hand side of the drawing). The antenna has been printed on a
Neltec NY9300 circuit board (εr=3, h=0.786 mm) and is placed perpendicularly to a square
ground plane (300 mm x 300 mm x 4 mm). R and r are the radius of the half loop and the arc
monopole lines respectively, w1 and w2 are their widths. α is the angle between the arc
monopole extremities. The main dimensions of the antenna are listed below: R=37.5 mm, r=34.5
mm, w1=1 mm, w2=2 mm, Y=80 mm, Z=40 mm, α=43.5°.

The bias circuit used to carry a DC control voltage to the varactor without interfering with the
high frequency currents is reported in Figure 35. In order to isolate the DC voltage from RF
signal a choke L=2200 nH, a series resistance 5 kΩ and one chip capacitor (5 nF) are used.
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Figure 35. (a) Geometry of the open circuit MCLA (b) Photography of the antenna prototype 

Antenna performances for different DC control voltage values obtained with CST software 
have been compared to measurement results. In Figure 36, good agreement between 
simulated and measured return loss for a few voltage values can be seen. 
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Antenna performances for different DC control voltage values obtained with CST software
have been compared to measurement results. In Figure 36, good agreement between simulated
and measured return loss for a few voltage values can be seen.
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Figure 36. (a) Simulated and (b) measured return losses 
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Figure 36. (a) Simulated and (b) measured return losses

As depicted in Figure 36, the antenna covers the [470-675] MHz frequency range, which
corresponds to a 35,8% relative-10dB adaptation bandwidth. For each resonance, the corre‐
sponding instantaneous bandwidth is more than 10MHz.

Normalized radiation patterns comparison for the frequency range extrema values 474MHz
and 668MHz, corresponding to 0V and 5V DC order, show as well acceptable agreement. It
has to be noticed that the behavior of the antenna radiation patterns in the main planes (YZ
and XZ planes) is quasi unidirectional in the entire band. The cross-polarization in the XZ-
plane becomes very low when the resonance frequency increases. The front to back radiation
level decreases when the resonance frequency increases.

Good agreement is obtained for simulated and measured maximum gains versus operating
frequencies (Figure 37). It has to be underlined that considering the antenna electrical dimen‐
sions (λ/17 × λ/8 at 470MHz), a high gain on the whole frequency range is provided, and
especially in the higher band.
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proposed. This antenna provides quasi unidirectional radiation pattern and size reduction
(55.5%) compare to the initial MCLA [24]. The measured gain is high (3.8dBi).

3.5. Frequency tunable MCLA

In this section we present a frequency tunable antenna made with an open circuit Monopole
Coupled Loop Antenna (MCLA) associated to a varactor diode [29]. The proposed antenna
shows a 35,8% relative bandwidth, covering the [470-675]MHz frequency range.

We investigate the capability to obtain a frequency tunable antenna with reduced size open
circuit MCLA. The antenna resonance frequency is controlled with a varactor diode fed having
a DC bias voltage range of [0-5]V. This low voltage requirement made this diode suitable for
handset application.

Performances of tunable antenna have been first investigated using CST® software, substitut‐
ing the diode by its equivalent circuit. The varactor component used below is a MA4ST2200
from MACOM. The equivalent circuit proposed by the vendor is a series RLC circuit with a
parallel capacitance (Figure 34). Cs is the tunable capacitor. The varactor has been characterized
using a vector network analyzer and then the equivalent circuit has been obtained through a
de-embedding process. In order to keep an operating frequency close to 470 MHz when the
DC bias voltage is equal to zero, the parameters of the modified MCLA open circuit have been
optimized with the corresponding diode equivalent circuit characteristics.

Figure 34. Equivalent circuit model of the varactor diode

A sketch of the prototype is reported in Figure 35, including the diode located on the short
circuit side of the MCLA (right hand side of the drawing). The antenna has been printed on a
Neltec NY9300 circuit board (εr=3, h=0.786 mm) and is placed perpendicularly to a square
ground plane (300 mm x 300 mm x 4 mm). R and r are the radius of the half loop and the arc
monopole lines respectively, w1 and w2 are their widths. α is the angle between the arc
monopole extremities. The main dimensions of the antenna are listed below: R=37.5 mm, r=34.5
mm, w1=1 mm, w2=2 mm, Y=80 mm, Z=40 mm, α=43.5°.

The bias circuit used to carry a DC control voltage to the varactor without interfering with the
high frequency currents is reported in Figure 35. In order to isolate the DC voltage from RF
signal a choke L=2200 nH, a series resistance 5 kΩ and one chip capacitor (5 nF) are used.
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Antenna performances for different DC control voltage values obtained with CST software 
have been compared to measurement results. In Figure 36, good agreement between 
simulated and measured return loss for a few voltage values can be seen. 
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Antenna performances for different DC control voltage values obtained with CST software
have been compared to measurement results. In Figure 36, good agreement between simulated
and measured return loss for a few voltage values can be seen.
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Figure 36. (a) Simulated and (b) measured return losses 
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Figure 36. (a) Simulated and (b) measured return losses

As depicted in Figure 36, the antenna covers the [470-675] MHz frequency range, which
corresponds to a 35,8% relative-10dB adaptation bandwidth. For each resonance, the corre‐
sponding instantaneous bandwidth is more than 10MHz.

Normalized radiation patterns comparison for the frequency range extrema values 474MHz
and 668MHz, corresponding to 0V and 5V DC order, show as well acceptable agreement. It
has to be noticed that the behavior of the antenna radiation patterns in the main planes (YZ
and XZ planes) is quasi unidirectional in the entire band. The cross-polarization in the XZ-
plane becomes very low when the resonance frequency increases. The front to back radiation
level decreases when the resonance frequency increases.

Good agreement is obtained for simulated and measured maximum gains versus operating
frequencies (Figure 37). It has to be underlined that considering the antenna electrical dimen‐
sions (λ/17 × λ/8 at 470MHz), a high gain on the whole frequency range is provided, and
especially in the higher band.
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Figure 37. Simulated and measured maximum gains

3.6. Conclusion

A varactor-tuned open circuit MCLA has been designed and realized. The aim of this study is
to provide a simple technique to sweep the instantaneous bandwidth of the structure from 470
MHz to 675 MHz. The measured maximum gain varies between-1.5dBi to 2.8dBi. In future,
this antenna can be miniaturized in order to be included in a terminal mobile. Theoretical and
experimental results of S11, radiation patterns and gain have been performed and show good
agreement.

3.7. General conclusion

The objectives of this chapter concern the design and the development of compact active
antennas, working on a wide frequency band. We have presented innovative techniques to
reduce the antenna size with a wide cover frequency rang. We have demonstrated two
solutions; the first one is broadband antenna with very important size reduction and wide
bandwidth. The second one is a tunable antenna.

In the first part, the capabilities offered by active antennas for miniaturization by the integra‐
tion of actives components directly on the antenna have been presented and their impact on
printed antenna’s performances (bandwidth, size reduction, and gain) investigated theoreti‐
cally and experimentally. Regarding the small volume dedicated for antenna in devices, a
broadband miniature active antenna operating in the FM band has been presented.

In the second section, a technique of narrowband antennas miniaturization for DVB-H
applications has been proposed. Some new designs of miniaturized antennas based on a
coupling feeding system have been proposed and fabricated. Thus, these antennas have been
associated with varactor diodes in order to achieve frequency tunable antenna.

Progress in Compact Antennas138

Author details

Y. Taachouche, M. Abdallah, F. Colombel, G. Le Ray and M. Himdi*

*Address all correspondence to: mohamed.himdi@univ-rennes1.fr

Institute of Electronic and Telecommunication of Rennes (IETR), University of Rennes , Ren‐

nes, France

References

[1] H. A. Wheeler, ‘Fundamental limitations of small antennas’, Proc. IRE, 35, pp.
1479-1484, Dec. 1947.

[2] H. A. Wheeler, “Small Antennas” IEEE Trans. Antennas Propagat., vol. 23, pp.
462-469, July 1975.

[3] Jenshan. Lin, Itoh, T, "Active Integrated Antennas", Microwave Theory and Techni‐
ques, IEEE Transactions on, vol. 42, issue 12, pp. 2186-2194, Dec 1994.

[4] H.H. Meinke. “Transistorized receiving antennas” Institut fur Hochfrequenztechnik
der Technischen Hochschule, Munchen, November 1967, 99 pages.

[5] J. R. Copeland, W. J. Robertson, R. J. Verstraete, “Antennafier arrays“, Antennas and
Propagation, IEEE Transactions on, vol 12, Issue 2, pp. 227-233, Mar 1964.

[6] F. M. Landstorfer, H. H. Meinke, “Transistorized Microwave Antenna with 1GHz
Centre frequency”, Microwave Conference, 2nd European, vol 1, pp.1-4, 1971.

[7] Anderson. A, Davies. W, Dawoud. M, Galanakis. D, “ Note on Transistor-Fed Active-
Array Antennas”, Antennas and Propagation, IEEE Transactions on, vol 19, Issue 4,
pp. 537-539, 1971.

[8] Ramsdale. P.A, MacLean. T. S. M, “Active Loop-Dipole Aerials”, Electrical Engi‐
neers, Proceedings of the Institution of, vol 119, issue 4, pp 423-424, 1972.

[9] Rangole. P.K, Saini. S.P.S, “Transistor Configurations in Integrated Transistor Anten‐
nas”, Radio and Electronic Engineer, vol 45, issue 3, 1975.

[10] Ramsdale. P.A, MacLean. T.S.M, “Active Loop-Dipole Aerials”, Electrical Engineers,
Proceedings of the Institution of, vol 118, issue 12, pp. 1698-1710, 1971.

[11] Rangole. P.K, Midha. S.S, “Short antenna with active inductance”, Electronics Letters,
vol 10, issue 22, pp. 462-463, 1974.

Active Compact Antenna for Broadband Applications
http://dx.doi.org/10.5772/58839

139



(---) measured (—) simulated

Figure 37. Simulated and measured maximum gains

3.6. Conclusion

A varactor-tuned open circuit MCLA has been designed and realized. The aim of this study is
to provide a simple technique to sweep the instantaneous bandwidth of the structure from 470
MHz to 675 MHz. The measured maximum gain varies between-1.5dBi to 2.8dBi. In future,
this antenna can be miniaturized in order to be included in a terminal mobile. Theoretical and
experimental results of S11, radiation patterns and gain have been performed and show good
agreement.

3.7. General conclusion

The objectives of this chapter concern the design and the development of compact active
antennas, working on a wide frequency band. We have presented innovative techniques to
reduce the antenna size with a wide cover frequency rang. We have demonstrated two
solutions; the first one is broadband antenna with very important size reduction and wide
bandwidth. The second one is a tunable antenna.

In the first part, the capabilities offered by active antennas for miniaturization by the integra‐
tion of actives components directly on the antenna have been presented and their impact on
printed antenna’s performances (bandwidth, size reduction, and gain) investigated theoreti‐
cally and experimentally. Regarding the small volume dedicated for antenna in devices, a
broadband miniature active antenna operating in the FM band has been presented.

In the second section, a technique of narrowband antennas miniaturization for DVB-H
applications has been proposed. Some new designs of miniaturized antennas based on a
coupling feeding system have been proposed and fabricated. Thus, these antennas have been
associated with varactor diodes in order to achieve frequency tunable antenna.
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1. Introduction

Antennas are important elements of wireless information communication technologies, along
with sources of electromagnetic radiations and their detectors. One can say that antennas are
at the heart of modern radio and microwave frequency communications technologies. They
are at the front-ends of satellites, cell-phones, laptops and other communicating devices. In
radio engineering, antennas refer to devices converting electric and magnetic currents into
radio propagating waves and, vice versa, radio waves to currents. Recently, the concept of
antennas have been extended to the optical frequency domain [1–9]

Figure 1. The basic principles of nanoantenna operation (exemplified by a nanodipole). Near field (a) or waveguide mode (b)
transformation into freely propagating optical radiation; Panels (c, d) illustrate a reception regime. The configuration of feeding
via a plasmonic waveguide is of great importance for practical applications of nanoantennas, especially for the development of
wireless communication systems at the nanometer level, i.e., for future photonic chips. [8]
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Figure 2. Plethora of nanoantennas application in modern science. [8]

as a result of the development of a new branch of physics emerged known as nanooptics,
which studies the transmission and reception of optical signals by submicron and even
nanometer-sized objects.

For nanooptics it is important to efficiently detect and direct the transmitting signals for
optical information between nanoelements. The sources and detectors of radiation in
nanooptics are nanoelements themselves, their clusters, and even individual molecules
(atoms, ions). Nanoobjects functioning as antennas must exhibit high radiation efficiency
and directivity.

Nanoantennas, similar to the radiofrequency antennas, are usually divided into two types,
transmitting and receiving (see Fig. 1). Figure 1a schematically shows the interaction between
a nanoantenna and the near field of an quantum emitter. In this case, the nanoantenna
transforms the near field into freely propagating optical radiation, i.e. it is a transmitting
nanoantenna. Figure 1c illustrates the operation of a receiving nanoantenna that converts
incident radiation into a strongly confined near field.

The energy is usually delivered to a microwave antenna through a waveguide. Such an
antenna converts waveguide modes to freely propagating radiation. In the case of optical
antennas with their sufficiently small optical size, the waveguide mode must have the
subwavelength cross section attainable by using so-called plasmonic waveguides. This type
of nanoantenna feeding is depicted schematically in Fig. 1b. According to the reciprocity
principle, such a nanoantenna is also capable of transforming incident radiation to plasmonic
waveguide modes (see Fig. 1d).

Thus, the transmitting antenna converts a strongly confined field in the optical frequency
range created by a certain (weakly emitting or almost non emitting) source into optical
radiation (see Fig. 1a,b). Conversely, the receiving nanoantenna is a device efficiently
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converting incident light (optical frequency radiation) into a strongly confined field (see
Fig. 1c,d), where an electromagnetic field is concentrated in a small region compared to the
wavelength of light. Such fields are characterized by a spatial spectrum consisting mostly of
evanescent waves. The confinement region may be of subwavelength dimension, leading to
a strongly confined near field. The energy of this field contains contributions from stored
and non radiated energy. However, an important particular case of nanoantennas is a device
converting optical radiation into waveguide modes, and vice versa, as shown in Fig. 1c,d.
In this case, the subwavelength dimension is characterized by the transverse cross section of
the strongly confined field region. The longitudinal size of this region (along the waveguide
axis) may be optically large, and the electromagnetic energy of the strongly confined field
is referred to as expanding. The feeding configuration with a plasmonic waveguide is of
great importance for practical applications of nanoantennas, especially for the development
of wireless communication systems at the nanometer level, i.e., for future fully optical
integrated circuits.

Figure 3. Main types of plasmonic nanoantennas. [8]

Nanoantennas are the most promising area of research in the modern nanooptics due to their
ability to bridge the size and impedance mismatch between nanoemitters and free space
radiation, as well as manipulate light on the scale smaller than the wavelength of light.
Bearing in mind the great variety of sources and detectors of strongly confined optical fields
(groups of atoms and molecules, luminescent and fluorescent cells, e.g., viruses and bacteria,
sometimes individual molecules, quantum dots, and quantum wires), it is safe to say that
the areas of practical applications of nanoantennas in the near future will be commensurate
with that of their classical analogs.

At present, nanoantennas are used in near-field microscopy and high-resolution biomedical
sensors; their application for hyperthermal therapy of skin neoplasms is a matter of the
foreseeable future. There are some other potential applications of nanoantennas (see Fig. 2)
that we believe to be equally promising, including solar cells [10], molecular and biomedical
sensors [11], optical communication [12], and optical tweezers [13]. The variety of
applications allows us to argue that the concept of nanoantennas presents a unique example
of the penetration of new physics into various spheres of human activity.

Thus far, optical antennas have primarily been constructed from metallic materials, which
support plasmonic resonances. The main types of plasmonic nanoantennas which have been
realized experimentally are presented in Fig. 3. Different types of plasmonic nanoantennas
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are designed to perform various tasks. For example dipole nanoantennas [8, 9, 14–16]
demonstrate high coefficient of electric field localization, while bowtie nanoantennas [8, 9,
13, 17–24] are broadband; Yagi-Uda type nanoantennas exhibit high directivity which is very
useful for optical wireless communications on an optical chip [3, 8, 9, 12, 25–35]. However,
despite of a number of advantages of plasmonic nanoantennas associated with their small
size and strong localization of the electric field, such nanoantennas have large dissipative
losses resulting in low radiation efficiency.

To overcome such limitations, we propose a new type of nanoantennas based on dielectric
nanoparticles with a high index dielectric constant [8, 9, 36–44], for example Huygens optical
elements and Yagi-Uda nanoantennas [see par.(3)]. Such all-dielectric optical nanoantennas
will have low dissipative losses with enhanced magnetic response in the visible. The
concept of optical magnetism based on dielectric nanoparticles is presented in the next
section. The key for such novel functionalities of high index dielectric nanophotonic
elements is the ability of subwavelength dielectric nanoparticles to support simultaneously
both electric and magnetic resonances, which can be controlled independently. This type
of nanoantennas has several unique features such as low optical losses at the nanoscale
and superdirectivity. The concept of all-dielectric nanoantennas has been developed in our
original papers [8, 9, 40–42, 45, 46] and also summarized below.

Furthermore all-dielectric nanoantennas allow us achieve the superdirectivity effect.
Superdirectivity as a physical concept can be found in textbooks on antennas, however all
so far proposed superdirective antennas are not reliably reproducible. More specifically,
all previous attempts to achieve superdirectivity of antennas were based on discrete arrays
of radiating dipoles with a rather cumbersome distribution of radiating currents over the
array. This approach resulted in intrinsic drawbacks of known superdirective arrays -
ultra-narrowfrequency range, high dissipation, and extreme sensitivity to any disturbance,
etc. As a result, no single superdirective antenna was demonstrated up to now. In the
context of nanoantennas, which originated from radio frequency antennas a few years ago,
superdirectivity has never been discussed. However, superdirectivity would be a very
desirable feature in nanophotonics with numerous useful applications. Here we describe
[see par.(4)] the superdirectivity effect in a very simple, elegant, and practical way for a
nanoparticle with a notch. This approach is able to shape higher-harmonics of the radiation
field in such a way that not only superdirectivity of this nanoantennas becomes possible but
also a strong subwavelength sensitivity of the radiation pattern to the location of the emitter
can be easily realized.

2. Optical magnetism based on dielectric nanoparticles

It is well known that a pair of oscillating electric charges of opposite signs, know as an
oscillating electric dipole, produces electromagnetic radiation at the oscillations frequency
[48]. Although, distinct Şmagnetic chargesŤ, or monopoles, have not been observed so far,
magnetic dipoles are very common sources of magnetic field in nature. The field of the
magnetic dipole is usually calculated as the limit of a current loop shrinking to a point.
Its profile is equivalent to the one of an electric dipole considering that the electric and
magnetic fields are exchanged. The most common example of a magnetic dipole radiation is
an electromagnetic wave produced by an excited metal split-ring resonator (SRR), which is
a basic constituting element of metamaterials (see Fig. 4a) [49–57]. The real currents excited
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Figure 4. Schematic representation of electric and magnetic field distribution inside a metallic split-ring resonator (a) and a
high-refractive index dielectric nanoparticle (b) at magnetic resonance wavelength. [47]

by external electromagnetic radiation and running inside the SRR produce a transverse
oscillating up and down magnetic field in the center of the ring, which simulates an
oscillating magnetic dipole. The major interest of these artificial systems is due to their ability
to response to a magnetic component of incoming radiation and thus to have a non-unity
or even negative magnetic permeability (µ) at optical frequencies, which does not exist in
nature. This provides possibilities to design unusual material properties such as negative
refraction [49–57], cloaking [58, 59], or superlensing [60]. The SRR concept works very well
for gigahertz [55–57], terahertz [61, 62] and even near-infrared (few hundreds THz) [63–65]
frequencies. However, for shorter wavelengths and in particular for visible spectral range
this concept fails due to increasing losses and technological difficulties to fabricate smaller
and smaller constituting split-ring elements [64, 66]. Several other designs based on metal
nanostructures have been proposed to shift the magnetic resonance wavelength to the visible
spectral range [49, 50]. However, all of them are suffering from losses inherent to metals at
visible frequencies.

An alternative approach to achieve strong magnetic response with low losses is to use
nanoparticles made of high-refractive index dielectric materials [53, 67]. As it follows
from the exact Mie solution of light scattering by a spherical particle, there is a particular
parameter range where strong magnetic dipole resonance can be achieved. Remarkably, for
the refractive indices above a certain value there is a well-established hierarchy of magnetic
and electric resonances. In contrast to plasmonic particles the first resonance of dielectric
nanoparticles is a magnetic dipole resonance, and takes place when the wavelength of light
inside the particle equals to the diameter λ/ns � 2Rs, where λ is a wavelength in a free space,
Rs and ns are the radius and refractive index of spherical particle. Under this condition
the polarization of the electric field is anti-parallel at opposite boundaries of the sphere,
which gives rise to strong coupling to circulation displacement currents while magnetic field
oscillates up and down in the middle (see Fig. 4b).

Below in this section we present the experimental results demonstrating [47] that spherical
silicon nanoparticles with sizes in the range from 100 nm to 200 nm have strong magnetic
dipole response in the visible spectral range. The scattered ŞmagneticŤ light by these
nanoparticles is so strong that it can be easily seen under a dark-field optical microscope. The
wavelength of this magnetic resonance can be tuned throughout the whole visible spectral
range from violet to red by just changing the nanoparticle size.

In article [47] we have chosen silicon (Si) as a material which has high refractive index in the
visible spectral range (above 3.8 at 633 nm) on one side and still almost no dissipation losses
on the other. Silicon nanorods have attracted considerable attention during the last few years
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Figure 4. Schematic representation of electric and magnetic field distribution inside a metallic split-ring resonator (a) and a
high-refractive index dielectric nanoparticle (b) at magnetic resonance wavelength. [47]
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Figure 5. Dark-field microscope (a) and top-view scanning electron microscope (SEM) (b) images of the same area on a silicon
wafer ablated by a femtosecond laser. Microscope image is inverted in horizontal direction relative to that of the SEM. Selected
nanoparticles are marked by corresponding numbers 1 to 6 in both figures. [47]

due to their ability to change their visible color with the size [68]. This effect appears due to
excitation of particular modes inside the cylindrical silicon nanoresonators. Moreover, recent
theoretical work predicted that spherical silicon nanoparticles with sizes of a few/several
hundred nanometers should have both strong magnetic and electric dipole resonances in the
visible and near-IR spectral range [69, 70]. To fabricate the silicon nanoparticles we have
used the laser ablation technique, which is an efficient method to produce nanoparticles of
various materials and sizes [71]. Nanoparticles produced by the ablation method can be
localized on a substrate and measured separately from each other using single nanoparticle
spectroscopy.

Dark-field microscopic image of a silicon sample ablated by a focused femtosecond laser
beam is shown in Fig. 5a. It shines by all the colours of the rainbow from violet to
red. To clarify the origin of this strong scattering we selected some nanoobjects shining
with different colours on the sample (see Fig. 5a) and measured their scattering spectra by
single nanoparticle dark-field spectroscopy. Then, the same sample area was characterized
by scanning electron microscopy and the selected nanoobjects providing different colours
have been identified (see Fig. 5b, the dark-field microscope image is inverted in horizontal
direction relative to that of the SEM). The results of this comparative analysis of the
same nanoobjects by dark-field optical microscopy, dark-field scattering spectroscopy, and
scanning electron microscopy are presented in Fig. 6. As it can be seen from the SEM
images the observed colours are provided by silicon nanoparticles of almost perfect spherical
shape and varied sizes. This makes it possible to analyze scattering properties of these
nanoparticles in the frames of Mie theory [72] and identify the nature of optical resonances
observed in our spectral measurements. The bottom panels (iv) in Fig. 6 represent a
total extinction cross-section calculated using Mie theory [72] for silicon nanoparticles of
different sizes (the calculations were done in free space). In these calculations, the size
of the nanoparticles in each figure was chosen to be similar to the size defined from each
corresponding SEM image (ii). It can be seen that there is a clear correlation between the
experimental (iii) and theoretical spectra (iv) both in the number and position of the observed
resonances. This makes it obvious that Mie theory describes more or less accurately our
experimental results.

One of the main advantages of the analytical Mie solution compared to other computational
methods is its ability to split the observed spectra into separate contributions of different
multipole modes and have a clear picture of the field distribution inside the particle at
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each resonance maximum. This analysis was done for each particle size in Fig. 6 and
corresponding multipole contributions were identified (see notations in the experimental
and theoretical spectra). According to this analysis the first strongest resonance of these
nanoparticles appearing in the longer wavelength part of the spectrum corresponds to
magnetic dipole response (md). Electric field inside the particle at this resonance wavelength

Figure 6. Close-view dark-field microscope (i) and SEM (ii) images of the single nanoparticles selected in Fig. 5. Figures (a) to (f)
correspond to nanoparticles 1 to 6 from Fig. 5 respectively. (iii) Experimental dark-field scattering spectra of the nanoparticles.
(iv) Theoretical scattering and extinction spectra calculated by Mie theory for spherical silicon nanoparticles of different sizes in
free space. Corresponding nanoparticle sizes are defined from the SEM images (ii) and noted in each figure. [47]
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has a ring shape while magnetic field oscillates in the particle center. Magnetic dipole
resonance is the only peak observed for the smallest nanoparticles (see Fig. 6a). At increased
nanoparticle size (see Fig. 6b,c) electric dipole (ed) resonance also appears at the blue part
of the spectra, while magnetic dipole shifts to the red. For relatively small nanoparticles,
the observed colour is mostly defined by the strongest resonance peak and changes from
blue to green, yellow, and red when magnetic resonance wavelength shifts from 480 nm to
700 nm (see Fig. 6aŰd). So, we can conclude that the beautiful colours observed in the
dark field microscope (see Fig. 5a) correspond to magnetic dipole scattering of the silicon
nanoparticles, Şmagnetic lightŤ. Further increase of the nanoparticle size leads to the shift of
magnetic and electric dipole resonances further to the red and infra-red frequencies, while
higher multipole modes such as magnetic and electric quadrupoles appear in the blue part
of the spectra (see Fig. 6dŰf).

Some differences between experimental and theoretical spectra observed in Fig. 6 can be
attributed to the presence of silicon substrate, which is not taken into account in our simple
Mie theory solution. We should also mention that very similar results have been published
almost simultaneously by a different group of authors [73] who demonstrated magnetic and
electric dipole resonances of silicon particles in red and near-IR spectral range.

Recently we have also experimentally demonstrated for the first time directional light
scattering by spherical silicon nanoparticles in the visible spectral range [74]. These
unique scattering properties arise due to simultaneous excitation and mutual interference
of magnetic and electric dipole resonances inside a single nanosphere. This phenomenon
is similar to a known since long time Kerker-type scattering predicted in [75] for
hypothetical magneto-dielectric nanoparticles but never observed experimentally. Directivity
of the far-field radiation pattern can be controlled by changing light wavelength and
the nanoparticle size. Forward-to-backward scattering ratio above 6 was experimentally
obtained at visible wavelengths. Similar directional light scattering by spherical ceramic
particles in GHz [76] and GaAs nanodisks in the visible [77] has also been published
almost simultaneously by different groups of authors. These unique optical properties of
high-refractive index dielectric nanostructures constitute the background for our approach
to all-dielectric nanoantennas, which will be discussed in detail below.

3. Huygens optical elements and YagiŮUda nanoantennas based on
dielectric nanoparticles

Recently, it was suggested [8, 9, 40–42, 45, 46] a novel type of optical nanoantennas made of
all-dielectric elements. Moreover, we argue that, since the source of electromagnetic radiation
is applied externally, dielectric nanoantennas can be considered as the best alternative to their
metallic counterparts. First, dielectric materials exhibit low loss at the optical frequencies.
Second, as was suggested earlier, nanoparticles made of high-permittivity dielectrics may
support both electric and magnetic resonant modes. This feature may greatly expand the
applicability of optical nanoantennas for, e.g. for detection of magnetic dipole transitions
of molecules [78]. In our study we concentrate on nanoparticles made of silicon. The real
part of the permittivity of the silicon in the visible spectral range is about 16 [79], while the
imaginary part is up to two orders of magnitude smaller than that of nobel metals (silver
and gold).
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Figure 7. (A) Huygens element consisting of a single silicon nanoparticle and point-like dipole source separated by a distance
Gds = 90 nm (between dipole and sphere surface). The radius of the silicon nanoparticle is Rs = 70 nm. (B) Dielectric optical
Yagi-Uda nanoantenna, consisting of the reflector of the radius Rr = 75 nm, and smaller director of the radii Rd = 70 nm.
The dipole source is placed equally from the reflector and the first director surfaces at the distance G. The separation between
surfaces of the neighbouring directors is also equal to G. [45]

3.1. General concept

The mentioned above properties of dielectric nanoparticles allow us to realize optical
Huygens source [80] consisting of a point-like electric dipole operating at the magnetic
resonance of a dielectric nanosphere (see Fig.7A). Such a structure exhibits high directivity
with vanishing backward scattering and polarization independence, being attractive for
efficient and compact designs of optical nanoantennas.

We start our analysis by considering a radiation pattern of two ideal coupled electric and
magnetic dipoles. A single point-like dipole source generates the electric far-field of the
following form

Ep =
k2

4πε0r
exp(ikr) [p − n(n · p)] , (1)

where p is the electric dipole, k = ω/c is the wavenumber, n is the scattered direction, and r is
the distance from the dipole source. The radiation pattern σ = lim

r→∞
4πr2|Ep|2 in the plane of

the dipole n × p = 0 is proportional to the standard figure-eight profile, σ|| ∝ | cos α|2, where
α is the scattered angle. In the plane orthogonal to the dipole (n · p = 0) the radiation pattern
remains constant and angle independent, σ⊥ ∝ const. Thus, the total radiation pattern of
a single dipole emitter is a torus which radiates equally in the opposite directions. If we
now place, in addition to the electric dipole, an orthogonal magnetic dipole located at the
same point, the situation changes dramatically. The magnetic dipole m generates the electric
far-field of the form

Em = −
√

µ0
ε0

k2

4rπ
exp(ikr) (n × m) . (2)

Thus, the total electric field is a sum of two contributions from both electric and magnetic
dipoles Etotal = Ep + Em. By assuming that the magnetic dipole is related to the electric
dipole via the relation |m| = |p|/(µ0ε0)

1/2, which corresponds to an infinitesimally small
wavefront of a plane wave often called a Huygens source [80], the radiation pattern becomes
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σH ∝ |1+ cos α|2. This radiation pattern is quite different compared to that of a single electric
dipole. It is highly asymmetric with the total suppression of the radiation in a particular
direction, α = π [σH(π) = 0], and a strong enhancement in the opposite direction, α = 0.
The complete three-dimensional radiation pattern resembles a cardioid or apple-like shape,
which is also azimuthally independent. Such a radiation pattern of the Huygens source is
potentially very useful for various nanoantenna applications. However, while electric dipole
sources are widely used in optics, magnetic dipoles are less common.

First, we consider an electric dipole source placed in a close proximity to a dielectric sphere
[see Fig. 7(a)]. As was mentioned above, it can be analytically shown that high permittivity
dielectric nanoparticles exhibit strong magnetic resonance in the visible range when the
wavelength inside the nanoparticle equals its diameter λ/ns ≈ 2Rs [81], where nS and Rs
are refractive index and radius of the nanoparticle, respectively. There are many dielectric
materials with high enough real part of the permittivity and very low imaginary part,
indicating low dissipative losses. To name just a few, silicon (Si, ε1 = 16), germanium
(Ge, ε1 = 20), aluminum antimonide (AlSb, ε1 = 12), aluminum arsenide (AlAs, ε1 = 10),
and other. In our study we concentrate on the nanoparticles made of silicon, which support
strong magnetic resonance in the visible range for the radius varying from 40 nm to 80
nm [69].

For such a small radius compared to the wavelength Rs < λ, the radiation pattern of the
silicon nanoparticle in the far field at the magnetic or electric resonances will resemble that of
magnetic or electric point-like dipole, respectively. Moreover, it is even possible to introduce
magnetic αm and electric αe polarisabilities [69, 72, 82] based on the Mie dipole scattering
coefficients b1 and a1:

αe =
6πa1i

k3 , αm =
6πb1i

k3 . (3)

Thus, the dielectric nanoparticle excited by the electric dipole source at the magnetic
resonance may result in the total far field radiation pattern which is similar to that of the
Huygens source. Similar radiation patterns can be achieve in light scattering by a magnetic
particle when permeability equals permittivity µ = ε, also known as Kerker’s condition [75].
Our result suggests that even a dielectric nonmagnetic nanoparticle can support two induced
dipoles of equal strength resulting in suppression of the radiation in the backward direction.
Thus, it can be considered as the simplest and efficient optical nanoantenna with very good
directivity.

In general, both polarisabilities αm and αe are nonzero in the optical region [69]. It is known
that for a dipole radiation in the far field the electric and magnetic components should
oscillate in phase to have nonzero energy flow. In the near field the electric and magnetic
components oscillate with π/2 phase difference, thus, the averaged Poynting vector vanishes,
and a part of energy is stored in the vicinity of the source. In the intermediate region, the
phase between two components varies form π/2 to 0. Placing a nanoparticle close to the
dipole source will change the phase difference between two components, and, thus, will
affect the amount of radiation form the near field. In the case of plasmonic nanoparticles
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Figure 8. Wavelength dependence of the directivity of two types of all-dielectric nanoantennas consisting of (a) single dielectric
nanoparticle of radius Rd = 70 nm, and (b) Yagi-Uda like design for the separation distance D = 70 nm. Insert shows 3D
radiation pattern diagrams at particular wavelengths. [45]

which exhibit electric polarizability only, there is an abrupt phase change from 0 to π in
the vicinity of the localized surface plasmon resonance, which makes it difficult to tune
plasmonic nanoantennas for optimal performance. The dependence of the scattering diagram
on the distance between the electric dipole source and metallic nanoparticle was studied
in Ref. [83]. On contrary, in the case of nanoparticles with both electric and magnetic
polarisabilities, it is possible to achieve more efficient radiation from the near to far field
zone, due to subtle phase manipulation. This is exactly the case of the dielectric nanoparticles.

Any antenna is characterized by two specific properties, directivity (D) and radiation
efficiency (ηrad), defined as [80, 84]

D =
4π

Prad
Max[p(θ, ϕ)], ηrad =

Prad
Prad + Ploss

, (4)

where Prad and Ploss are integrated radiated and absorbed powers, respectively, θ and ϕ are
spherical angles of standard spherical coordinate system, and p(θ, ϕ) is the radiated power
in the given direction θ and/or ϕ. The directivity measures the power density of the antenna
radiated in the direction of its strongest emission, while Radiation Efficiency measures the
electrical losses that occur throughout the antenna at a given wavelength. To calculate these
quantities numerically for the structures shown in Fig. 7a, we employ CST Microwave Studio.
To get reliable results, we model the electric dipole source by a Discrete Port coupled to two
PEC nanoparticles.

In Fig. 8(a) we show the dependence of the directivity on wavelength for a single dielectric
nanoparticle excited by a electric dipole source. Two inserts demonstrate 3D angular
distribution of the radiated pattern p(θ, ϕ) corresponding to the local maxima. In this case,
the system radiates predominantly to the forward direction at λ = 590 nm, while in another
case, the radiation is predominantly in the backward direction at λ = 480 nm. In this
case, the total electric dipole moment of the sphere and point-like source and the magnetic
dipole moment of the sphere oscillate with the phase difference arg(αm)− arg(αe) = 1.3rad,
resulting in the destructive interference in the forward direction. At the wavelength
λ = 590 nm the total electric and magnetic dipole moments oscillate in phase and produce
Huygens-source-like radiation pattern with the main lobe directed in the forward direction.
By adding more elements to the silicon nanoparticle, we can enhance the performance of
all-dielectric nanoantennas. In particular, we consider a dielectric analogue of the Yagi-Uda

All-Dielectric Optical Nanoantennas 153



10 Progress in Compact Antennas

σH ∝ |1+ cos α|2. This radiation pattern is quite different compared to that of a single electric
dipole. It is highly asymmetric with the total suppression of the radiation in a particular
direction, α = π [σH(π) = 0], and a strong enhancement in the opposite direction, α = 0.
The complete three-dimensional radiation pattern resembles a cardioid or apple-like shape,
which is also azimuthally independent. Such a radiation pattern of the Huygens source is
potentially very useful for various nanoantenna applications. However, while electric dipole
sources are widely used in optics, magnetic dipoles are less common.

First, we consider an electric dipole source placed in a close proximity to a dielectric sphere
[see Fig. 7(a)]. As was mentioned above, it can be analytically shown that high permittivity
dielectric nanoparticles exhibit strong magnetic resonance in the visible range when the
wavelength inside the nanoparticle equals its diameter λ/ns ≈ 2Rs [81], where nS and Rs
are refractive index and radius of the nanoparticle, respectively. There are many dielectric
materials with high enough real part of the permittivity and very low imaginary part,
indicating low dissipative losses. To name just a few, silicon (Si, ε1 = 16), germanium
(Ge, ε1 = 20), aluminum antimonide (AlSb, ε1 = 12), aluminum arsenide (AlAs, ε1 = 10),
and other. In our study we concentrate on the nanoparticles made of silicon, which support
strong magnetic resonance in the visible range for the radius varying from 40 nm to 80
nm [69].

For such a small radius compared to the wavelength Rs < λ, the radiation pattern of the
silicon nanoparticle in the far field at the magnetic or electric resonances will resemble that of
magnetic or electric point-like dipole, respectively. Moreover, it is even possible to introduce
magnetic αm and electric αe polarisabilities [69, 72, 82] based on the Mie dipole scattering
coefficients b1 and a1:

αe =
6πa1i

k3 , αm =
6πb1i

k3 . (3)

Thus, the dielectric nanoparticle excited by the electric dipole source at the magnetic
resonance may result in the total far field radiation pattern which is similar to that of the
Huygens source. Similar radiation patterns can be achieve in light scattering by a magnetic
particle when permeability equals permittivity µ = ε, also known as Kerker’s condition [75].
Our result suggests that even a dielectric nonmagnetic nanoparticle can support two induced
dipoles of equal strength resulting in suppression of the radiation in the backward direction.
Thus, it can be considered as the simplest and efficient optical nanoantenna with very good
directivity.

In general, both polarisabilities αm and αe are nonzero in the optical region [69]. It is known
that for a dipole radiation in the far field the electric and magnetic components should
oscillate in phase to have nonzero energy flow. In the near field the electric and magnetic
components oscillate with π/2 phase difference, thus, the averaged Poynting vector vanishes,
and a part of energy is stored in the vicinity of the source. In the intermediate region, the
phase between two components varies form π/2 to 0. Placing a nanoparticle close to the
dipole source will change the phase difference between two components, and, thus, will
affect the amount of radiation form the near field. In the case of plasmonic nanoparticles
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Figure 8. Wavelength dependence of the directivity of two types of all-dielectric nanoantennas consisting of (a) single dielectric
nanoparticle of radius Rd = 70 nm, and (b) Yagi-Uda like design for the separation distance D = 70 nm. Insert shows 3D
radiation pattern diagrams at particular wavelengths. [45]

which exhibit electric polarizability only, there is an abrupt phase change from 0 to π in
the vicinity of the localized surface plasmon resonance, which makes it difficult to tune
plasmonic nanoantennas for optimal performance. The dependence of the scattering diagram
on the distance between the electric dipole source and metallic nanoparticle was studied
in Ref. [83]. On contrary, in the case of nanoparticles with both electric and magnetic
polarisabilities, it is possible to achieve more efficient radiation from the near to far field
zone, due to subtle phase manipulation. This is exactly the case of the dielectric nanoparticles.

Any antenna is characterized by two specific properties, directivity (D) and radiation
efficiency (ηrad), defined as [80, 84]

D =
4π

Prad
Max[p(θ, ϕ)], ηrad =

Prad
Prad + Ploss

, (4)

where Prad and Ploss are integrated radiated and absorbed powers, respectively, θ and ϕ are
spherical angles of standard spherical coordinate system, and p(θ, ϕ) is the radiated power
in the given direction θ and/or ϕ. The directivity measures the power density of the antenna
radiated in the direction of its strongest emission, while Radiation Efficiency measures the
electrical losses that occur throughout the antenna at a given wavelength. To calculate these
quantities numerically for the structures shown in Fig. 7a, we employ CST Microwave Studio.
To get reliable results, we model the electric dipole source by a Discrete Port coupled to two
PEC nanoparticles.

In Fig. 8(a) we show the dependence of the directivity on wavelength for a single dielectric
nanoparticle excited by a electric dipole source. Two inserts demonstrate 3D angular
distribution of the radiated pattern p(θ, ϕ) corresponding to the local maxima. In this case,
the system radiates predominantly to the forward direction at λ = 590 nm, while in another
case, the radiation is predominantly in the backward direction at λ = 480 nm. In this
case, the total electric dipole moment of the sphere and point-like source and the magnetic
dipole moment of the sphere oscillate with the phase difference arg(αm)− arg(αe) = 1.3rad,
resulting in the destructive interference in the forward direction. At the wavelength
λ = 590 nm the total electric and magnetic dipole moments oscillate in phase and produce
Huygens-source-like radiation pattern with the main lobe directed in the forward direction.
By adding more elements to the silicon nanoparticle, we can enhance the performance of
all-dielectric nanoantennas. In particular, we consider a dielectric analogue of the Yagi-Uda
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design (see Fig.7) consisting of four directors and one reflector. The radii of the directors
and the reflector are chosen to achieve the maximal constructive interference in the forward
direction along the array. The optimal performance of the Yagi-Uda nanoantenna should
be expected when the radii of the directors correspond to the magnetic resonance, and the
radius of the reflector correspond to the electric resonance at a given frequency, with the
coupling between the elements taken into account. Our particular design consists of the
directors with radii Rd = 70 nm and the reflector with the radius Rr = 75 nm. In Fig. 8(b) we
plot the directivity of all-dielectric Yagi-Uda nanoantenna vs. wavelength with the separation
distance D = 70 nm. Inserts demonstrate the 3D radiation patterns at particular wavelengths.
We achieve a strong maximum at λ = 500 nm. The main lobe is extremely narrow with the
beam-width about 40◦ and negligible backscattering. The maximum does not correspond
exactly to either magnetic or electric resonances of a single dielectric sphere, which implies
the importance of the interaction between constitutive nanoparticles.

As the next step, we study the performance of the all-dielectric nanoantennas for different
separation distances D, and compare it with a plasmonic analogue of the similar geometric
design made of silver nanoparticles. According to the results summarized in Fig. 9, the
radiation efficiencies of both types of nanoantennas are nearly the same for larger separation
of directors D = 70 nm with the averaged value 70%. Although dissipation losses of silicon
are much smaller than those of silver, the dielectric particle absorbs the EM energy by the
whole spherical volume, while the metallic particles absorb mostly at the surface. As a result,
there is no big difference in the overall performance of these two types of nanoantennas
for relatively large distances between the elements. However, the difference becomes very
strong for smaller separations. The radiation efficiency of the all-dielectric nanoantenna is
insensitive to the separation distance [see Fig. 9 (a)]. On contrary, the radiation efficiency
drops significantly for metallic nanoantennas [see Fig. 9 (b)].

Finally, we investigate the modification of the transition rate of a quantum point-like source
placed in the vicinity of dielectric particles. For electric-dipole transitions and in the
weak-coupling regime, the normalised spontaneous decay rate Γ/Γ0, also known as Purcell
factor, can be calculated classically as the ratio of energy dissipation rates of an electric dipole
P/P0 [7]. Here, Γ0 and P0 correspond to transition rate of the quantum emitter and energy
dissipation rate of the electric dipole in free space [85]. In the limit of the intrinsic quantum
yield of the emitter close to unity, both ratios become equal to each other Γ/Γ0 = P/P0,
which allows us to calculate the Purcell factor in the classical regime [7]. We have calculated
the Purcell factor by using both, numerical and analytical approaches. Numerically, by using

Figure 9. Radiation efficiencies of (a) dielectric (Si) and (b) plasmonic (Ag) Yagi-Uda optical nanoantennas of the same
geometrical designs for various values of the separation distance D. [45]
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Figure 10. Purcell factor of all-dielectric Yagi-Uda nanoantenna vs wavelength for various values of the separation distance
D. [45]

the CST Microwave Studio we calculate the total radiated in the far-field and dissipated
into the particles powers and take the ratio of their sum to the total power radiated by the
electric dipole in free space. Analytically, we employed the generalised multiparticle Mie
solution [86] adapted for the electric dipole excitation [87]. We verified that both approaches
produce similar results. In Fig. 10 we show calculated Purcell factor of the all-dielectric
Yagi-Uda nanoantenna vs. wavelength for various separation distances. We observe that,
by decreasing the separation between the directors, the Purcell factor becomes stronger
near the magnetic dipole resonance. We can notice that a plasmonic analogue of the same
nanoantenna made of Ag exhibits low Purcell factor less than one. Thus, such relatively high
Purcell factor can be employed for efficient photon extraction from molecules placed near
all-dielectric optical nanoantennas.

3.2. Experimental verification of dielectric Yagi-Uda nanoantenna

There are exist some technological issues to reproduce an object of the nanometer size with
a high accuracy. For this reason we have scaled the dimensions of the proposed optical
all-dielectric Yagi-Uda nanoantenna to the microwave frequency range while keeping all
the material parameters in order to study the microwave analogue of the nanoantenna
experimentally. We use the design of the Yagi-Uda antenna shown in Fig. 7b. To mimic
the silicon spheres in microwave frequency range, we employ MgO-TiO2 ceramic which
is characterized by dielectric constant of 16 and dielectric loss factor of (1.12−1.17)10−4

measured at frequency 9-12 GHz [88]. As a source, we use a half-wavelength vibrator.
We study experimentally both the radiation pattern and directivity of the antenna.

We set the radius of the reflector equal to Rr = 5 mm. The frequencies of the electric and
magnetic Mie resonances of the sphere calculated with the help of Eq. (3) are 10.2 GHz and
7 GHz, respectively. The radius of the directors is Rd = 4 mm. In this case, the frequencies
of the electric and magnetic Mie resonances are 12.5 GHz and 9 GHz. As a source, we model
a half-wavelength vibrator with the total length of Lv = 19.8 mm and diameter of Dv = 2.2
mm. The distances between the reflector, directors, and vibrator have been adjusted by
numerical simulations. We achieve an effective suppression of the back and minor lobes, and
the narrow major lobe (of about 40◦) of the antenna when the distance between the director’s
surface as well as the distance between vibrator center and the first director surface are 1.5
mm; the distance between the surface of the reflector and vibrator centre is 1.1 mm.

Figures 11(a,b) show the photographs of the fabricated all-dielectric Yagi-Uda antenna. The
reflector and directors are made of MgO-TiO2 ceramic with accuracy of ±0.05 mm. To

All-Dielectric Optical Nanoantennas 155



12 Progress in Compact Antennas

design (see Fig.7) consisting of four directors and one reflector. The radii of the directors
and the reflector are chosen to achieve the maximal constructive interference in the forward
direction along the array. The optimal performance of the Yagi-Uda nanoantenna should
be expected when the radii of the directors correspond to the magnetic resonance, and the
radius of the reflector correspond to the electric resonance at a given frequency, with the
coupling between the elements taken into account. Our particular design consists of the
directors with radii Rd = 70 nm and the reflector with the radius Rr = 75 nm. In Fig. 8(b) we
plot the directivity of all-dielectric Yagi-Uda nanoantenna vs. wavelength with the separation
distance D = 70 nm. Inserts demonstrate the 3D radiation patterns at particular wavelengths.
We achieve a strong maximum at λ = 500 nm. The main lobe is extremely narrow with the
beam-width about 40◦ and negligible backscattering. The maximum does not correspond
exactly to either magnetic or electric resonances of a single dielectric sphere, which implies
the importance of the interaction between constitutive nanoparticles.

As the next step, we study the performance of the all-dielectric nanoantennas for different
separation distances D, and compare it with a plasmonic analogue of the similar geometric
design made of silver nanoparticles. According to the results summarized in Fig. 9, the
radiation efficiencies of both types of nanoantennas are nearly the same for larger separation
of directors D = 70 nm with the averaged value 70%. Although dissipation losses of silicon
are much smaller than those of silver, the dielectric particle absorbs the EM energy by the
whole spherical volume, while the metallic particles absorb mostly at the surface. As a result,
there is no big difference in the overall performance of these two types of nanoantennas
for relatively large distances between the elements. However, the difference becomes very
strong for smaller separations. The radiation efficiency of the all-dielectric nanoantenna is
insensitive to the separation distance [see Fig. 9 (a)]. On contrary, the radiation efficiency
drops significantly for metallic nanoantennas [see Fig. 9 (b)].

Finally, we investigate the modification of the transition rate of a quantum point-like source
placed in the vicinity of dielectric particles. For electric-dipole transitions and in the
weak-coupling regime, the normalised spontaneous decay rate Γ/Γ0, also known as Purcell
factor, can be calculated classically as the ratio of energy dissipation rates of an electric dipole
P/P0 [7]. Here, Γ0 and P0 correspond to transition rate of the quantum emitter and energy
dissipation rate of the electric dipole in free space [85]. In the limit of the intrinsic quantum
yield of the emitter close to unity, both ratios become equal to each other Γ/Γ0 = P/P0,
which allows us to calculate the Purcell factor in the classical regime [7]. We have calculated
the Purcell factor by using both, numerical and analytical approaches. Numerically, by using

Figure 9. Radiation efficiencies of (a) dielectric (Si) and (b) plasmonic (Ag) Yagi-Uda optical nanoantennas of the same
geometrical designs for various values of the separation distance D. [45]
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Figure 10. Purcell factor of all-dielectric Yagi-Uda nanoantenna vs wavelength for various values of the separation distance
D. [45]

the CST Microwave Studio we calculate the total radiated in the far-field and dissipated
into the particles powers and take the ratio of their sum to the total power radiated by the
electric dipole in free space. Analytically, we employed the generalised multiparticle Mie
solution [86] adapted for the electric dipole excitation [87]. We verified that both approaches
produce similar results. In Fig. 10 we show calculated Purcell factor of the all-dielectric
Yagi-Uda nanoantenna vs. wavelength for various separation distances. We observe that,
by decreasing the separation between the directors, the Purcell factor becomes stronger
near the magnetic dipole resonance. We can notice that a plasmonic analogue of the same
nanoantenna made of Ag exhibits low Purcell factor less than one. Thus, such relatively high
Purcell factor can be employed for efficient photon extraction from molecules placed near
all-dielectric optical nanoantennas.

3.2. Experimental verification of dielectric Yagi-Uda nanoantenna

There are exist some technological issues to reproduce an object of the nanometer size with
a high accuracy. For this reason we have scaled the dimensions of the proposed optical
all-dielectric Yagi-Uda nanoantenna to the microwave frequency range while keeping all
the material parameters in order to study the microwave analogue of the nanoantenna
experimentally. We use the design of the Yagi-Uda antenna shown in Fig. 7b. To mimic
the silicon spheres in microwave frequency range, we employ MgO-TiO2 ceramic which
is characterized by dielectric constant of 16 and dielectric loss factor of (1.12−1.17)10−4

measured at frequency 9-12 GHz [88]. As a source, we use a half-wavelength vibrator.
We study experimentally both the radiation pattern and directivity of the antenna.

We set the radius of the reflector equal to Rr = 5 mm. The frequencies of the electric and
magnetic Mie resonances of the sphere calculated with the help of Eq. (3) are 10.2 GHz and
7 GHz, respectively. The radius of the directors is Rd = 4 mm. In this case, the frequencies
of the electric and magnetic Mie resonances are 12.5 GHz and 9 GHz. As a source, we model
a half-wavelength vibrator with the total length of Lv = 19.8 mm and diameter of Dv = 2.2
mm. The distances between the reflector, directors, and vibrator have been adjusted by
numerical simulations. We achieve an effective suppression of the back and minor lobes, and
the narrow major lobe (of about 40◦) of the antenna when the distance between the director’s
surface as well as the distance between vibrator center and the first director surface are 1.5
mm; the distance between the surface of the reflector and vibrator centre is 1.1 mm.

Figures 11(a,b) show the photographs of the fabricated all-dielectric Yagi-Uda antenna. The
reflector and directors are made of MgO-TiO2 ceramic with accuracy of ±0.05 mm. To
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Figure 11. Photographs of the all-dielectric Yagi-Uda microwave antenna. (a) Detailed view of the antenna placed in a holder.
(b) Antenna placed in an anechoic chamber; the coordinate z is directed along the vibrator axis; the coordinate y is directed
along the antenna axis. [46]

fasten together the elements of the antenna and vibrator, we use a special holder made of
a thin dielectric substrate with dielectric permittivity close to 1 [being shown in Fig. 11(a)].
Styrofoam material with the dielectric permittivity of 1 is used to fix the antenna in the
azimuthal-rotation unit [see Fig. 11(b)]. To feed the vibrator, we employ a coaxial cable that
is connected to an Agilent PNA E8362C vector network analyzer.

Any antenna is characterized by the total directivity (4). Sometimes it is not possible to
determine the value of the total directivity experimentally due to difficulties to measure
the total radiated power Prad. In this case, it is convenient to use directivity in the planes
where electric field E and magnetic field H oscillate in the far field. For our coordinates
the directivity in the evaluation plane (E-plane) and the azimuthal plane (H-plane) can be
expressed as:

DE =
2πMax[p(θ)]∫ 2π

0 p(θ)dθ

∣∣∣∣∣
ϕ=0

, DH =
2πMax[p(ϕ)]∫ 2π

0 p(ϕ)dϕ

∣∣∣∣∣
θ=π/2

. (5)

Equations (5) are multiplied by 2π because of the integration in the denominator is
performed only for one coordinate while the second coordinate is fixed.

To extract the antenna directivity in the E- and H-planes from the experimental data, we
measure the radiated power by the antenna in the frequency range from 10 GHz to 12
GHz with a step of 50 MHz. Then, by employing Eq. (5) we calculate the directivity at
each frequency. The results are presented in Fig. 12a. To estimate the performance of

Figure 12. (a) Experimentally measured and (b) numerically calculated antenna’s directivity in both E- and H-planes. [46]
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Figure 13. Radiation pattern of the antenna in (a) E-plane and (b) H-plane at the frequency 10.7 GHz. Solid lines show the
result of numerical simulations in CST; the crosses correspond to the experimental data. [46]

the all-dielectric Yagi-Uda antenna at microwaves, we simulate numerically the antenna’s
response by employing the CST Microwave Studio. We observe excellent agreement between
numerical results of Fig. 12b and measured experimental data. However, we notice a small
frequency shift of the measured directivity (approx. 2%) in comparison with the numerical
results. This discrepancies can be explained by the effect of the antenna holders in the
experiment, not included into the numerical simulation.

The antenna radiation patterns in the far field (at the distance � 3 m) are measured in an
anechoic chamber by a horn antenna and rotating table. The measured radiation patterns
of the antenna in E- and H-planes at the frequency 10.7 GHz are shown in Fig. 13. The
measured characteristics agree very well with the numerical results. A small disagreement
can be explained by the presence of the antenna holder which influence was not taken into
account in our numerical simulations.

4. All–dielectric superdirective optical nanoantenna

For optical wireless circuits on a chip, nanoantennas are required to be both highly
directive and compact [12, 89–91]. In nanophotonics, directivity has been achieved for
arrayed plasmonic antennas utilizing the Yagi-Uda design [37, 84, 90, 92, 93], large dielectric
spheres [94], and metascreen antennas [95]. Though individual elements of these arrays
are optically small, the overall size of the radiating systems is larger than the radiation
wavelength λ. In addition, small plasmonic nanoantennas possess weak directivity close
to the directivity of a point dipole [90, 96, 97].

As was discussed above, it was suggested theoretically and experimentally to employ
magnetic resonances of high-index dielectric nanoparticles for enhancing the nanoantenna
directivity [8, 9, 37, 40–42, 45, 46, 98]. High-permittivity nanoparticles can have nearly
resonant balanced electric and magnetic dipole responses. This balance of the electric and
magnetic dipoles oscillating with the same phase allows the practical realization of the
Huygens source, an elementary emitting system with a cardioid pattern [37, 44, 46, 80] and
with the directivity larger than 3.5. Importantly, a possibility to excite magnetic resonances
leads to the improved nanoantenna directional properties without a significant increase of its
size.
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Figure 11. Photographs of the all-dielectric Yagi-Uda microwave antenna. (a) Detailed view of the antenna placed in a holder.
(b) Antenna placed in an anechoic chamber; the coordinate z is directed along the vibrator axis; the coordinate y is directed
along the antenna axis. [46]

fasten together the elements of the antenna and vibrator, we use a special holder made of
a thin dielectric substrate with dielectric permittivity close to 1 [being shown in Fig. 11(a)].
Styrofoam material with the dielectric permittivity of 1 is used to fix the antenna in the
azimuthal-rotation unit [see Fig. 11(b)]. To feed the vibrator, we employ a coaxial cable that
is connected to an Agilent PNA E8362C vector network analyzer.

Any antenna is characterized by the total directivity (4). Sometimes it is not possible to
determine the value of the total directivity experimentally due to difficulties to measure
the total radiated power Prad. In this case, it is convenient to use directivity in the planes
where electric field E and magnetic field H oscillate in the far field. For our coordinates
the directivity in the evaluation plane (E-plane) and the azimuthal plane (H-plane) can be
expressed as:

DE =
2πMax[p(θ)]∫ 2π
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Equations (5) are multiplied by 2π because of the integration in the denominator is
performed only for one coordinate while the second coordinate is fixed.

To extract the antenna directivity in the E- and H-planes from the experimental data, we
measure the radiated power by the antenna in the frequency range from 10 GHz to 12
GHz with a step of 50 MHz. Then, by employing Eq. (5) we calculate the directivity at
each frequency. The results are presented in Fig. 12a. To estimate the performance of

Figure 12. (a) Experimentally measured and (b) numerically calculated antenna’s directivity in both E- and H-planes. [46]
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Figure 13. Radiation pattern of the antenna in (a) E-plane and (b) H-plane at the frequency 10.7 GHz. Solid lines show the
result of numerical simulations in CST; the crosses correspond to the experimental data. [46]

the all-dielectric Yagi-Uda antenna at microwaves, we simulate numerically the antenna’s
response by employing the CST Microwave Studio. We observe excellent agreement between
numerical results of Fig. 12b and measured experimental data. However, we notice a small
frequency shift of the measured directivity (approx. 2%) in comparison with the numerical
results. This discrepancies can be explained by the effect of the antenna holders in the
experiment, not included into the numerical simulation.

The antenna radiation patterns in the far field (at the distance � 3 m) are measured in an
anechoic chamber by a horn antenna and rotating table. The measured radiation patterns
of the antenna in E- and H-planes at the frequency 10.7 GHz are shown in Fig. 13. The
measured characteristics agree very well with the numerical results. A small disagreement
can be explained by the presence of the antenna holder which influence was not taken into
account in our numerical simulations.

4. All–dielectric superdirective optical nanoantenna

For optical wireless circuits on a chip, nanoantennas are required to be both highly
directive and compact [12, 89–91]. In nanophotonics, directivity has been achieved for
arrayed plasmonic antennas utilizing the Yagi-Uda design [37, 84, 90, 92, 93], large dielectric
spheres [94], and metascreen antennas [95]. Though individual elements of these arrays
are optically small, the overall size of the radiating systems is larger than the radiation
wavelength λ. In addition, small plasmonic nanoantennas possess weak directivity close
to the directivity of a point dipole [90, 96, 97].

As was discussed above, it was suggested theoretically and experimentally to employ
magnetic resonances of high-index dielectric nanoparticles for enhancing the nanoantenna
directivity [8, 9, 37, 40–42, 45, 46, 98]. High-permittivity nanoparticles can have nearly
resonant balanced electric and magnetic dipole responses. This balance of the electric and
magnetic dipoles oscillating with the same phase allows the practical realization of the
Huygens source, an elementary emitting system with a cardioid pattern [37, 44, 46, 80] and
with the directivity larger than 3.5. Importantly, a possibility to excite magnetic resonances
leads to the improved nanoantenna directional properties without a significant increase of its
size.
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Superdirectivity has been already discussed for radio-frequency antennas, and it is defined
as directivity of an electrically small radiating system that significantly exceeds (at least in 3
times) directivity of an electric dipole [80, 99, 100]. In that sense, the Huygens source is not
superdirective. In the antenna literature, superdirectivity is claimed to be achievable only
in antenna arrays by the price of ultimately narrow frequency range and by employing very
precise phase shifters (see, e.g., Ref. [80, 99, 100]). Therefore, superdirective antennas, though
very desirable for many applications such as space communications and radioastronomy,
were never demonstrated and implemented for practical applications.

Superdirectivity was predicted theoretically for an antenna system [95] where some phase
shifts were required between radiating elements to achieve complex shapes of the elements
of a radiating system which operates as an antenna array. In this paper, we employ the
properties of subwavelength particles excited by an inhomogeneous field with higher-order
magnetic multipoles. We consider a subwavelength dielectric nanoantenna (with the size
of 0.4 wavelength) with a notch resonator excited by a point-like emitter located in the
notch. The notch transforms the energy of the generated magneto-dipole Mie resonance
into high-order multipole moments, where the magnetic multipoles dominate. This system
is resonantly scattering i.e. it is very different from dielectric lenses and usual dielectric
cavities which are large compared to the wavelength. Another important feature of the
notched resonator is its huge sensitivity of the radiation direction to a spatial position of the
emitter. This property leads to a strong beam steering effect and subwavelength sensitivity
of the radiation direction to the source location. The proposed design of superdirective
nanoantennas may also be useful for collecting single-source radiation, monitoring quantum
objects states, and nanoscale microscopy. In order to achieve superdirectivity, we should
generate subwavelength spatial oscillations of the radiating currents [80, 99, 100]. Then,
near fields of the antenna become strongly inhomogeneous, and the near-field zone expands
farther than that of a point dipole. The effective antenna aperture can be defined as
S = Dmaxλ2/(4π), where the maximum of directivity Dmax = 4πPmax/Ptot, λ is the
wavelength in free space in our case, Pmax and Ptot are respectively the maximum power
in the direction of the radiation pattern and the total radiation power. By normalizing the
effective aperture S by the geometric aperture for a spherical antenna S0 = πR2

s, we obtain
the definition of superdirectivity [80, 99]:

Figure 14. (A) Geometry of an all-dielectric superdirective nanoantenna excited by a point-like dipole. (B) Concept of the
beam steering effect at the nanoscale.
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Sn =
Dmaxλ2

4π2R2
s

� 1 (6)

Practically, the value Sn = 4 . . . 5 is sufficient for superdirectivity of a sphere. In this work,
maximum of 6.5 for Sn is predicted theoretically for the optical frequency range, and the
value of 5.9 is demonstrated experimentally for the microwave frequency range.

4.1. Concept of all–dielectric superdirective optical nanoantennas

Here we demonstrate a possibility to create a superdirective nanoantenna without hypothetic
metamaterials and plasmonic arrays. We consider a silicon nanoparticle, taking into account
the frequency dispersion of the dielectric permittivity [79]. The radius of the silicon sphere
is equal in our example to Rs = 90 nm. For a simple sphere under rather homogeneous
(e.g. plane-wave) excitation, only electric and magnetic dipoles can be resonantly excited
while the contribution of higher-order multipoles is negligible in the visible [37]. Making
a notch in the sphere breaks the symmetry and increases the contribution of higher-order
multipoles into scattering even if the sphere is still excited homogeneously. Further, placing
a nanoemitter (e.g. a quantum dot) inside the notch, as shown in Fig. 14 we create the
conditions for the resonant excitation of multipoles: the field exciting the resonator is now
spatially very non-uniform as well as the field of a set of multipoles. In principle, the notched
particle operating as a nanoantenna can be performed by different semiconductor materials
and have various shapes – spherical, ellipsoidal, cubic, conical, as well as the notch. However,
in this work, the particle is a silicon sphere and the notch has the shape of a hemisphere with
a radius Rn < Rs. The emitter is modeled as a point-like dipole and it is shown in Fig. 14 by
a red arrow.

It is important to mention that our approach is seemingly close to the idea of references [101,
102] where a small notch on a surface of a semiconductor microlaser was used to achieve
higher emission directivity by modifying the field distribution inside the resonator [103]. An
important difference between those earlier studies and our work is that the design discussed
earlier is not optically small and the directive emission is not related to superdirectivity.
In our case, the nanoparticle is much smaller than the wavelength, and our design allows
superdirectivity. For the same reason our nanoantenna is not dielectric [104, 105] or
Luneburg [106, 107] lenses. For example, immersion lenses [108–111] are the smallest from
known dielectric lenses, characterized by the large size 1-2 µm in optical frequency range.
The working methodology of such lenses is to collect a radiation by large geometric aperture
S, while Sn � 1. Our approach demonstrates that the subwavelength system, with small geometric
aperture, can have high directing power because of an increase of the effective aperture. Moreover,
there are articles (see. references [85, 112]) where the transition rates of atoms inside and
outside big dielectric spheres with low dielectric constant (approximately 2), were studied.

First, we consider a particle without a notch but excited inhomogeneously by an emitter
point. To study the problem numerically, we employed the simulation software CST
Microwave Studio. Image Fig. 15A shows the dependence of the maximum directivity Dmax
on the position of the source in the case of a sphere Rs = 90 nm without a notch, at the
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Superdirectivity has been already discussed for radio-frequency antennas, and it is defined
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properties of subwavelength particles excited by an inhomogeneous field with higher-order
magnetic multipoles. We consider a subwavelength dielectric nanoantenna (with the size
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emitter. This property leads to a strong beam steering effect and subwavelength sensitivity
of the radiation direction to the source location. The proposed design of superdirective
nanoantennas may also be useful for collecting single-source radiation, monitoring quantum
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effective aperture S by the geometric aperture for a spherical antenna S0 = πR2

s, we obtain
the definition of superdirectivity [80, 99]:

Figure 14. (A) Geometry of an all-dielectric superdirective nanoantenna excited by a point-like dipole. (B) Concept of the
beam steering effect at the nanoscale.
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4π2R2
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� 1 (6)
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in this work, the particle is a silicon sphere and the notch has the shape of a hemisphere with
a radius Rn < Rs. The emitter is modeled as a point-like dipole and it is shown in Fig. 14 by
a red arrow.

It is important to mention that our approach is seemingly close to the idea of references [101,
102] where a small notch on a surface of a semiconductor microlaser was used to achieve
higher emission directivity by modifying the field distribution inside the resonator [103]. An
important difference between those earlier studies and our work is that the design discussed
earlier is not optically small and the directive emission is not related to superdirectivity.
In our case, the nanoparticle is much smaller than the wavelength, and our design allows
superdirectivity. For the same reason our nanoantenna is not dielectric [104, 105] or
Luneburg [106, 107] lenses. For example, immersion lenses [108–111] are the smallest from
known dielectric lenses, characterized by the large size 1-2 µm in optical frequency range.
The working methodology of such lenses is to collect a radiation by large geometric aperture
S, while Sn � 1. Our approach demonstrates that the subwavelength system, with small geometric
aperture, can have high directing power because of an increase of the effective aperture. Moreover,
there are articles (see. references [85, 112]) where the transition rates of atoms inside and
outside big dielectric spheres with low dielectric constant (approximately 2), were studied.

First, we consider a particle without a notch but excited inhomogeneously by an emitter
point. To study the problem numerically, we employed the simulation software CST
Microwave Studio. Image Fig. 15A shows the dependence of the maximum directivity Dmax
on the position of the source in the case of a sphere Rs = 90 nm without a notch, at the
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wavelength λ = 455 nm (blue curve with crosses). This dependence has the maximum
(Dmax = 7.1) when the emitter is placed inside the particle at the distance 20 nm from its
surface. The analysis shows that in this case the electric field distribution inside a particle
corresponds to the noticeable excitation of higher-order multipole modes not achievable with
the homogeneous excitation.

Furthermore, the amplitudes of high-order multipoles are significantly enhanced with a
small notch around the emitter, as it is shown in Fig. 14. This geometry transforms it into
a resonator with high-order multipole moments. In this example the center of the notch
is on the nanosphere’s surface. The optimal radius of the notch (for maximal directivity) is
Rn = 40 nm. In Fig. 15A the extrapolation red curve with circles, corresponding to simulation
results, shows the maximal directivity versus the location of the emitter at the wavelength
455 nm. The Fig. 15B shows the directivity versus λ with and without a notch, it exhibits a
maximum of 10 for the directivity at 455 nm. The inset shows the three-dimensional radiation
pattern of the structure at λ =455 nm. This pattern has an angular width (at the level of 3
dB) of the main lobe equal to 40◦. This value of directivity corresponds to the normalized
effective aperture Sn = 6.5.

Figures Fig. 16A and B show the distribution of the absolute values and phases of the internal
electric field in the vicinity of the nanoantenna. Electric and magnetic fields inside the particle
are strongly inhomogeneous at λ =455 nm i.e. in the regime of the maximal directivity. In
this regime, the internal area where the electric field oscillates with approximately the same
phase turns out to be maximal. This area is located near the back side of the spherical
particle, as can be seen in figure Fig. 16B,D. In other words, the effective near zone of the
nanoantenna is maximal in the superdirective regime.

Usually, high directivity of plasmonic nanoantennas is achieved by the excitation of higher
electrical multipole moments in plasmonic nanoparticles [83, 113, 114] or for core-shell
resonators consisting of a plasmonic material and a hypothetic metamaterial which would
demonstrate the extreme material properties in the nanoscale [115]. Although, the values of
directivity achieved for such nanoantennas do not allow superdirectivity, these studies stress
the importance of higher multipoles for the antenna directivity.

Next, we demonstrate how to find multipole modes excited in the all-dielectric superdirective
nanoantenna which are responsible for its enhanced directivity. We expand the exactly

Figure 15. (A) Maximum of directivity depending on the position of the emitter (λ = 455 nm) in the case of a sphere with and
without notch. Vertical dashed line marks the particle radius centered at the coordinate system. (B) Directivity dependence on
the radiation wavelength. The inset shows three-dimensional radiation pattern of the structure (Rs = 90 nm and Rn = 40 nm).
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Figure 16. Distribution of (A) absolute values and (B) phases of the electric field (C andD for magnetic field, respectively) of the
all-dielectric superdirective nanoantenna with source in the center of notch, at the wavelength λ = 455 nm. (E) Dependence of
the radiation pattern of all-dielectric superdirective nanoantenna on the number of taken into account multipoles. Dipole like
source located along the z axis.

simulated internal field, producing the polarization currents in the nanoparticle, into
multipole moments following to [116]. The expansion is a series of vector spherical
harmonics with the coefficients aE(l, m) and aM(l, m), which characterize the electrical and
magnetic multipole moments [116]:
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where ρ = 1/(4π)div(E) and j = c/(4π)(rot(H) + ikE) are densities of the total electrical
charges and currents that can be easily expressed through the internal electric E and magnetic
H fields of the sphere, Ylm are the spherical harmonics of the orders (l > 0 and 0 ≥ |m| ≤
l), k = 2π/λ, jl(kr) are the l-order spherical Bessel function and c is the speed of light.
Coefficients aE(l, m) and aM(l, m) determine the electric and magnetic mutipole moments,
namely dipole at l = 1, quadrupole at l = 2, octupole at l = 3 etc.

The multipole coefficients determine not only the mode structure of the internal field but
also the angular distribution of the radiation. In particular, in the far field zone electric and
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wavelength λ = 455 nm (blue curve with crosses). This dependence has the maximum
(Dmax = 7.1) when the emitter is placed inside the particle at the distance 20 nm from its
surface. The analysis shows that in this case the electric field distribution inside a particle
corresponds to the noticeable excitation of higher-order multipole modes not achievable with
the homogeneous excitation.

Furthermore, the amplitudes of high-order multipoles are significantly enhanced with a
small notch around the emitter, as it is shown in Fig. 14. This geometry transforms it into
a resonator with high-order multipole moments. In this example the center of the notch
is on the nanosphere’s surface. The optimal radius of the notch (for maximal directivity) is
Rn = 40 nm. In Fig. 15A the extrapolation red curve with circles, corresponding to simulation
results, shows the maximal directivity versus the location of the emitter at the wavelength
455 nm. The Fig. 15B shows the directivity versus λ with and without a notch, it exhibits a
maximum of 10 for the directivity at 455 nm. The inset shows the three-dimensional radiation
pattern of the structure at λ =455 nm. This pattern has an angular width (at the level of 3
dB) of the main lobe equal to 40◦. This value of directivity corresponds to the normalized
effective aperture Sn = 6.5.

Figures Fig. 16A and B show the distribution of the absolute values and phases of the internal
electric field in the vicinity of the nanoantenna. Electric and magnetic fields inside the particle
are strongly inhomogeneous at λ =455 nm i.e. in the regime of the maximal directivity. In
this regime, the internal area where the electric field oscillates with approximately the same
phase turns out to be maximal. This area is located near the back side of the spherical
particle, as can be seen in figure Fig. 16B,D. In other words, the effective near zone of the
nanoantenna is maximal in the superdirective regime.

Usually, high directivity of plasmonic nanoantennas is achieved by the excitation of higher
electrical multipole moments in plasmonic nanoparticles [83, 113, 114] or for core-shell
resonators consisting of a plasmonic material and a hypothetic metamaterial which would
demonstrate the extreme material properties in the nanoscale [115]. Although, the values of
directivity achieved for such nanoantennas do not allow superdirectivity, these studies stress
the importance of higher multipoles for the antenna directivity.

Next, we demonstrate how to find multipole modes excited in the all-dielectric superdirective
nanoantenna which are responsible for its enhanced directivity. We expand the exactly

Figure 15. (A) Maximum of directivity depending on the position of the emitter (λ = 455 nm) in the case of a sphere with and
without notch. Vertical dashed line marks the particle radius centered at the coordinate system. (B) Directivity dependence on
the radiation wavelength. The inset shows three-dimensional radiation pattern of the structure (Rs = 90 nm and Rn = 40 nm).
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Figure 16. Distribution of (A) absolute values and (B) phases of the electric field (C andD for magnetic field, respectively) of the
all-dielectric superdirective nanoantenna with source in the center of notch, at the wavelength λ = 455 nm. (E) Dependence of
the radiation pattern of all-dielectric superdirective nanoantenna on the number of taken into account multipoles. Dipole like
source located along the z axis.

simulated internal field, producing the polarization currents in the nanoparticle, into
multipole moments following to [116]. The expansion is a series of vector spherical
harmonics with the coefficients aE(l, m) and aM(l, m), which characterize the electrical and
magnetic multipole moments [116]:
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where ρ = 1/(4π)div(E) and j = c/(4π)(rot(H) + ikE) are densities of the total electrical
charges and currents that can be easily expressed through the internal electric E and magnetic
H fields of the sphere, Ylm are the spherical harmonics of the orders (l > 0 and 0 ≥ |m| ≤
l), k = 2π/λ, jl(kr) are the l-order spherical Bessel function and c is the speed of light.
Coefficients aE(l, m) and aM(l, m) determine the electric and magnetic mutipole moments,
namely dipole at l = 1, quadrupole at l = 2, octupole at l = 3 etc.

The multipole coefficients determine not only the mode structure of the internal field but
also the angular distribution of the radiation. In particular, in the far field zone electric and
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magnetic fields of l-order multipole depend on the distance r as [116] ∼ (−1)i+1 exp(ikr)
kr and

expression for the angular distribution of the radiation power can be written as follows:
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where A±
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√
(l ± m)(l ∓ m + 1), dΩ = sin(θ)dθdϕ is the solid angle element in

spherical coordinates and n - unit vector of the observation point. All coefficients aE(l, m)
and aM(l, m) give the same contribution to the radiation, if they have the same values. Since
higher-order multipoles for optically small systems have usually negligibly small amplitudes
compared to aE(1, m) and aM(1, m), they are, as a rule, not considered.

The amplitudes of multipole moments, are found by using the expressions (7) for electric
and magnetic fields distribution Fig. 16A-D are shown in Fig. 17, where we observe strong
excitation of aE(1, 0), aM(1, 1), aM(1,−1), aM(2, 2), aM(2,−2), aM(3, 3), aM(3,−3), aM(4, 2),
aM(4,−2), aM(4, 4) and aM(4,−4). These multipole moments determine the angular pattern
of the antenna. All other ones give a negligible contribution. Absolute values of all magnetic
moments are larger than those of the electric moments in the corresponding multipole
orders, and the effective spectrum of magnetic multipoles is also broader than the one of the
electric moments. Thus, the operation of the antenna is mainly determined by the magnetic
multipole response. Absolute values of multipole coefficients aM(l,±|m|) of the same order
l are practically equivalent. However, the phase of some coefficients are different. Therefore,
the modes with +|m| and −|m| form a strong anisotropy of the forward–backward directions
that results in the unidirectional radiation.

Figure 17. Absolute values and phases of (A) electric and (B) magnetic multipole moments that provide the main contribution
of the radiation of all-dielectric superdirective optical nanoantenna at the wavelength 455 nm. Multipole coefficients providing
the largest contribution to the antenna direction are highlighted by red circles.
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We have performed the transformation of multipole coefficients into an angular distribution
of radiation in accordance to (8) by using distribution of the electric and magnetic fields
Fig. 16A-D and determined the relative contribution of each order l. Fig. 16E shows how the
directivity grows versus the spectrum of multipoles with equivalent amplitudes. The right
panel of Fig. 16E nearly corresponds to the inset in Fig. 15 that fits to the results shown in
Fig. 16E.

Generally, the superdirectivity effect is accompanied by a significant increase of the effective
near field zone of the antenna compared to the one of a point dipole for which the near zone
radius is equal to λ/2π. In the optical frequency range this effect is especially important,
considering the crucial role of the near fields at the nanoscale.

Usually, the superdirectivity regime corresponds to a strong increase of dissipative
losses [80]. Radiation efficiency of the nanoantenna is determined by ηrad = Prad/Pin,
where Pin is the accepted input power of the nanoantenna. However, the multipole moments
excited in our nanoantenna are mainly of magnetic type that leads to a strong increase of
the near magnetic field that dominates over the electric one. Since the dielectric material
does not dissipate the magnetic energy, the effect of superdirectivity does not lead to a so
large increase of losses in our nanoantenna as it would be in the case of dominating electric
multipoles. However, since the electric near field is nonzero the losses are not negligible. At
wavelengths 440-460 nm (blue light) the directivity achieves 10 but the radiation efficiency
is less than 0.1 (see [Fig. 18)]. This is because silicon has very high losses in this range [79].
Peak of directivity is shifted to longer wavelengths with the increase of the nanoantenna size.
For the design parameters corresponding to the operation wavelength 630 nm (red light)
the calculated value of radiation efficiency is as high as 0.5, with nearly same directivity
close to 10. In the infrared range, there are high dielectric permittivity materials with even
lower losses. In principle, the proposed superdirectivity effect is not achieved by price of
increased losses, and this is an important advantage compared to known superdirective
radio-frequency antenna arrays [80] and compared to their possible optical analogues –
arrays of plasmonic nanoantennas.

4.2. Steering of light at the nanoscale

Here we examine the response of the nanoantenna to subwavelength displacements of the
emitter. Displacement in the plane perpendicular to the axial symmetry of antenna (i.e. along

Figure 18. Dependence of directivity (A) and radiation efficiency (B) on the size of nanoantenna. Here, the blue solid lines
corresponds to the geometry – Rs = 90 nm, Rn = 40 nm, the green dashed curves – Rs = 120 nm, Rn = 55 nm and red point
curves – Rs = 150 nm, Rn = 65 nm. Growth of the nanoantenna efficiency due to the reduction of dissipative losses in silicon
with increasing of wavelength.
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and aM(l, m) give the same contribution to the radiation, if they have the same values. Since
higher-order multipoles for optically small systems have usually negligibly small amplitudes
compared to aE(1, m) and aM(1, m), they are, as a rule, not considered.

The amplitudes of multipole moments, are found by using the expressions (7) for electric
and magnetic fields distribution Fig. 16A-D are shown in Fig. 17, where we observe strong
excitation of aE(1, 0), aM(1, 1), aM(1,−1), aM(2, 2), aM(2,−2), aM(3, 3), aM(3,−3), aM(4, 2),
aM(4,−2), aM(4, 4) and aM(4,−4). These multipole moments determine the angular pattern
of the antenna. All other ones give a negligible contribution. Absolute values of all magnetic
moments are larger than those of the electric moments in the corresponding multipole
orders, and the effective spectrum of magnetic multipoles is also broader than the one of the
electric moments. Thus, the operation of the antenna is mainly determined by the magnetic
multipole response. Absolute values of multipole coefficients aM(l,±|m|) of the same order
l are practically equivalent. However, the phase of some coefficients are different. Therefore,
the modes with +|m| and −|m| form a strong anisotropy of the forward–backward directions
that results in the unidirectional radiation.

Figure 17. Absolute values and phases of (A) electric and (B) magnetic multipole moments that provide the main contribution
of the radiation of all-dielectric superdirective optical nanoantenna at the wavelength 455 nm. Multipole coefficients providing
the largest contribution to the antenna direction are highlighted by red circles.
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We have performed the transformation of multipole coefficients into an angular distribution
of radiation in accordance to (8) by using distribution of the electric and magnetic fields
Fig. 16A-D and determined the relative contribution of each order l. Fig. 16E shows how the
directivity grows versus the spectrum of multipoles with equivalent amplitudes. The right
panel of Fig. 16E nearly corresponds to the inset in Fig. 15 that fits to the results shown in
Fig. 16E.

Generally, the superdirectivity effect is accompanied by a significant increase of the effective
near field zone of the antenna compared to the one of a point dipole for which the near zone
radius is equal to λ/2π. In the optical frequency range this effect is especially important,
considering the crucial role of the near fields at the nanoscale.

Usually, the superdirectivity regime corresponds to a strong increase of dissipative
losses [80]. Radiation efficiency of the nanoantenna is determined by ηrad = Prad/Pin,
where Pin is the accepted input power of the nanoantenna. However, the multipole moments
excited in our nanoantenna are mainly of magnetic type that leads to a strong increase of
the near magnetic field that dominates over the electric one. Since the dielectric material
does not dissipate the magnetic energy, the effect of superdirectivity does not lead to a so
large increase of losses in our nanoantenna as it would be in the case of dominating electric
multipoles. However, since the electric near field is nonzero the losses are not negligible. At
wavelengths 440-460 nm (blue light) the directivity achieves 10 but the radiation efficiency
is less than 0.1 (see [Fig. 18)]. This is because silicon has very high losses in this range [79].
Peak of directivity is shifted to longer wavelengths with the increase of the nanoantenna size.
For the design parameters corresponding to the operation wavelength 630 nm (red light)
the calculated value of radiation efficiency is as high as 0.5, with nearly same directivity
close to 10. In the infrared range, there are high dielectric permittivity materials with even
lower losses. In principle, the proposed superdirectivity effect is not achieved by price of
increased losses, and this is an important advantage compared to known superdirective
radio-frequency antenna arrays [80] and compared to their possible optical analogues –
arrays of plasmonic nanoantennas.

4.2. Steering of light at the nanoscale

Here we examine the response of the nanoantenna to subwavelength displacements of the
emitter. Displacement in the plane perpendicular to the axial symmetry of antenna (i.e. along

Figure 18. Dependence of directivity (A) and radiation efficiency (B) on the size of nanoantenna. Here, the blue solid lines
corresponds to the geometry – Rs = 90 nm, Rn = 40 nm, the green dashed curves – Rs = 120 nm, Rn = 55 nm and red point
curves – Rs = 150 nm, Rn = 65 nm. Growth of the nanoantenna efficiency due to the reduction of dissipative losses in silicon
with increasing of wavelength.
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Figure 19. The rotation effect of the main beam radiation pattern, with subwavelength displacement of emitter inside the
notch. (A) The radiation patterns of the antenna with the source in center (solid line) and the rotation of the beam radiation
pattern for the 20 nm left/right offset (dashed lines). (B) Dependence of the rotation angle on the source offset.

the y axis) leads to the rotation of the beam without damaging the superdirectivity. Fig.19A
shows the radiation patterns of the antenna with the source in center (solid line) and the
rotation of the beam for the 20 nm left/right offset (dashed lines). Shifting of the source in
the right side leads to the rotation of pattern to the left, and vice versa. The angle of the beam
rotation is equal to 20 degrees, that is essential and available to experimental observations.
The result depends on the geometry of the notch. For a hemispherical notch, the dependence
of the rotation angle on the displacement is presented in Fig.19B.

Figure 20. Absolute values and phases of (A) electric and (B) magnetic multipole moments that provide the main contribution
to the radiation of all-dielectric superdirective optical nanoantenna in case of asymmetrical location of source at the wavelength
455 nm. Coefficients that give the largest contribution to the antenna directivity are highlighted by red circles.
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Figure 21. Photographs of (A) top view and (B) perspective view of a notched all-dielectric microwave antenna. Image of (C)
the experimental setup for measuring of power patterns. Experimental (i) and numerical (ii) radiation patterns of the antenna
in both E- and H-planes at the frequency 16.8 GHz. The crosses and circles correspond to the experimental data. Experimental
(iii) and numerical (iv) demonstration of beam steering effect, displacement of dipole is equal 0.5 mm.

To interpret the beam steering effect, we can consider the result of field expansion to electric
and magnetic multipoles, as shown in Fig.20. In the case of asymmetrical location (the 20
nm left offset) of the source in the notch absolute values of aM(l,±|m|) are different. This
means that the mode aM(l,+|m|) is excited more strongly than aM(l,−|m|), or vice versa,
that depends on direction of displacement. The effect of superdirectivity remains even with
an offset of the source until to the edge of the notch. Small displacements of the source along
x and z do not lead to the rotation of the pattern.

Instead of the movement of a single quantum dot one we can have the emission of two or
more quantum dots located near the edges of the notch. In this case, the dynamics of their
spontaneous decay will be well displayed in the angular distribution of the radiation. This
can be useful for quantum information processing and for biomedical applications.

Beam steering effect described above is similar to the effect of beam rotation in
hyperlens [117–119], where the displacement of a point-like source leads to a change of
the angular distribution of the radiation power. However, in our case, the nanoantenna has
subwavelength dimensions and therefore it can be neither classified as a hyperlens nor as
a micro-spherical dielectric nanoscope [104, 105], moreover it is not an analogue of solid
immersion micro-lenses [108–111], which are characterized by the size 1-5 µm in the same
frequency range. These lens has a subwavelength resolving power due to the large geometric
aperture but the value of normalized effective aperture is Sn � 1. Our study demonstrates
that the sub-wavelength system, with small compared to the wavelength geometric aperture can
have both high directing and resolving power because of a strong increase of the effective aperture
compared to the geometrical one.

4.3. Experimental verification of superdirective optical nanoantenna

We have confirmed both predicted effects studying the similar problem for the microwave
range. Therefore, we have scaled up the nanoantenna as above to low frequencies. Instead
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Figure 19. The rotation effect of the main beam radiation pattern, with subwavelength displacement of emitter inside the
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pattern for the 20 nm left/right offset (dashed lines). (B) Dependence of the rotation angle on the source offset.
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Figure 20. Absolute values and phases of (A) electric and (B) magnetic multipole moments that provide the main contribution
to the radiation of all-dielectric superdirective optical nanoantenna in case of asymmetrical location of source at the wavelength
455 nm. Coefficients that give the largest contribution to the antenna directivity are highlighted by red circles.
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Figure 21. Photographs of (A) top view and (B) perspective view of a notched all-dielectric microwave antenna. Image of (C)
the experimental setup for measuring of power patterns. Experimental (i) and numerical (ii) radiation patterns of the antenna
in both E- and H-planes at the frequency 16.8 GHz. The crosses and circles correspond to the experimental data. Experimental
(iii) and numerical (iv) demonstration of beam steering effect, displacement of dipole is equal 0.5 mm.
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Instead of the movement of a single quantum dot one we can have the emission of two or
more quantum dots located near the edges of the notch. In this case, the dynamics of their
spontaneous decay will be well displayed in the angular distribution of the radiation. This
can be useful for quantum information processing and for biomedical applications.

Beam steering effect described above is similar to the effect of beam rotation in
hyperlens [117–119], where the displacement of a point-like source leads to a change of
the angular distribution of the radiation power. However, in our case, the nanoantenna has
subwavelength dimensions and therefore it can be neither classified as a hyperlens nor as
a micro-spherical dielectric nanoscope [104, 105], moreover it is not an analogue of solid
immersion micro-lenses [108–111], which are characterized by the size 1-5 µm in the same
frequency range. These lens has a subwavelength resolving power due to the large geometric
aperture but the value of normalized effective aperture is Sn � 1. Our study demonstrates
that the sub-wavelength system, with small compared to the wavelength geometric aperture can
have both high directing and resolving power because of a strong increase of the effective aperture
compared to the geometrical one.

4.3. Experimental verification of superdirective optical nanoantenna

We have confirmed both predicted effects studying the similar problem for the microwave
range. Therefore, we have scaled up the nanoantenna as above to low frequencies. Instead
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of Si we employ MgO-TiO2 ceramic [46] characterized at microwaves by a dispersion-less
dielectric constant 16 and dielectric loss factor of 1.12·10−4. We have used the sphere of
radius Rs = 5 mm and applied a small wire dipole [80] excited by a coaxial cable as shown
in Fig. 21A,B. The size of the hemispherical notch is approximately equal to Rn = 2 mm.
Antenna properties have been studied in an anechoic chamber Fig. 21C.

The results of the experimental investigations and numerical simulations of the pattern in
both E- and H-planes are summarized in Figs. 21i,ii. Radiation patterns in both planes
are narrow beams with a lobe angle about 35◦. Experimentally obtained coefficients of
the directivity in both E- and H-planes are equal to 5.9 and 8.4, respectively (theoretical
predictions for them were respectively equal 6.8 and 8.1). Our experimental data are in a
good agreement with the numerical results except a small difference for the E plane, that can
be explained by the imperfect symmetry of the emitter. Note, that the observed directivity
is close to that of an all-dielectric Yagi-Uda antenna with maximum size of 2λ [46]. The
maximum size of our experimental antenna is closed to λ/2.5. Thus, our experiment clearly
demonstrates the superdirective effect.

Figure 22. Level of the return losses of superdirective dielectric antenna. Blue area shows the operating frequency range.

Experimental and numerical demonstration of the beam steering effect are presented in
Figs. 21iii,iv. For the chosen geometry of antenna, displacement of source by 0.5 mm leads
to a beam rotation of about 10◦. Note that the ratio of λ = 18.7 mm to value of the
source displacement 0.5 mm is equal to 37. Therefore the beam steering effect observed
at subwavelength source displacement.

Finally, we consider the question of dielectric superdirective antenna matching with coaxial
cable. Despite that length of the wire dipole is close to λ/10, dielectric superdirective antenna
is well matched with the coaxial cable in the operating frequency range. Fig.22 shows the
level of return loss for this case. The antenna matching is explained by the strong coupling
of the wire dipole with the excited modes of notched dielectric particle and is not related
to the dissipative losses in the superdirectivity regime. For this reason, we have not used
additional matching devices (e.g. "balun").

Though the concept of the superdirectivity of high-refractive index dielectric particles with
notch has now only been proven in GHz spectral range there is a hope that it can be
transferred into the visible and near-IR spectrum in the nearest future. Recently we have
experimentally demonstrated that it is possible to engineer resonant modes of spherical
nanoresonators using a combined approach of laser-induced transfer to generate almost
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perfect spherical nanoparticles and helium ion beam milling to structure their surface with
sub-5nm resolution [120]. This novel approach can become a suitable candidate for realizing
all-dielectric superdirective nanoantennas.

Conclusion

In this chapter, we propose a new type of highly efficient Yagi-Uda nanoantenna and
introduced a novel concept of superdirective nanoantennas based on silicon nanoparticles.
In addition to the electric response, this silicon nanoantennas exhibit very strong magnetic
resonances at the nanoscale. Both types of nanoantennas are studied analytically, numerically
and experimentally. For superdirective nanoantennas we also predict the effect of the beam
steering at the nanoscale characterized by a subwavelength sensitivity of the beam radiation
direction to the source position.

Dielectric nanoparticles with high refractive index offer new possibilities for achieving wave
interference. Indeed, the coexistence of both electric and magnetic resonances results in a
unidirectional scattering. This property makes subwavelength dielectric nanoparticles the
smallest and most efficient nanoantennas. Moreover, unidirectionality can be swapped for
different wavelengths [74, 76].

The unique optical properties and low losses make dielectric nanoparticles perfect candidates
for a design of high-performance nanoantennas, low-loss metamaterials, and other novel
all-dielectric nanophotonic devices. The key to such novel functionalities of high-index
dielectric nanophotonic elements is the ability of subwavelength dielectric nanoparticles
to support simultaneously both electric and magnetic resonances, which can be controlled
independently for particles of non spherical forms [77, 121].
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1. Introduction

In the recent years compact ultra-wideband (UWB) antennas have received a great attention
[1-3] due to the allocation of various frequency bands to UWB systems by Federal Communi‐
cations Committee (FCC) [4]. One of the most interesting aspects of these antennas is their
aptitude of detecting electromagnetic (EM) transients with frequency content up to the very
high frequency (VHF) range. EM transient phenomena with the above mentioned frequency
content are those encountered, for example, in partial discharge (PD) detection. This diagnostic
method is now widely used to identify defects taking place in the insulation systems. Wireless
systems offer the possibility to achieve the whole shape of PD signals radiated from the source
of the PD defects with less distortion due to the electric transmission path.

Modern diagnostic procedures require clear PD patterns for the identification of defects
generating PD because different defects can affect differently the insulation reliability, [5-7].
Different pulsating sources can be simultaneously active during a PD measurement session
and mixed PD patterns can be recorded. Thus, an effective separation of mixed PD patterns
into sub-patterns each one pertinent to a specific noise or PD source typology, is a fundamental
task to avoid wrong defect identification, [8-9]. One of the possible approaches in signal
separation is based on the assumption that the same defect generates similar waveforms and
features derived from signals grouped by similarity can be adopted to identify the defect or
noise source. Thus, the dynamic characteristics of the antenna probe must be designed/
evaluated in order to fit the above mentioned requirements.

Both the time and the frequency domain can be used for separation purposes. Recently, the
use of the Auto-Correlation Function (ACF) has been proposed for its ability to synthesize both
the time and frequency domain features as well as to be less affected by superimposed high-
frequency noise, random truncation of the pulse-tail (frequency leakage) and different trigger
activation, [10].

© 2014 The Author(s). Licensee InTech. This chapter is distributed under the terms of the Creative Commons
Attribution License (http://creativecommons.org/licenses/by/3.0), which permits unrestricted use,
distribution, and reproduction in any medium, provided the original work is properly cited.
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The ACF has been adopted here to evaluate the performances of different EM probes in order
to design the more suitable geometry to build a portable low-cost device for PD detection.
Monopole, triangular and spherical antennas were simulated by means of the surface Method
of Moments (MoM) in the frequency domain, [11-14]. The transmitting system is modeled by
a power electronic device with a fault current between two metal plates. The ACF shapes of
the simulated, transmitted and received signals, have been compared using the Pearson
correlation index to verify which sensor is providing the best fidelity among the three.

This chapter focuses on the evaluation of the performances of different antenna sensors
suitable for Partial Discharge (PD) measurements. Monopole, triangular and spherical
antennas were simulated by means of the surface method of moments. The transmitting system
is modeled by a power electronic device with a fault current between two metal plates. The
shape of the simulated, transmitted and received signals, has been compared to verify the
sensor that provides the best fidelity among the three. The auto-correlation function and the
Pearson correlation index are adopted here for the comparison. A discussion on the dynamic
characteristic of the different antenna probes and their use in different application is proposed.

2. Partial discharges

The increasing necessity of high voltage levels in high voltage (HV) power systems has driven
to a stronger demand of insulating materials with high electrical performances at affordable
costs. Since synthetic polymers partially meet these requirements [15, 16], they have been
studied quite a bit in the most recent literature. However, they are affected by some aging
problems also the PD phenomenon is a major cause of failure in the insulation systems of
electrical apparatus. These discharges take place in consequence of unavoidable local defects
produced by the industrial manufacturing process, and promote local erosion of the material
that may cause electric breakdown of the component over time. The difficulty of performing
reliable life predictions and suitable evaluations of their reliability in presence of such
degradation phenomena, hindered a wide diffusion of HV components made of epoxy
materials. The diagnostic techniques of recognition, identification and classification of
discharge phenomena are therefore fundamental for the evaluation of the time reliability of
the electrical equipment, especially for high voltages. In order to study and understand the
behaviour of different materials, the first step is to perfectly know the dielectric characteris‐
tics.Materials are divided into three basic categories that are metals, ceramics and polymers.
Furthermore, the combination of two or more of these elements gives rise to materials
employed in common applications normally named composite materials. Successively,
another division is based on the type of atomic bond and on the basis of the crystal structure
that composes them. Besides, in solid state physics, the electronic band structure of a solid
describes the range of energies that an electron of a certain material is "allowed" or "forbidden"
to possess. The electronic structure of a material greatly is influencing the materials behaviour
and the energy gap between the valence band. The conduction is used to classify the materials
on the electronic characteristics, in conductors, semiconductors and insulators. The insulators
materials or dielectric materials present a wide forbidden zone between the valence band and
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the conduction band. Dielectric materials are divided into three categories named solid, liquid
and gaseous. The main electrical properties that characterize the behaviour of insulating
materials are:

• Intrinsic/extrinsic conductivityσ and γ are about 10-5÷10-18 [S/m].

• Electric permittivity εr=ε/ε0; where ε is the permittivity of a generic material and ε0 is the
vacuum dielectric permittivity with value 8∙85418781762 ×10-12 [F/m].

• Loss factor, defined as tgδ with δ=90°-φ, the loss angle of the material, with φ the phase shift
between voltage and current, which, in the ideal case is equal to 90 ° while, in a real dielectric,
is less than 90 ° due to their leaks.

• Dielectric Rigidity (RD):value of the voltage gradient required to cause discharge through
the dielectric under examination or the limit value of the electric field beyond which
produces a conduction of electricity (electrical discharge) through the dielectric material. It
is commonly measured in kV/mm. The discharge gradient is strongly influenced bya very
high number of different parameters and by the test procedure, in particular by the shape
of electrodes, by the voltage applied and by the way the limit voltage is reached.

The Test procedures for these characteristic parameters depending on the dielectric materials
state are often very different. To better understand the partial discharge phenomenon, the
discharge base theory in gas is synthetically presented in the next section, while extended
information are reported in [15, 16]. Gaseous insulation, especially ambient air, is the most
commonly used insulation in high voltage engineering.

2.1. Discharge theory

The occurrence of partial discharges in electrical equipment has been identified as one of the
main causes of breaking devices and reduction in useful life of insulation. For many years,
studies on the physical and chemical aspects of PD have been thoroughly addressed and news
discharge models were introduced. The principle of discharge starting mechanism, for small
distances, was introduced by Towsend [15, 16] and it is based on the coefficient of ionization
of the gas subjected to an electric field. For distances more than a few millimetres, Towsend
theory is wrong, since discharge develops in a times lower than necessary ones for electrons
to cross the distance between electrodes and form an avalanche. To explain the formation of
the discharge’s mechanism over long distances, several assumptions were made based on
phenomenon such as the formation of individual electronic avalanches or photo-ionization
phenomena. Meek and Loeb, and independently Rather, proposed the Streamer theory. The
equations that describe phenomena involving electrons and ions, avalanches and streamers,
are too complex to be dealt with in a few lines and can be found in [15,16].

It is possible to macroscopically represent the discharge phenomenon with a circuit model.
This one is representing the system cavity-electrodes in the dielectric. The Whitehead model
is exhibiting three capacitors to represent a cavity embedded in a dielectric. Fig. 1 details this
model [17].
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Fig. 2 presents the Vc voltage applying on the c capacitor. It should be noticed that Vc is a fraction of the total voltage V. 
When Vc exceeds the so called inception voltage Vci, the discharge starts. After the discharge, Vc reaches the discharge 
extinction voltage value, Vce. The global behaviour of the system is affected and the PD activity can be monitored by 
employing current and voltage measures. 
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Figure 1. Three capacity of the model of Whitehead.

Fig. 2 presents the Vc voltage applying on the c capacitor. It should be noticed that Vc is a fraction
of the total voltage V. When Vc exceeds the so called inception voltage Vci, the discharge starts.
After the discharge, Vc reaches the discharge extinction voltage value, Vce. The global behaviour
of the system is affected and the PD activity can be monitored by employing current and
voltage measures.

Figure 2. V voltage applied to the dielectric, Vc voltage across the cavity, Vci inception voltage of the discharge, Vce

discharge extinction voltage.

A field approach model that best represents the phenomenon is conceived by Pedersen [18].
Since the charge involved by the discharge inside the cavity, named true charge, cannot be
measured, an auxiliary current, named apparent charge, is measured outside of the specimen.
The phenomenon is then traced to two successive stages:

• the first defines the external current measured with the induced charge to the electrodes.

• the second one correlates the induced charge to the electrodes with the charge inside the
cavity.
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2.2. Partial discharge characterization

A partial discharge is a stochastic phenomenon that involves many chemical and physical
aspects of materials proprieties. The PD detection over time has become an indispensable
method for the evaluation of insulation systems in the realization phase of new devices but
also for evaluate reliability in work. The discharge manifests itself through charge displace‐
ment, acoustic waves, lights and electromagnetic field. The wired detection of charge dis‐
placement was the most frequently measurement method chosen before the introduction of
antenna probes. The basic discharge detection circuit, in accordance with the International
Electrotechnical Commission (IEC) Standard, is shown in fig. 3 [19]. The coupling capacitor
provides a low impedance path for high-frequency discharge currents which cause voltage
pulses over the measuring impedance. The pulses are then amplified and stored in a computer
for further processing and displayed in different patterns as 3D patterns (phase-amplitude-
number of discharge) and 2D patterns (amplitude-number, phase-number, phase-amplitude).

In the same IEC Standard the main definitions related to PD are defined as follows:

Partial discharge (PD): Localized electrical discharge that only partially bridges the insulation
between conductors and which can or cannot occur adjacent to a conductor.

Partial discharge pulse (PD pulse): Current or voltage pulse that results from a partial discharge
occurring within the object under test. The pulse is measured using suitable detector circuits,
which have been introduced into the test circuit for the purpose of the test.

Apparent charge q: Of a PD pulse is that charge which, if injected within a very short time
between the terminals of the test object in a specified test circuit, would give the same reading
on the measuring instrument ad the PD current pulse itself. The apparent charge is usually
expressed in picocoulombs (pC).

Pulse repetition rate n: Ratio between the total number of PD Pulses recorded in a selected time
interval and the duration of this time interval.

Phase angle ϕiand time tiof occurrence of a PD pulse: is ϕi=360(ti/T) where ti is the time measured
between the preceding positive going transition of the test voltage through zero and the partial
discharge pulse and T is the period of the test voltage.

The pulses generated by PDs are detected as second order pulses; in Fig.4 the pulse was
recorded by means of an oscilloscope and shows a signal proportional to the discharge current.
It was detected by means of a 50 Ω resistance in series to the circuit where the defect was
present. This kind of pulses are very fast (~50ns) and have a small amplitude (~5mV). As we
will see in the following, not only the amplitude of the pulse but also its duration is a funda‐
mental parameter. The most important recent studies that have allowed PD measurements to
become a reliable diagnostic system are based on the shape of the pulses, and in particular on
the ratio between duration and frequency content. The acquisition techniques (bandwidth of
the recording system) and the kind of sensor adopted (HFCT, capacitive couplers) become
fundamental components because they affect the shape of the impulses.
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Figure 1. Three capacity of the model of Whitehead.

Fig. 2 presents the Vc voltage applying on the c capacitor. It should be noticed that Vc is a fraction
of the total voltage V. When Vc exceeds the so called inception voltage Vci, the discharge starts.
After the discharge, Vc reaches the discharge extinction voltage value, Vce. The global behaviour
of the system is affected and the PD activity can be monitored by employing current and
voltage measures.

Figure 2. V voltage applied to the dielectric, Vc voltage across the cavity, Vci inception voltage of the discharge, Vce

discharge extinction voltage.

A field approach model that best represents the phenomenon is conceived by Pedersen [18].
Since the charge involved by the discharge inside the cavity, named true charge, cannot be
measured, an auxiliary current, named apparent charge, is measured outside of the specimen.
The phenomenon is then traced to two successive stages:

• the first defines the external current measured with the induced charge to the electrodes.

• the second one correlates the induced charge to the electrodes with the charge inside the
cavity.
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2.2. Partial discharge characterization

A partial discharge is a stochastic phenomenon that involves many chemical and physical
aspects of materials proprieties. The PD detection over time has become an indispensable
method for the evaluation of insulation systems in the realization phase of new devices but
also for evaluate reliability in work. The discharge manifests itself through charge displace‐
ment, acoustic waves, lights and electromagnetic field. The wired detection of charge dis‐
placement was the most frequently measurement method chosen before the introduction of
antenna probes. The basic discharge detection circuit, in accordance with the International
Electrotechnical Commission (IEC) Standard, is shown in fig. 3 [19]. The coupling capacitor
provides a low impedance path for high-frequency discharge currents which cause voltage
pulses over the measuring impedance. The pulses are then amplified and stored in a computer
for further processing and displayed in different patterns as 3D patterns (phase-amplitude-
number of discharge) and 2D patterns (amplitude-number, phase-number, phase-amplitude).

In the same IEC Standard the main definitions related to PD are defined as follows:

Partial discharge (PD): Localized electrical discharge that only partially bridges the insulation
between conductors and which can or cannot occur adjacent to a conductor.

Partial discharge pulse (PD pulse): Current or voltage pulse that results from a partial discharge
occurring within the object under test. The pulse is measured using suitable detector circuits,
which have been introduced into the test circuit for the purpose of the test.

Apparent charge q: Of a PD pulse is that charge which, if injected within a very short time
between the terminals of the test object in a specified test circuit, would give the same reading
on the measuring instrument ad the PD current pulse itself. The apparent charge is usually
expressed in picocoulombs (pC).

Pulse repetition rate n: Ratio between the total number of PD Pulses recorded in a selected time
interval and the duration of this time interval.

Phase angle ϕiand time tiof occurrence of a PD pulse: is ϕi=360(ti/T) where ti is the time measured
between the preceding positive going transition of the test voltage through zero and the partial
discharge pulse and T is the period of the test voltage.

The pulses generated by PDs are detected as second order pulses; in Fig.4 the pulse was
recorded by means of an oscilloscope and shows a signal proportional to the discharge current.
It was detected by means of a 50 Ω resistance in series to the circuit where the defect was
present. This kind of pulses are very fast (~50ns) and have a small amplitude (~5mV). As we
will see in the following, not only the amplitude of the pulse but also its duration is a funda‐
mental parameter. The most important recent studies that have allowed PD measurements to
become a reliable diagnostic system are based on the shape of the pulses, and in particular on
the ratio between duration and frequency content. The acquisition techniques (bandwidth of
the recording system) and the kind of sensor adopted (HFCT, capacitive couplers) become
fundamental components because they affect the shape of the impulses.
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Figure 4. Generic second order PD Pulse.

In the PD detection theory, three families of PD phenomena have been taken into account:
namely internal, surface and corona. Internal discharges occur inside a cavity embedded in a
dielectric. These are cavities within resin components, extruded plastic cables, joint, stator
insulation and external particles such as dust or textile fibres embedded in insulation. Surface
discharge may occur along dielectric surfaces with a high tangential field stress. Typical
examples of high voltage components that present surface discharges are bushing, twisted
pairs, ends of cables, the overhang of generator windings. Corona discharges occur in a needle
plane configuration at sharp points at high voltage or ground potential [20].

Figure 3. Discharge detection circuit.

Progress in Compact Antennas182

The pulse shape of singular discharge phenomena present differences in term of time duration
and frequency content. These differences are exhibited in Fig. 5 where an example of pulse
shape and frequency spectrum for each discharge family is showed.

Figure 5. Time duration and frequency spectrum of surface, corona and internal discharges.

Moreover, the acquisition of the pulse repetition on a time interval ΔT is displayed in a 3D
histogram generally known as PD Pattern (phase-amplitude-number of discharge) and 2D PD
patterns (amplitude-number, phase-number, phase-amplitude,) as displayed in Fig.6. Fur‐
thermore, the pattern allows the understanding of the kind of the defect.We obtain different
patterns for each discharge family as shown in Fig.7, 8 and 9.

Figure 6. PD Pattern with 2D amplitude-number (right) and phase-number (below). In the 3D PD Pattern the colour
scale represents the intensity of the discharges.

Building Partial Discharge Signal Wireless Probes
http://dx.doi.org/10.5772/58840

183



Figure 4. Generic second order PD Pulse.

In the PD detection theory, three families of PD phenomena have been taken into account:
namely internal, surface and corona. Internal discharges occur inside a cavity embedded in a
dielectric. These are cavities within resin components, extruded plastic cables, joint, stator
insulation and external particles such as dust or textile fibres embedded in insulation. Surface
discharge may occur along dielectric surfaces with a high tangential field stress. Typical
examples of high voltage components that present surface discharges are bushing, twisted
pairs, ends of cables, the overhang of generator windings. Corona discharges occur in a needle
plane configuration at sharp points at high voltage or ground potential [20].

Figure 3. Discharge detection circuit.

Progress in Compact Antennas182

The pulse shape of singular discharge phenomena present differences in term of time duration
and frequency content. These differences are exhibited in Fig. 5 where an example of pulse
shape and frequency spectrum for each discharge family is showed.

Figure 5. Time duration and frequency spectrum of surface, corona and internal discharges.

Moreover, the acquisition of the pulse repetition on a time interval ΔT is displayed in a 3D
histogram generally known as PD Pattern (phase-amplitude-number of discharge) and 2D PD
patterns (amplitude-number, phase-number, phase-amplitude,) as displayed in Fig.6. Fur‐
thermore, the pattern allows the understanding of the kind of the defect.We obtain different
patterns for each discharge family as shown in Fig.7, 8 and 9.

Figure 6. PD Pattern with 2D amplitude-number (right) and phase-number (below). In the 3D PD Pattern the colour
scale represents the intensity of the discharges.

Building Partial Discharge Signal Wireless Probes
http://dx.doi.org/10.5772/58840

183



Fig.7 shows a typical internal void rabbit-like PD pattern. Internal discharge are characterized
by a quite symmetry for positive and negative discharges due to electron emission from the
same materials (dielectric). In particular the showed pattern is referred to a spherical air void
embedded in a dielectric subjected to a uniform electric field.

Figure 7. PD Pattern of internal discharges.

Fig.8 shows a typical surface PD pattern, where a substantial dissymmetry between positive
and negative discharges can be noted. The inception phase angle, Δϕ, defined as the phase
interval between the first and the last discharge (positive or negative) is smaller than the one
observed for internal discharges.

Figure 8. PD Pattern of surface discharges.
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Fig.9 shows a typical corona PD pattern. Two characteristic differentiates it from the previous
discharges. The first is the presence of discharge only in half period of AC source and the
second is that the discharge occurs in correspondence of the voltage pick of AC source, in the
other cases, differently, the discharges occur in presence of the maximum gradient of the
voltage.

Figure 9. PD Pattern of corona discharges.

In many real cases PD patterns present very different shapes and sometimes with more than
only one defect at the same time. For this reason pattern recognition techniques for the
discrimination and classification of discharges represent a fundamental instrument for the
reliability’s evaluation of high voltage electrical apparatus. Many different methods have been
proposed in literature to automate the identification of defects through PD pattern recognition.
They differ either in presentation of PD data (PD pulse shape data, statistical parameters of
these data and pulse density distribution) or in the classification methods (statistical algo‐
rithms or neural network (NN)) [20-22]. Recently the use of wavelet analysis and advanced
models has provided interesting results in PD denoising processes, pattern recognition and
classification of multi-source PD patterns [23,26].

One limit of the classic PD measurement s is due to the wired circuit, signals are dumped or
affected by the particular circuit path encountered. In order to overcome these limits wireless
measurement have been proposed.

3. Method of moments

The Method of Moments (MoM) in two dimensions has been successfully applied to describe
the behaviour of three-dimensional objects that have a highly shielding external structure, for
which the hypothesis of perfect electric conductors can be used [11]. Other applications of
MoM involving three-dimensional objects composed of voxels or thin wire elements can be
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found in [12]. We note S the surface of a metal object considered a perfect conductor (PEC) and
n the normal to surface S. By considering an Electromagnetic (EM) stress, Ei denotes the
incident electric field, which can be found in the absence of the object having S surface. The
presence of an EM field generates surface current JS on S. The aim of the EM analysis is to
determine the current in S. Since no analytical solution can be found for complex geometries
only a numerical one can be obtained approximating the current JS on S into Ji currents on
S N =⋃1

N Si, (see Fig. 10). Triangular elementary surfaces are used to describe the whole SN, by
introducing edge limiting each triangular faces. Vertexes are the points shared by different
triangles. Each triangle, illuminated by external EM field, has its own current, which can
conceptually be studied by examining the average current that passes through the three edges.
The aim of the MoM is to evaluate each current Ji passing through an edge.

The current on the whole S can be approximated by:

J
→

S =∑
i=1

N
Ji f
→

i
(r→ ), (1)

where N is the number of internal sides, and fi(r
→ ) are a suitable functions, called basis functions.

vertex

edge
face

aperture

boundary edge

Figure 10. Loop antenna described with triangular surfaces

The basis functions to be used must meet two basic requirements. Indeed, they have to:

• be suitable to be used with an electromagnetic equation.

• Allow modeling with flat triangles. Further useful developments can be found in [27].

Integro-differential equation can be derived by imposing equality between the incident field
and scattered field on the boundary condition on S,

n̂ ×(Ei + Es)=0 (2)

getting:
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-Einc
tan = - ( jωA

→
-∇φ)tan,  (3)

where A
→

 and φ are the vector and the scalar potential respectively:

A
→ (r→ )= μ

4π ∫S J
→

S (r→ ) e - jkR

R dS ' (4)

φ(r→ )= 1
4πε ∫Sσ(r→ ) e - jkR

R dS ', (5)

with k =ω εμ.

Such potentials are depending on the local surface current JS and on the local charge density
σ, which can be related to JS by taking into account the following:

∇ ∙ JS = - jωσ (6)

The set of equations described here takes the name of Electric Field Integral Equation (EFIE).

Equations 4 and 5 have no analytical solution for a complex S, so an approximation similar to
the one used in equation 1 is required, considering only the unknowns Ji set in equation 1.

By considering an edge i shared by two triangles called Ti
+ and Ti

-, it is possible to describe
the current in each point M of the triangles, by using the basis functions(see Fig. 11a).

Points (M) belonging to Ti
+ can be detected by means of the distance r→  from an absolute center

O or through ρi
+distance from the free vertex of Ti

+. Similar remarks can be applied for Ti
-. The

choice of the+and-polarities is due to the implementation of a surface current density Ji, which
crosses the i side, leaving Ti

+ for Ti
-. In Fig.11 the behaviour of the current in M is associated

to the centroids C+ and C-.
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i
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Figure 11. Triangles sharing an internal edge. Focus on the current through the edge (a), focus on centroids.
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The purpose of the basis function is to simplify the use of equations 4 and 5, projected in the
numerical approximation. The integrals on S are solved for each triangle by taking into account
three currents leaving the three edges. The basis function vector is defined by:

f
→

i(r
→ )= { li

2Ai
+ ρi
→ rinTi

+

li
2Ai

- ρi
→ rinTi

-

0 elsewhere

, (7)

Where li is the length of the edge taken into consideration, Ai
+ and Ai

-are the areas of the
triangles. Also the following two features are required:

∇ ∙ f
→

i(r
→ )= { li

Ai
+ rinTi

+

-
li
Ai

- rinTi
-

0 elsewhere

, (8)

f
→

i(r
→ )=0

→
 on the boundary of S.

It is not possible to solve equation 3 on the whole S, but it can be solved on S N =⋃1
N Si, by

employing the numerical projection on a N-dimension system. Similarly to the Fourier’s
sampling a particular function has to be used to project in the N-dimension space, instead of
the delta of dirac function here are used the basis functions:

X
→

, f
→

= ∫S X
→
∙ f
→

dS , (9)

which in the N-space becomes:

X
→

, f
→
≅∑

i=1

N
X
→

i ∙ f
→

i Ai,  (10)

with X
→

 a vector function. In such a way equation 3 becomes:

Einc
tan, f

→
= jωA

→
, f
→ tan+ ∇φ, f

→ tan. (11)

In equation 11 the gradient is applied on the scalar potential, but considering the following
identity (similar to the well known Stokes theorem), it is possible to apply it on the basis
function:

∇φ, f
→

= ∫S∇φ ∙ f
→

dS = ∫S∇ ∙ (φ f
→)dS - ∫Sφ∇ ∙ f

→
dS = ∫∂Sφ f

→
dS - ∫Sφ∇ ∙ f

→
dS = - φ, ∇ ∙ f

→
, (12)
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with f
→

 equals to zero on the boundary of both S and ∂S . Finally, by considering a triangle p it
is possible to write equation 11 as follows:

Einc
p,tan, f

→
p = jω μ

4π ∫S J
→

S (r→) e - jkR

R dS ', f
→

p
tan

- 1
4πε ∫Sσ(r→ ) e - jkR

R dS ', ∇ ∙ f
→

p
tan

. (13)

To study the effects of the triangle p on the current due to the current of a triangle q(seeFig.
12.a), all the edge currents have to be considered. In Fig.12.b, the interaction between currents
on edge of length lm of p and edge of length li of q,is shown.
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Figure 12. Interactions between currents of different triangles

In equation 13 the inner product has to be considered twice: the formal inner product with f
→

p

and the one inside surface integral ∫SdS'. By considering initially the first inner product, for

edge m, shared by Tm
+ and Tm

- , and also considering value on the centroid as a constant value

for all triangle, we can write:

Einc
m , f

→
m = ∫T m

++T m
-Einc

m f
→

mdS ' = E
inc
m, c+∫T m

+ f
→

mdS ' + Einc
m, c-∫T m

- f
→

mdS ' =

Einc
m, c+( lm

2Am
+ ρm

c+)Am
+ + Einc

m, c-( lm
2Am

- ρm
c-)Am

- = 1
2 Einc

m, c+lmρm
c+ + 1

2 E inc
m, c-lmρm

c-,
(14)

jωA
→ (r→ m

c+), f
→

m
tan + jωA

→ (r→ m
c-), f

→
m

tan = ∫T m
+ jωA

→(r→ m
c+) f

→
mdS ' + ∫T m

- jωA
→(r→ m

c-) f
→

mdS ' =

1
2 jωA

→(r→ m
c+)lmρm

c+ + 1
2 jωA

→ (r→ m
c-)lmρm

c-
(15)

φ(r→ m
c+), ∇ ∙ f

→
m

tan + φ(r→ m
c-), ∇ ∙ f

→
m

tan =

∫T m
+φ(r→ m

c+), ∇ ∙ f
→

mdS ' + ∫T m
-φ(r→ m

c-), ∇ ∙ f
→

mdS ' =φ(r→ m
c+)lm - φ(r→ m

c-)lm.
(16)

The second inner product is inside the vector and scalar potentials, that are due to the current
on the edge i:

A
→ (r→ m

c±)= μ
4π ∫T i

±Ji f
→

i
e

- jk Rm
±

Rm
± dS ' = μ

8π J iliρi
c± e

- jk Rm
±

Rm
± , (17)
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The second inner product is inside the vector and scalar potentials, that are due to the current
on the edge i:

A
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where Rm
± is the distance of the centroids of triangles Tm

+ and Tm
-  from the ones of Ti

+ and Ti
-.

In similar way:

φ(r→ m
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±J i∇ ∙ f

→
i

e
- jk Rm

±

Rm
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jω4π J ili
e

- jk Rm
±

Rm
± . (18)

The double inner product gives a symmetry to the system, the actions of the current i on m and
of m on i are similar. The total effect on m is due to an extended summation of index i. In such
a way the following equation system holds:

ZJ =V , (19)

with Z = Zm,i ,

Zm,i = 1
2 jω μ

8π
e

- jk Rm
+

Rm
+ l

i
ρi

c+lmρm
c+ + 1

2 jω μ
8π

e
- jk Rm

-

Rm
- l

i
ρi

c-lmρm
c- + 1

jω4π
e

- jk Rm
+

Rm
+ lmli - 1

jω4π
e

- jk Rm
-

Rm
- lmli, (20)

J =

J1

⋮
J N

, (21)

V =

1
2 Einc

1, c+l1ρ1
c+ + 1

2 E inc
1, c-l1ρ1

c-

⋮
1
2 Einc

N , c+lNρN
c+ + 1

2 E inc
N , c-lNρN

c-

(22)

The vector V contains in each row the effect of the incident electric field due to an external
source; if the source is an internal voltage generator, all rows are zero except the one in which
is enforced the electric field due to the generator, approximated by the imposed voltage
divided by the distance between centroids.

Once defined equation 19, the unknown currents J can be evaluated on the whole surface of
the object (see Fig.13.a). Each current starts and ends on a centroid. A dipole moment is
definable for each current Ji crossing an internal edge of length li(see Fig.11.a):

m→ i = ∫T i
++T i

-J i f
→

idS ' = 1
2 l i J i(ρ→ i

+ + ρ→ i
-) = l i J i(r→ i

- - r→ i
+) (23)

The radiated magnetic and electric field, due the dipole of current Ji, in a generic point P (Fig.
12.b) located at a distance r→ , are given by:
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H
→

i(r
→ )= jk

4π (m→ i × r→ ) 1
r 2 (1 + 1

jkr )e - jkr , (24)

E
→

i(r
→ )= η

4π (( (r→ ∙m
→

i)r
→

r 2 - m→ i)( jk
r + 1

r 2 + 1
jk r 3 ) + 2

(r→ ∙m
→

i)r
→

r 4 (1 + 1
jkr ))e - jkr . (25)

4. Antenna modeling with method of moments

The aim of this study is to create a model to describe the behaviour of PD signal probe.
Antennas can be easily designed with commercial software like Matlab® in which suitable
tools also create the Delaunay triangulation.

The simplest antenna to be designed is the monopole antenna, shown in Fig.14. In order to
create the 20 cm long monopole two rectangles have been created, one thin in which only a
line of triangle is needed, another bulky.By considering the possible interactions between the
two triangles, problems arise. There is an edge shared between three triangles (red, yellow,
blue). The current of this edge will be divided into 2 sub-currents and another row and
unknown is set in equation (6).

 

 

 

Figure 14. Discrete surface MoM model of the monopole antenna. 

Similarly all non-planar antennas are treated. In Fig. 15 the triangular antenna and the spherical one are shown. The 

triangular antennas simulates a planar 20 cm equilateral triangle. The sphere has 6 cm diameter. 
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The numerical model allows to feed all the antennas in two different ways. The first one uses a voltage generator, set 

between the antenna (upper object) and ground plate (bottom metallic plate). The other way takes into account the 

illuminating external field on the surface of the whole object. In order to simulate the transmission of fault EM signal and 

its receiving, the power device is fed by generator and the other antennas are used as probes, so the provided voltage on 

the linking edge is studied. 
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Figure 14. Discrete surface MoM model of the monopole antenna.

a

b

li
Ti+

Ti
-

o

ri
-ri+

P

r

Figure 13. A triangular antenna divided into triangular subparts, in which internal current are shown (a). Particular of
the dipole model for the current crossing edge i (b).
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where Rm
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The vector V contains in each row the effect of the incident electric field due to an external
source; if the source is an internal voltage generator, all rows are zero except the one in which
is enforced the electric field due to the generator, approximated by the imposed voltage
divided by the distance between centroids.

Once defined equation 19, the unknown currents J can be evaluated on the whole surface of
the object (see Fig.13.a). Each current starts and ends on a centroid. A dipole moment is
definable for each current Ji crossing an internal edge of length li(see Fig.11.a):
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The radiated magnetic and electric field, due the dipole of current Ji, in a generic point P (Fig.
12.b) located at a distance r→ , are given by:
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tools also create the Delaunay triangulation.

The simplest antenna to be designed is the monopole antenna, shown in Fig.14. In order to
create the 20 cm long monopole two rectangles have been created, one thin in which only a
line of triangle is needed, another bulky.By considering the possible interactions between the
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the dipole model for the current crossing edge i (b).

Building Partial Discharge Signal Wireless Probes
http://dx.doi.org/10.5772/58840

191



Similarly all non-planar antennas are treated. In Fig. 15 the triangular antenna and the spherical
one are shown. The triangular antennas simulates a planar 20 cm equilateral triangle. The
sphere has 6 cm diameter.
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the linking edge is studied. 
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Figure 15. Discrete surface MoM model of the triangular and spherical antennas.

In Fig.16 an electronic power device is sketched: two metal plates, normally at different voltage,
during a partial discharge are metallically linked by the discharge path.

Figure 16. Discrete surface MoM model of the emitting source.

The numerical model allows to feed all the antennas in two different ways. The first one uses
a voltage generator, set between the antenna (upper object) and ground plate (bottom metallic
plate). The other way takes into account the illuminating external field on the surface of the
whole object. In order to simulate the transmission of fault EM signal and its receiving, the
power device is fed by generator and the other antennas are used as probes, so the provided
voltage on the linking edge is studied.
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As previously explained the source of the EM field illuminating the probes is given by the
discharge current flowing through the discharge path, which is due to the ionized air gap
inside of insulation, and embraces previously damaged materials and metallic surfaces. A full
characterization of the exact discharge channel is beyond the scope of this work and also for
sake of simplicity the discharge path is simulated with a metallic wire in which the discharge
current flows unhindered. Then neglecting particular behaviour to the geometry of the
discharge channel, scrupulous attention is paid to the waveform of the current, the harmonic
content, which will characterize the fidelity of the receiving probes, is studied.
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Figure 17. Discharge current and Fourier spectrum. Noise is on 90-110 MHz range.

In Fig.17, a PD signal is represented, which is characterized by an underdamped oscillation.
This latter propagates until the energy balance is once again stable, and the charges back to be
imprisoned in the dielectric. In order to study the transient PD signal Discrete Fast Fourier
Transform (DFFT) has to be used. The PD signals may have a faster or slower evolving, but
roughly the spectrum of interest is contained in a [0-200MHz] window. This aspect allows
characterizing the type of receiving probes. Unfortunately, in the environment in which PD
signals are generated, other signals, that should affect in a limited way the diagnostic tool, are
present. PD signal of Fig.17intentionally contains a part of noise that will interact with the
probes receivers.

Once defined the behaviour of the PD current, it is possible to characterize the behaviour of
the source system, focusing at 20 cm from the discharge, chosen as a compromise between the
possibility of bringing a wireless sensor to the faulty part and the need to maintain a safe
distance or in other cases distance imposed by the presence of screens, shields and spacers.The
PD discharge path has a normal direction with respect to the ground plate and an unitary
current source is applied within the range of [0-1000MHz]. The simulated z-component of the
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Similarly all non-planar antennas are treated. In Fig. 15 the triangular antenna and the spherical
one are shown. The triangular antennas simulates a planar 20 cm equilateral triangle. The
sphere has 6 cm diameter.
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In Fig.16 an electronic power device is sketched: two metal plates, normally at different voltage,
during a partial discharge are metallically linked by the discharge path.

Figure 16. Discrete surface MoM model of the emitting source.

The numerical model allows to feed all the antennas in two different ways. The first one uses
a voltage generator, set between the antenna (upper object) and ground plate (bottom metallic
plate). The other way takes into account the illuminating external field on the surface of the
whole object. In order to simulate the transmission of fault EM signal and its receiving, the
power device is fed by generator and the other antennas are used as probes, so the provided
voltage on the linking edge is studied.
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discharge current flowing through the discharge path, which is due to the ionized air gap
inside of insulation, and embraces previously damaged materials and metallic surfaces. A full
characterization of the exact discharge channel is beyond the scope of this work and also for
sake of simplicity the discharge path is simulated with a metallic wire in which the discharge
current flows unhindered. Then neglecting particular behaviour to the geometry of the
discharge channel, scrupulous attention is paid to the waveform of the current, the harmonic
content, which will characterize the fidelity of the receiving probes, is studied.
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In Fig.17, a PD signal is represented, which is characterized by an underdamped oscillation.
This latter propagates until the energy balance is once again stable, and the charges back to be
imprisoned in the dielectric. In order to study the transient PD signal Discrete Fast Fourier
Transform (DFFT) has to be used. The PD signals may have a faster or slower evolving, but
roughly the spectrum of interest is contained in a [0-200MHz] window. This aspect allows
characterizing the type of receiving probes. Unfortunately, in the environment in which PD
signals are generated, other signals, that should affect in a limited way the diagnostic tool, are
present. PD signal of Fig.17intentionally contains a part of noise that will interact with the
probes receivers.

Once defined the behaviour of the PD current, it is possible to characterize the behaviour of
the source system, focusing at 20 cm from the discharge, chosen as a compromise between the
possibility of bringing a wireless sensor to the faulty part and the need to maintain a safe
distance or in other cases distance imposed by the presence of screens, shields and spacers.The
PD discharge path has a normal direction with respect to the ground plate and an unitary
current source is applied within the range of [0-1000MHz]. The simulated z-component of the
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electric field at a distance of 20 cm, is shown in Fig.18. The electric field profile is growing with
the frequency, similar to the one of a dipole with its dimension equal to the discharge path.
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Figure 18. Ez field generated by the discharge at a horizontal distance of 20 cm. Only the 0-200 MHz interval is shown.

In order to compare the different antennas behaviour a particular transfer function is consid‐
ered:

H =
V received

Eincident
 m (26)

where Vreceived(ω) is the voltage response of antennas, illuminated by the incident electromag‐
netic field.

The incident EM field due to the PD current, which is function of the signal frequency content,
has to be computed. The received voltages can be computed by simulating the response of the
antenna illuminated by the incident EM field. The voltage response is due to both source and
antenna impedance behaviour. The three transfer functions corresponding to the three antenna
typologies are plotted in Fig. 19considering the above mentioned frequency range.

As it can be seen, the monopole antenna provides the highest gain but its profile is character‐
ized by a resonant peak centered at about 450 MHz. The triangular antenna shows a resonant
peak centered in about 400 MHz but with lower amplitude with respect to the former. On the
contrary, the spherical antenna shows a flat bandwidth with the lowest amplitude among the
three.
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Figure 20. Transfer function of the three antennas for the range of 0-150MHz.

In Fig.20, the different transfer functions are plotted in the frequency range going from 0 to
200 MHz. The spherical and triangular antennas show an almost flat behaviour while the
monopole is characterized by a significant decrease in amplitude. It is easily to argue that these
different profiles have a different impact on the shape of the recorded PD signals. The selection
of a specific profile depends on the application, e.g. PD measurements in dc, ac and rectangular
(adjustable speed drive applications) voltage supply. A procedure able to evaluate the signal
distortion of the different antennas has been developed to select the antenna able to fit the
separation and identification requirements.
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Figure 19. Transfer function of the three antennas.
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ered:
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where Vreceived(ω) is the voltage response of antennas, illuminated by the incident electromag‐
netic field.

The incident EM field due to the PD current, which is function of the signal frequency content,
has to be computed. The received voltages can be computed by simulating the response of the
antenna illuminated by the incident EM field. The voltage response is due to both source and
antenna impedance behaviour. The three transfer functions corresponding to the three antenna
typologies are plotted in Fig. 19considering the above mentioned frequency range.

As it can be seen, the monopole antenna provides the highest gain but its profile is character‐
ized by a resonant peak centered at about 450 MHz. The triangular antenna shows a resonant
peak centered in about 400 MHz but with lower amplitude with respect to the former. On the
contrary, the spherical antenna shows a flat bandwidth with the lowest amplitude among the
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200 MHz. The spherical and triangular antennas show an almost flat behaviour while the
monopole is characterized by a significant decrease in amplitude. It is easily to argue that these
different profiles have a different impact on the shape of the recorded PD signals. The selection
of a specific profile depends on the application, e.g. PD measurements in dc, ac and rectangular
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separation and identification requirements.
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Figure 19. Transfer function of the three antennas.
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5. Transmission of Signals

In order to test the different antennas, bursts of damped pulses were simulated with super‐
imposed high frequency noise in the frequency range of 0-200MHz. The performances of the
three antenna configurations were evaluated considering the simulated received signals. An
example of the normalized voltage response of the three antennas is plotted in Figure 21.
According to Fig. 19, it was found an amplitude reduction of-10 dB and-14 dB for the triangular
and spherical antennas with respect to the monopole probe.
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Figure 21. Time profiles of the received voltage.

Moreover, the high frequency noise has the highest influence on the pulse signal received by
the triangular antenna since its transfer function reduces the amplitude of the pulse signals
and amplifies the superimposed noise. The opposite considering the monopole configuration,
while the flat bandwidth of the spherical antenna reduces both the amplitude and the super‐
imposed noise of the received pulse signal. A dedicated procedure has been developed in order
to validate this empirical evaluation.

The proposed validation procedure is based on the classification of the autocorrelation
function (ACF) of the PD signals, via the K-Means classification algorithm [10]. The ACF has
been proposed for its ability to synthesize both the time and frequency domain features as well
as to be less affected by superimposed high-frequency noise, random truncation of the pulse-
tail (frequency leakage) and different trigger activation. The ACF is evaluated by taking into
account the following expression:

RS = ∫
-∞

∞
s(t)s(t + τ)dt (27)
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where s(t) represents the time behaviour of the simulated PD signal in discrete time domain.
In order to compare the shape of signals with different energy, the normalized ACF in discrete
time domain has been here adopted:

RS k =
∑
i=1

N
s(i)s(i + k )

N
1

ES
, (28)

Where s(i) is the signal digital sample, N is the number of digital samples, ES is the energy of
the signal:

ES =
∑
i

N
s(i)2

N
(29)

Fig.s22 and 23 show the NACF of the signals reported in Fig. 17 and 21, respectively.

The Pearson correlation index, ρ, is used to compare the different NACF with the emitted one.
The covariance between two NACFs can be evaluated by the following expression:

cov(RS 1, RS 2)=
∑
k =1

N
RS 1(k ) - R

-
S 1 ∙ RS 2(k ) - R

-
S 2

N - 1 ,
(30)

where R
-

S 1 and R
-

S 2 are the mean value of NACFs.

The Pearson correlation index is:

ρ =
cov(RS 1, RS 2)

var (RS 1) ∙ var (RS 2)
, (31)

where var(RS 1) and var(RS 2) are the variance of the NACFs.

The distance in the NACF metric can be assumed as:

dρ = 2(1 - ρ) (32)

Previous investigations established a dρ<0.4 as a good threshold level in the PD shape com‐
parison. The differences between the transmitted and the received signals using the three
different configurations, evaluated considering the distance of equation 32, are reported in
Table 1.
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Moreover, the high frequency noise has the highest influence on the pulse signal received by
the triangular antenna since its transfer function reduces the amplitude of the pulse signals
and amplifies the superimposed noise. The opposite considering the monopole configuration,
while the flat bandwidth of the spherical antenna reduces both the amplitude and the super‐
imposed noise of the received pulse signal. A dedicated procedure has been developed in order
to validate this empirical evaluation.

The proposed validation procedure is based on the classification of the autocorrelation
function (ACF) of the PD signals, via the K-Means classification algorithm [10]. The ACF has
been proposed for its ability to synthesize both the time and frequency domain features as well
as to be less affected by superimposed high-frequency noise, random truncation of the pulse-
tail (frequency leakage) and different trigger activation. The ACF is evaluated by taking into
account the following expression:
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where s(t) represents the time behaviour of the simulated PD signal in discrete time domain.
In order to compare the shape of signals with different energy, the normalized ACF in discrete
time domain has been here adopted:
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Where s(i) is the signal digital sample, N is the number of digital samples, ES is the energy of
the signal:
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Fig.s22 and 23 show the NACF of the signals reported in Fig. 17 and 21, respectively.

The Pearson correlation index, ρ, is used to compare the different NACF with the emitted one.
The covariance between two NACFs can be evaluated by the following expression:
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∑
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where R
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The Pearson correlation index is:

ρ =
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, (31)

where var(RS 1) and var(RS 2) are the variance of the NACFs.

The distance in the NACF metric can be assumed as:

dρ = 2(1 - ρ) (32)

Previous investigations established a dρ<0.4 as a good threshold level in the PD shape com‐
parison. The differences between the transmitted and the received signals using the three
different configurations, evaluated considering the distance of equation 32, are reported in
Table 1.
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Figure 23. NACFs of the transmitted signals of Figure21.
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As it can be seen, the monopole and the spherical antenna preserve the pulse shape in almost

similar way while the triangle’s received signal is affected by noise and it is groped far from
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the PD signal. Due to the different attenuation in the different frequency ranges (Fig. 19), the
monopole antenna tends to modify differently the shape of signals generated by the same
source. This can induce an over classification in separation procedure that is, the generation
of more classes than PD sources. The spherical antenna, due to its flat bandwidth, seems to be
the most suitable wireless probe for ac applications.

6. Discussion

The table I shows that the most suitable probes for the identification of partial discharge signals
are the monopole probe and the spherical probe. This evaluation was obtained using one of
the simplest classification algorithms, certainly other more advanced algorithms may change
this rating, and also the use of digital filters in the same implementation may overturn the
comparison. The use of filters or the use of more elaborate techniques of signal processing goes
beyond the intentions of this chapter. Therefore, the comments will be expressed only in
relation to the analogical performance of probes.

6.1. Monopole antenna

The monopole probe has a high gain, superior to the others. This is one of the key aspects in
the evaluation of partial discharge phenomena that makes it attractive: the discharges take
place within structures often shielded, for which the outgoing signals are weak. The use of too
attenuating probe could make the measurement insufficient and the monopole can solve this
issue. However, the use of this probe in the industrial environment is not wise since it could
involve the absence of higher harmonics. Indeed, their contribution can modify the shape of
the signal and even changing the initial instant of the discharge. Such behaviour, in the
diagnosis of PD phenomenon, is not acceptable, since the determination of the type of
discharge (internal, surface, corona, etc..) is based on the presence of a greater or lesser
occurrence of discharges at certain angles of the sine wave function. One way to change the
behaviour of the monopole is to change its length, but this length cannot be sufficiently
modified to remove the effect of resonance. A simple way to try to mitigate the effect of the
resonance is to insert appropriate RLC circuits. UWB antennas are actually filters, which
introduce dependences between the transmitter and the receiver frequencies. Therefore such
kind of antennas can be treaded. Generally, antennas have linear and passive behaviour, and
input impedance can be represented by means of the canonical forms of Foster [28-30].The
structure shown in Fig.24 is suitable to represent electric antenna as the electric dipole and
monopole.In order to modify the behaviour of the antenna, the electric model of the antenna
is required. The numerical implementation of the antenna gives the complex impedance used
in the equation 19. The equivalent circuit has to show a similar behaviour for all the harmonic
of interest. By following the steps in [28] the value of C0 is set by taking the value of the capacity
presented by the antenna at low frequencies; the value of L0 is initially set to cancel the
imaginary part of impedance at the first resonance frequency. It is required that the first RLC
parallel branch has a resonant frequency corresponding to the first maximum of the real part
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As it can be seen, the monopole and the spherical antenna preserve the pulse shape in almost

similar way while the triangle’s received signal is affected by noise and it is groped far from
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the PD signal. Due to the different attenuation in the different frequency ranges (Fig. 19), the
monopole antenna tends to modify differently the shape of signals generated by the same
source. This can induce an over classification in separation procedure that is, the generation
of more classes than PD sources. The spherical antenna, due to its flat bandwidth, seems to be
the most suitable wireless probe for ac applications.

6. Discussion

The table I shows that the most suitable probes for the identification of partial discharge signals
are the monopole probe and the spherical probe. This evaluation was obtained using one of
the simplest classification algorithms, certainly other more advanced algorithms may change
this rating, and also the use of digital filters in the same implementation may overturn the
comparison. The use of filters or the use of more elaborate techniques of signal processing goes
beyond the intentions of this chapter. Therefore, the comments will be expressed only in
relation to the analogical performance of probes.

6.1. Monopole antenna

The monopole probe has a high gain, superior to the others. This is one of the key aspects in
the evaluation of partial discharge phenomena that makes it attractive: the discharges take
place within structures often shielded, for which the outgoing signals are weak. The use of too
attenuating probe could make the measurement insufficient and the monopole can solve this
issue. However, the use of this probe in the industrial environment is not wise since it could
involve the absence of higher harmonics. Indeed, their contribution can modify the shape of
the signal and even changing the initial instant of the discharge. Such behaviour, in the
diagnosis of PD phenomenon, is not acceptable, since the determination of the type of
discharge (internal, surface, corona, etc..) is based on the presence of a greater or lesser
occurrence of discharges at certain angles of the sine wave function. One way to change the
behaviour of the monopole is to change its length, but this length cannot be sufficiently
modified to remove the effect of resonance. A simple way to try to mitigate the effect of the
resonance is to insert appropriate RLC circuits. UWB antennas are actually filters, which
introduce dependences between the transmitter and the receiver frequencies. Therefore such
kind of antennas can be treaded. Generally, antennas have linear and passive behaviour, and
input impedance can be represented by means of the canonical forms of Foster [28-30].The
structure shown in Fig.24 is suitable to represent electric antenna as the electric dipole and
monopole.In order to modify the behaviour of the antenna, the electric model of the antenna
is required. The numerical implementation of the antenna gives the complex impedance used
in the equation 19. The equivalent circuit has to show a similar behaviour for all the harmonic
of interest. By following the steps in [28] the value of C0 is set by taking the value of the capacity
presented by the antenna at low frequencies; the value of L0 is initially set to cancel the
imaginary part of impedance at the first resonance frequency. It is required that the first RLC
parallel branch has a resonant frequency corresponding to the first maximum of the real part
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of impedance. By adding more RLC parallel branch the impedance profile can be easily
reproduced. Once the circuital model of the antenna is reproduced, new real RLC parallel
branch can be used to modify the behaviour of the antenna by mitigating the resonance effect.
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Figure 24. Foster’s canonical form for an electrical antenna.
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6.2. Triangle antenna

The triangular antenna has a resonance similar to the one of the monopole and shares the same
height. The triangular antenna presents an uninteresting behaviour already even used under
the best conditions (propagation orthogonal to the surface, absence of high frequencies).
Therefore, it is not useful to make changes to improve performances.

6.3. Spherical antenna

The spherical antenna is the true omnidirectional antenna and its performance does not vary
by changing its inclination. Then, it presents suitable features to build the PD probes. However,
it has a small gain, but this issue can be overcome by using appropriate amplifiers.

7. Conclusion

In this chapter the design of PD receiving antennas has been shown. Three different antennas
were simulated by means of the method of moments. Received PD signals have been analyzed
by the employment of the classification algorithm, based on the autocorrelation function (ACF)
of the signals. The difference in the classification of the received signals has been explained by
studying the aspects of the transmitted signals due to the shape of the receiving antennas. The
best performances were obtained with the spherical antenna. Indeed, it exhibits an omnidir‐
ectional pattern and reliability for reproducing the shape of the partial discharge signal. Thus,
this kind of antennas can be suitable to acquire PD pattern to determine the particular type of
PD activity.
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6.2. Triangle antenna

The triangular antenna has a resonance similar to the one of the monopole and shares the same
height. The triangular antenna presents an uninteresting behaviour already even used under
the best conditions (propagation orthogonal to the surface, absence of high frequencies).
Therefore, it is not useful to make changes to improve performances.

6.3. Spherical antenna

The spherical antenna is the true omnidirectional antenna and its performance does not vary
by changing its inclination. Then, it presents suitable features to build the PD probes. However,
it has a small gain, but this issue can be overcome by using appropriate amplifiers.

7. Conclusion

In this chapter the design of PD receiving antennas has been shown. Three different antennas
were simulated by means of the method of moments. Received PD signals have been analyzed
by the employment of the classification algorithm, based on the autocorrelation function (ACF)
of the signals. The difference in the classification of the received signals has been explained by
studying the aspects of the transmitted signals due to the shape of the receiving antennas. The
best performances were obtained with the spherical antenna. Indeed, it exhibits an omnidir‐
ectional pattern and reliability for reproducing the shape of the partial discharge signal. Thus,
this kind of antennas can be suitable to acquire PD pattern to determine the particular type of
PD activity.
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